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DATA COMPRESSION

Joun KIErFrER
University of Minnesota
Minneapolis, Minnesota

1. INTRODUCTION

A modern-day data communication system must be
capable of transmitting data of all types, such as text,
speech, audio, image or video data. The block diagram in
Fig. 1 depicts a data communication system, consisting of
source, encoder, channel, and decoder:

The source generates the data sequence that is to
be transmitted through the data communication system.
The encoder converts the data sequence into a binary
codeword for transmission through the channel. The
decoder generates a reconstructed data sequence that
may or not be equal to the original data sequence.
The encoder/decoder pair in Fig.1 is the code of the
data communication system. In Fig. 1, the source and
channel are fixed; the choice of code is flexible, in order
to accomplish the twin goals of bandwidth efficiency and
reliable transmission, described as follows:

1. Bandwidth efficiency —the portion of the available
channel bandwidth that is allocated in order
to communicate the given data sequence should
be economized.

2. Reliable transmission—the reconstructed data
sequence should be equal or sufficiently close to
the original data sequence.

Unfortunately, these are conflicting goals; less use of
bandwidth makes for less reliable transmission, and
conversely, more reliable transmission requires the use
of more bandwidth. It is the job of the data communication
system designer to select a code that will yield a good
tradeoff between these two goals. Code design is typically
done in one of the following two ways.

1. Separated Code Design. Two codes are designed,
a source code and a channel code, and then the source
code and the channel code are cascaded together. Figure 2
illustrates the procedure. The source code is the pair
consisting of the source encoder and source decoder; the
channel code is the (channel encoder, channel decoder)
pair. The source code achieves the goal of bandwidth
efficiency: The source encoder removes a large amount of
redundancy from the data sequence that can be restored

(or approximately restored) by the source decoder. The
channel code achieves the goal of reliable transmission:
The channel encoder inserts a small amount of redundancy
in the channel input stream that will allow the channel
decoder to correct the transmission errors in that stream
that are caused by the channel.

2. Combined Code Design. One code (as in Fig. 1)
is designed to accomplish the twin goals of bandwidth
efficiency and reliable transmission. Clearly, combined
code design is more general than separated code design.
However, previously separated codes were preferred to
combined codes in data communication system design.
There were two good reason for this: (a) Claude Shannon
showed that if the data sequence is sufficiently long,
and if the probabilistic models for the source and the
channel are sufficiently simple, then there is no loss in the
bandwidth versus reliability tradeoff that is achievable
using separated codes of arbitrary complexity instead of
combined codes of arbitrary complexity; and (b) the code
design problem is made easier by separating it into the two
decoupled problems of source code design and channel code
design. For the communication of short data sequences, or
for the scenario in which the complexity of the code is to be
constrained, there can be an advantage to using combined
codes as opposed to separated codes; consequently, there
much attention has focused on the combined code design
problem since the mid-1980s. At the time of the writing of
this article, however, results on combined code design are
somewhat isolated and have not yet been combined into a
nice theory. On the other hand, the two separate theories
of source code design and channel code design are well
developed. The purpose of the present article is to provide
an introduction to source code design.

In source code design, one can assume that the
communication channel introduces no errors, because
the purpose of the channel code is to correct whatever
channel errors occur. Thus, we may use Fig. 3 below, which
contains no channel, as the conceptual model guiding
source code design.

The system in Fig. 3 is called a data compression
system —it consists of the source and the source code
consisting of the (source encoder, source decoder) pair.
The data sequence generated by the source is random
and is denoted X"; the notation X" is a shorthand for the
following random sequence of length n:

X" =X1,Xs,...,.X,) (D

The X; values (i=1,2,...,n) are the individual data
samples generated by the source. In Fig.3, BX is a

Data Bina Reconstructed
—> — v —| Channel |—>| Decoder | —=

sequence

codeword

data sequence

Figure 1. Block diagram of data communication system.
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Data Source Channel
— -

Channel

[Source|—=

sequence encoder encoder

Channel Source Reconstructed
Channel| - — —-

decoder decoder data sequence

Figure 2. Data communication system with separated code.

Source Source .

Source = X"—| = BK —X"

encoder decoder

Figure 3. Block diagram of data compression system.

binary codeword generated by the source encoder as
a deterministic function of X”;B¥X is random, and its
distribution can be computed from the distribution of
X". Our notational convention means that BX is a
shorthand for

BX = (By,B,, ...,Bg) (2)

where each B;(i = 1, 2, ..., K), is a code bit belonging to the
binary alphabet {0, 1}. The fact that K is capitalized means
that K is random; that is, a variable-length codeword is
used. The reconstructed data sequence generated by the
source decoder in Fig. 3 is of length n and has been denoted
X". The sequence X" is a deterministic function of BX, and
therefore also a deterministic function of X”;X” is random
and its distribution can be computed from the distribution
of X". Notationally

X=X, ... X,) 3)
where each Xi(i =1,2,...,n) is an approximation to Xj.

1.1. Mathematical Description of Source

We need to give a formal mathematical model describing
the probabilistic nature of the source in Fig. 3. Accordingly,
a source is defined to be a triple [n, A,, P,], where

e nis a positive integer that is the length of the random
data sequence X" generated by the source [n,A,, P,].

e A, is the set of all sequences of length n which
are realizations of X”. (The set A, models the set
of all possible deterministic sequences that could be
processed by the data compression system driven by
the source [n,A,, P,].)

e P, denotes the probability distribution of X"; it is a
probability distribution on A,,. We have

Pr[X" e€8S,] =P,(S,),S, CA,
PriX" €A, ] =P,A,) =1
The alphabet of the source [n,A,, P,] is the smallest set

A such that A, c A", where A" denotes the set of all
sequences of length n whose entries come from A. For

a fixed positive integer n, a source [n,A,, P,] shall be
referred to as an nth-order source.

1.2.  Memoryless Source

The most common type of source model is the memoryless
source. In an nth-order memoryless source, the data
samples X3,Xs,...,X, are taken to be independent,
identically distributed random variables. Therefore, the
joint probability density function f(x1,x2,...,x,) of the
memoryless source output X" factors as

LX) = filx)f1(x2) - - - f1(xn)

fxs, x2, ..
where f1 is a fixed probability density function.

1.3. Markov Source

The second most common type of source model is the
stationary Markov source. For an nth-order source, the
stationary Markov source assumption means that the joint
probability density function f(x1,x2, ..., x,) of the source
output X" factors as

_ falxr, x)fa(x2, %3) - - - f2 (X1, %n)

Fon e, ) = e ) o)

where f; is a fixed 2D (two-dimensional) probability
density function, and fj is a 1D probability density function
related to f3 by

f1(x1)=/ fz(xhxz)dxz:/ falxg, x1) dxa

1.4. Lossless and Lossy Compression Systems

Two types of data compression systems are treated in this
article: lossless compression systems and lossy compression
systems. In a lossless compression system, the set A, of
possible data sequence inputs to the system is finite, the
encoder is a one-to-one mapping (this means that there is
a one-to-one correspondence between data sequences and
their binary codewords), and the decoder is the inverse of
the encoder; thus, in a lossless compression system, the
random data sequence X" generated by the source and its
reconstruction X" at the decoder output are the same:

Prix"=X"1=1

In alossy compression system, two or more data sequences
in A, are assigned the same binary codeword, so that

PriX" £X"] > 0

Whether one designs a lossless or lossy compression
system depends on the type of data that are to
be transmitted in a data communication system. For
example, for textual data, lossless compression is used
because one typically wants perfect reconstruction of the
transmitted text; on the other hand, for image data, lossy
compression would be appropriate if the reconstructed
image is required only to be perceptually equivalent to the
original image.

This article is divided into two halves. In the first half,
we deal with the design of lossless codes, namely, source
codes for lossless compression systems. In the second half,



design of lossy codes (source codes for lossy compression
systems) is considered.

2. LOSSLESS COMPRESSION METHODOLOGIES

In this section, we shall be concerned with the problem
of designing lossless codes. Figure 4 depicts a general
lossless compression system. In Fig. 4, the pair consisting
of source encoder and source decoder is called a lossless
code. A lossless code is completely determined by its
source encoder part, since the source decoder is the inverse
mapping of the source encoder.

Let [n,A,, P,] be a given source with finite alphabet.
When a lossless code is used to compress the data
generated by the source [n,A,, P,], a lossless compression
system S, results as in Fig. 4. The effectiveness of the
lossless code is then evaluated by means of the figure
of merit

RS 2n )" Py@KE"

xeA,

where K (x") is the length of the codeword assigned by the
lossless code to the data sequence x" € A,. The figure of
merit R(S,) is called compression rate and its units are
“code bits per data sample.” An efficient lossless code for
compressing data generated by the source [n,A,, P,] is a
lossless code giving rise to a compression system S, for
which the compression rate R(S,) is minimized or nearly
minimized. In this section, we put forth various types of
lossless codes that are efficient in this sense.

In lossless code design, we make the customary
assumption that the codewords assigned by a lossless code
must satisfy the prefix condition, which means that no
codeword is a prefix of any other codeword. IfK;, Ks, ..., K;
are the lengths of the codewords assigned by a lossless
code, then Kraft’s inequality

27Ky o K 4. 497K <1 4)

must hold. Conversely, if positive integers K, K, ..., K;
obey Kraft’s inequality, then there exists a lossless code
whose codewords have these lengths. In this case, one
can build a rooted tree T' with j leaves and at most two
outgoing edges per internal vertex, such that K;, Ky, ..., K;
are the lengths of the root-to-leaf paths; the codewords are
obtained by labeling the edges along these paths with Os
and 1s. The tree T can be found by applying the Huffman
algorithm (covered in Section 2.2) to the set of probabilities
2K 2% 97K,

There are two methods for specifying a lossless code for
the source [n,A,, P,]: (1) an encoding table can be given
which lists the binary codeword to be assigned to each
sequence in A, (decoding is then accomplished by using
the encoding table in reverse), or (2) encoding and decoding
algorithms can be given that indicate how to compute the

Source
L > BK —» = X"

decoder

Source

Source |+ X" —»

encoder

Figure 4. Lossless data compression system.
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binary codeword for each sequence in 1" € A,, and how to
compute x" from its codeword. We will specify each lossless
code discussed in this section using either method 1 or 2,
depending on which method is more convenient. Method
1 is particularly convenient if the codeword lengths are
known in advance, since, as pointed out earlier, a tree
can be constructed that yields the codewords. Method 2 is
more convenient if the data length n is large (which makes
the storing of an encoding table impractical).

2.1. Entropy Bounds

It is helpful to understand the entropy upper and lower
bounds on the performance of lossless codes. With these
bounds, one can determine before designing a lossless code
what kind of performance it is possible for such a code to
achieve, as well as what kind of performance it is not
possible to achieve.

The entropy of the source [n, A,, P,] is defined by

H, = )" (~log, P,(x")P,(x")
x"eA,

Suppose that the random data sequence generated by the
source [n,A,, P,] is compressed by an arbitrary lossless
code and let S, be the resulting lossless compression
system (as in Fig. 4). Then, the compression rate is known
to satisfy the relationship

R(S,) = il (5)
n

Conversely, it is known that there exists at least one
lossless code for which

H,+1
RS, < 2t

(6)

Assume that the data length n is large. We can combine the
bounds (5) and (6) to assert that a lossless code is efficient
if and only if the resulting compression rate satisfies

H,

The quantity H,/n is called the entropy rate of the source
[n,A,, P,]. Our conclusion is that a lossless code is efficient
for compressing source data if and only if the resulting
compression rate is approximately equal to the entropy
rate of the source. For the memoryless source and the
Markov source, this result can be sharpened, as the
following discussion shows.

2.1.1. Efficient Lossless Codes for Memoryless Sources.
Assume that the given source [n,A,, P,] is a memoryless
source; let A be the finite source alphabet. There is a
probability mass function [p(a):a € A] on A such that

n

Py, %, ., %) = [ [P, @1, 2, %) €A, (D)

i=1

Let Hy be the number

Hy =) (~log, p(a)p(a) ®)

acA
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It is easy to show from (7) that the source entropy satisfies
Hn = nH()

and therefore H, is the entropy rate of the source
[n,A,, P,]. Assuming that the data length n is large,
we conclude that a lossless code for compressing the
data generated by the memoryless source [n,A,, P,] is
efficient if and only if the resulting compression rate is
approximately equal to Hy.

2.1.2. Efficient Lossless Codes for Markov Sources. Now
assume that the source [n,A,, P,] is a stationary Markov
source; let A be the finite source alphabet. There is
a probability mass function [p(a):a € A] on A, and a
nonnegative matrix [7 (a1, as2): a1, az € A] whose rows each
sum to one such that both of the following are true:

plas) = ) planm(ar, as), as € A ©)
aj€eA

n
Po@1, %, ., %) =p@) [ [m@in, ), (01,22, ..., %) €4,
=2

(10)

Let Hy be the number (8) and H; be the number

Hy =Y > (~logym(ar, as)pla)m(as, az)

a1€A ageA
It can be shown from these last two equations that
Hn :HO + (n — 1)H1

Thus, for large n, the entropy rate H,/n of the source
is approximately equal to H;. Assuming that the data
length n is large, we conclude that a lossless code for
compressing the data generated by the stationary Markov
source [n,A,, P,] is efficient if and only if the resulting
compression rate is approximately equal to H;.

In the rest of this section, we survey each of the
following efficient classes of lossless codes:

e Huffman codes

o Enumerative codes
o Arithmetic codes

e Lempel-Ziv codes

2.2. Huffman Codes

Fix a source [n,A,,P,] with A, finite; let S, denote a
lossless compression system driven by this source (see
Fig. 4). In 1948, Claude Shannon put forth the following
monotonicity principle for code design for the system
S,: The length of the binary codeword assigned to each
data sequence in A, should be inversely related to the
probability with which that sequence occurs. According
to this principle, data sequences with low probability of
occurrence are assigned long binary codewords, whereas
data sequences with high probability of occurrence are
assigned short binary codewords. In Shannon’s 1948 paper

[42], a code called the Shannon—Fano code was put
forth that obeys the monotonicity principle; it assigns
a codeword to data sequence (x1, X2, ..., x,) € A, of length

I—_ 10g2Pn(x17 X2, ... ,xn)-l

The compression rate R(S,) resulting from the use of the
Shannon—Fano code in system S, is easily seen to satisfy

H, H,+1
— <R(S,) < *
n n

(11

However, the Shannon—Fano code does not yield the
minimal compression rate. The problem of finding the
code that yields the minimal compression rate was solved
in 1952 by David Huffman [22], and this code has been
named the “Huffman code” in his honor.

We discuss the simplest instance of Huffman code
design, namely, design of the Huffman code for a first-
order source [1, A, P]; such a code encodes the individual
letters in the source alphabet A and will be called a first-
order Huffman code. If the letters in A are ai,a.,...,q;
and K; denotes the length of the binary codeword into
which letter a; is encoded, then the Huffman code is the
code for which

P@)K; + Pa)Ks + - - + P(@)K;

is minimized. The Huffman algorithm constructs the
encoding table of the Huffman code. The Huffman
algorithm operates recursively in the following way.
First, the letters a;, ¢; with the two smallest probabilities
P(a;),P(a;) are removed from the alphabet A and
replaced with a single “superletter” a;a; of probability
P(a;) + P(a;). Then, the Huffman code for the reduced
alphabet is extended to a Huffman code for the original
alphabet by assigning codeword w0 to a; and codeword
wl to a;, where w is the codeword assigned to the
superletter a;q;.

Table 1 gives an example of the encoding table for
the Huffman code for a first-order source with alphabet
{a1, as, as, as}. It is easy to deduce that the code given by
Table 1 yields minimum compression rate without using
the Huffman algorithm. First, notice that the codeword
lengths K3, K, .. ., K; assigned by a minimum compression
rate code must satisfy the equation

2K oK . 19K 1 12)

Table 1. Example of a Huffman Code

Source Letter  Probability Codeword
1
ai E 0
1
as 5 10
3
— 110
“ 20
3
— 111
@ 20




[Kraft’s inequality (2.4) is satisfied; if the inequality were
strict, at least one of the codewords could be shortened
and the code would not yield minimum compression rate.]
Since the source has only a four-letter alphabet, there
are only two possible solutions to (12), and therefore only
two possible sets of codeword lengths for a first-order
code, namely, 1,2,3,3 and 2,2,2,2. The first choice yields
compression rate (or, equivalently, expected codeword
length) of
13 4+21+32 +35 =18

code bits per data sample, whereas the second choice yields
the worse compression rate of 2 code bits per data sample.
Hence, the code given by Table 1 must be the Huffman
code. One could use the Huffman algorithm to find this
code. Combining the two least-probable letters as and a4
into the superletter asa4, the following table gives the
Huffman encoder for the reduced alphabet:

Source Letter Probability Codeword

1

ai 5 0
6

aszay % 11
1

as g 10

(This is immediate because for a three-letter alphabet,
there is only one possible choice for the set of codeword
lengths, namely, 1,2,2.) Expanding the codeword 11 for
asay into the codewords 110 and 111, we obtain the
Huffman code in Table 1.

2.3. Enumerative Codes

Enumerative coding, in its present state of development,
is due to Thomas Cover [11]. Enumerative coding is used
for a source [n,A,, P,] in which the data sequences in A,
are equally likely; the best lossless code for such a source
is one that assigns codewords of equal length. Here is
Cover’s approach to enumerative code design:

Step 1. Let N be the number of sequences in A, and
let A be the source alphabet. Construct the rooted
tree T with N leaves, such that the edges emanating
from each internal vertex have distinct labels from
A, and such that the N sequences in A, are found
by writing down the labels along the N root-to-leaf
paths of T'.

Step 2. Locate all paths in T that visit only unary
vertices in between and that are not subpaths of
other such paths. Collapse each of these paths
to single edges, labeling each such single edge
that results with the sequence of labels along the
collapsed path. This yields a tree T* with N leaves
(the same as the leaves of 7). Label each leaf of
T* with the sequence obtained by concatenating
together the labels on the root-to-leaf path to that
leaf; these leaf labels are just the sequences in A,,.

DATA COMPRESSION 635

Step 3. Assign an integer weight to each vertex v of
T* as follows. If v has no siblings or is further to the
left than its siblings, assign v a weight of zero. If
v has siblings further to the left, assign v a weight
equal to the number of leaves of T* that are equal
to or subordinate to the siblings of v that are to the
left of v.

Step 4. To encode x" € A, follow the root-to-leaf path
in T* terminating in the leaf of 7* labeled by x". Let
I be the sum of the weights of the vertices along this
root-to-leaf path. The integer I is called the index
of x", and satisfies 0 <I <N — 1. Encode x" into
the binary codeword of length [log, N7 obtained by
finding the binary expansion of I and then padding
that expansion (if necessary) to [log, N| bits by
appending a prefix of zeros.

For example, suppose that the source [n,A,,P,]
satisfies

A, = {aaa, aba, abb, abe, baa, bba, caa, cba, cbb, cca}
(13)
Then steps 1-3 yield the tree T* in Fig. 5, in which every
vertex is labeled with its weight from step 3. [The 10
leaves of this tree, from left to right, correspond to the 10
sequences in (13), from left to right.] The I values along
the 10 paths are just the cumulative sums of the weights,
which are seen to give I = 0,1,2,3,4,5,6,7,8,9. The codeword
length is [log, 107 = 4, and the respective codewords are

0000, 0001, 0010, 0011, 0100, 0101, 0110, 0111, 1000, 1001

Sometimes, the tree T* has such a regular structure
that one can obtain an explicit formula relating a data
sequence and its index I, thereby dispensing with the
need for the tree T* altogether. A good example of this
occurs with the source [n, A,, P] in which A, is the set of
all binary sequences of length n and having a number of
ones equal to m (m is a fixed positive integer satisfying

0 1 2 0 1

Figure 5. Weighted enumerative coding tree 7.



636 DATA COMPRESSION

0 <m < n).For adata sequence (x1, 2, ...,x,) € A,, Cover
showed that its index I is computable as

I= ; 14
§%<x1+xz+--~+xj> (14)

There are (,'fl) sequences in A,,. Therefore, Eq. (14) provides

a one-to-one correspondence between these sequences and
the integers
0.1.2.3..... (”)—1
m

Having obtained I from (x1,x,...,x,) via this equation,
(%1, X2, . . ., x,) is encoded by expanding integer I in binary
out to [log, ()] bits. Conversely, (x1, %z, ..., x,) is decoded
from its bit representation by first finding I, and then
finding the unique expansion of I in (14) given by the
right-hand side. To illustrate, suppose that n =8 and
m = 4. Then, A, contains (}) = 70 sequences and I can be
any integer between 0 and 69, inclusively. Suppose I = 52.
To decode back into the data sequence in A, that gave rise
to the index I = 52, the decoder finds the unique integers
0 <j1 <Js <Jj3 <Jjsa < 8 satisfying

_(J Jo Js Ja
2= (1) +(5)+(5)+ (%)
The solution is j1 =1,jo=4,j3=5, and j,=7. The
data sequence we are looking for must have ones in
positionsj; +1=2,jo +1=5,j3+1=6,j, + 1 = 8; thisis
the sequence (0,1,0,0,1,1,0,1).

2.4. Arithmetic Codes

Arithmetic codes were invented by Peter Elias in
unpublished work around 1960, but his schemes were
not practical. In the 1970s, other people put Elias’ ideas
on a practical footing [33,36,37]. This section gives an
introduction to arithmetic codes.

Arithmetic coding presents a whole new philosophy
of coding. As the data samples in a data sequence
(x1,%2,...,x,) are processed from left to right by the
arithmetic encoder, each data sample x; is not replaced
with a string of code bits as is done in conventional
encoding —instead, each x; is assigned a subinterval I;
of the unit interval [0, 1] so that

L bI,>---D1, (15)

and so that I; is recursively determined from I;_; and
x;(i > 2). When the final interval I, is determined, then the

binary codeword (b1, be, ..., bg) into which (x1,xe,...,x,)
is encoded is chosen so that the number
by by b; by,
21,72 28, L2k 1
st test to (16)

is a point in I,, where the codeword length % is
approximately equal to log, of the reciprocal of the
probability assigned by the source to (x1,x2, ..., x,).

2.4.1. Precise Description. Arithmetic codes can be
constructed for any source. For simplicity, we assume

a memoryless source [n,A,, P,] in which A, consists of all
sequences of length n whose entries come from the set
{0,1,2,...,j — 1}, where is a fixed positive integer. Then,
for each data sequence (x1, x2, ..., x,) € A,, the probability
assigned by the source is

n
Py, x2. ... %) = [ | Py,
i=1

where po,pi1,...,pj-1 are given nonnegative numbers
that sum to one. We specify the arithmetic code for
this source by describing algorithms for encoding and
decoding. Let ao=0,a; = 1. Arithmetic encoding of
(x1,%2,...,x,) € A, takes place according to the following
three-step algorithm:

Encoding Step 1. For each i=1,2,...,n, a subin-
terval I; = [a;, b;] of [0, 1] is recursively determined
according to the formula

I =la;1,0;-1+ (bi-1 —a;-1)pol.x; =0
=lai-14+ Qo+ +py-1)bii1 —a;i_1), a1
+ @o+ - +px)bic1 —ai-)]x; >0
By construction, the last interval I,, will have length

equal to P, (x1, Xa, ..., %,).
Encoding Step 2. The integer

k= I—_10g2Pn(x17x27 .. 7xn)-| +1

is determined. This integer will be the length of
the codeword assigned by the arithmetic encoder to

(X1, %2, ..., %),
Encoding Step 3. The midpoint M of the interval I,
is computed. The codeword (by, be, ..., b;) assigned

to (x1,%s,...,%,) consists of the first £ digits in the
binary expansion of M.

The following arithmetic decoding algorithm is applied
to the codeword (b1, bs, ..., b;) in order to reclaim the data
sequence (x1, X, ..., Xx,) that gave rise to it:

Decoding Step 1. Compute the point M given by the
expression (16). By choice of %, the point M will lie
in the interval I,,.

Decoding Step 2. There are j possibilities for I,
depending on what x; is. Only one of these
possibilities for I; contains M. Using this fact, the
decoder is able to determine ;. From I;, the decoder
determines x;.

Decoding Step 3. For each i =2,...,n, the decoder
determines from I;_; (determined previously) what
the j possibilities for I; are. Since only one of these
possibilities for I; contains M , the decoder is able
to determine I;. From I;, the decoder is able to
determine x;.

Example 1. Take the source alphabet to be {0, 1}, take
the probabilities defining the memoryless source to be



po=2.p1=2, and take the source to be [5, {0, 1)%, P;]
(known to both encoder and decoder). Suppose that the
data sequence to be arithmetically encoded is (1, O, 1,
1, 0). We need to recursively determine the intervals
Il, Iz, 13, 14, 15. We have

3 2
I; = right gths of [0,1] = [ 1]

=
I, = right gths of I; = [% %

The length of the interval I is % Therefore, the length

of the binary codeword must be

3125

1784
The midpoint of the interval I5 is M = 3195° Expanding
this number in binary, we obtain

1784
3125

The binary codeword is therefore (1,0,0,1,0,0). Given
this codeword, how does the decoder determine the
data sequence that gave rise to it? Since the decoder
knows the source description, it knows that the data
sequence to be found is of the form (x1,x2,x3,x4,x5),
where the x; terms are binary. To decode, the decoder
first computes

=.100100...

N 1 1 9
M=5%16" 16

The decoder knows that
I;=[0,2] or I,=[21]

Since % is in the right interval, the decoder concludes

that I; = [£, 1] and that x; = 1. At this point, the decoder
knows that
2 16 16
12 = |:g, %i| 01'12 = [%, 1i|

Since % is in the left interval, the decoder concludes that

2 16
I, = [5, %] and that xo = 0. The decoder now knows that

Lo[2.62) g [62 16
T 15125 7 125° 25
96 lies in the right interval, the decoder determines

16
62 16
that I3 = [E %], and that the third data sample is

Since
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x3 = 1. Similarly, the decoder can determine x4 and x5 by
two more rounds of this procedure.

The reader sees from the preceding example that
the arithmetic code as we have prescribed it requires
ever greater precision as more and more data samples
are processed. This creates a problem if there are
a large number of data samples to be arithmetically
encoded. One can give a more complicated (but less
intuitive) description of the arithmetic encoder/decoder
that uses only finite precision (integer arithmetic is
used). A textbook [41] gives a wealth of detail on
this approach.

2.4.2. Performance. In a sense that will be described
here, arithmetic codes give the best possible performance,
for large data length. First, we point out that for any
source, an arithmetic code can be constructed. Let the
source be [n,A,, P,]. For (x1,xs,...,x,) € A,, one can use
conditional probabilities to factor the probability assigned
to this sequence:

n
Py(x1, %9, ..., %) = p@1) [ [ P@i | %1, %2, ., 2 0).
=2

The factors on the right side are explained as follows. Let
X1,Xs, ..., X, be the random data samples generated by
the source. Then

p(x1) = PrX; = x4]

P | X1, %2, ..., %i-1) = PriX; = x; | X1 = x4,

Xo =x5,..., X1 = x;1]
To arithmetically encode (x1,x2,...,x,) €A,, one con-
structs a decreasing sequence of intervals I, 1o, ...,1,.

One does this so that I; will have length p(x;) and for
each i =2,...,n, the length of the interval I; will be
p(x; | x1, %2, ...,x;,_1) times the length of the interval I;_;.
The rest of the encoding and decoding steps will be as
already described for the memoryless source. Suppose a
lossless data compression system S, is built with the given
source [n,A,, P,] and the arithmetic code we have just
sketched. It can be shown that the resulting compression
rate satisfies o o

B _Rs,y < ot

n n

where H, is the entropy of the source [n,A,,P,]. For
large n, we therefore have R(S,)~ H,. This is the
best that one can possibly hope to do. If the source
[n,A,, P,] is memoryless or Markov, and n is large, one
obtains the very good arithmetic code compression rate
performance just described, but at the same time, the
arithmetic code is of low complexity. As discussed in
Section 2.2, for large n, the compression system S, built
using the Huffman code for the source [n,A,, P,] will
also achieve the very good compression rate performance
R(S,) ~ H,, but this Huffman code will be very complex.
For this reason, arithmetic codes are preferred over
Huffman codes in many data compression applications.
Two notable successes of arithmetic coding in practical
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applications are the PPM text compression algorithm [8]
and IBM’s Q-coder [34], used for lossless binary image
compression.

2.5. Lempel-Ziv Codes

Lempel—-Ziv codes are examples of dictionary codes. A
dictionary code first partitions a data sequence into
variable-length phrases (this procedure is called pars-
ing). Then, each phrase in the parsing is represented
by means of a pointer to that phrase in a dictio-
nary of phrases constructed from previously processed
data. The phrase dictionary changes dynamically as
the data sequence is processed from left to right. A
binary codeword is then assigned to the data sequence
by encoding the sequence of dictionary pointers in
some simple way. The most popular dictionary codes
are the Lempel-Ziv codes. There are many versions
of the Lempel-Ziv codes. The one we discuss here is
LZ78 [55]. Another popular Lempel-Ziv code, not dis-
cussed here, is LZ77 [54]. Two widely used compres-
sion algorithms on UNIX systems are Compress and
Gzip; Compress is based on LZ78 and Gzip is based
on LZ77.

In the rest of this section, we discuss the pars-
ing technique, the pointer formation technique, and
the pointer encoding technique employed in Lem-
pel—Ziv coding.

2.5.1. Lempel-Ziv Parsing. Let (x1,xs,...,%x,) be the
data sequence to be compressed. Partitioning of this
sequence into variable-length blocks via Lempel-Ziv
parsing takes place as follows. The first variable-
length block arising from the Lempel-Ziv parsing of
(x1,%2,...,%,) is the single sample x;. The second block
in the parsing is the shortest prefix of (x2,x3,...,%,)
that is not equal to x;. Suppose that this second block
is (xg, ..., ;). Then, the third block in Lempel—Ziv parsing
will be the shortest prefix of (xj;1, %j42, ..., x,) that is not
equal to either x; or (xo,...,%;). In general, suppose that
the Lempel—-Ziv parsing procedure has produced the first
k variable-length blocks B, By, ..., B}, in the parsing, and
x® is that part left of (x1,xo,...,%,) after By, Bs,..., B,
have been removed. Then the next block B;,; in the
parsing is the shortest prefix of x® that is not equal
to any of the preceding blocks B1, Bs, ..., B;. [If there is no
such block, then B,,; =x® and the Lempel-Ziv parsing
procedure terminates.]

By construction, the sequence of variable-length blocks
B1,Bs, ...,B; produced by the Lempel-Ziv parsing of
(x1,xs2,...,x,) are distinct, except that the last block B;
could be equal to one of the preceding ones. The following
example illustrates Lempel-Ziv parsing.

Example 2. The Lempel-Ziv parsing of the data
sequence

1,1,0,1,1,0,0,0,1,1,0,1) a7
is
B, =)
By, =(1,0)

Bs=(1,1)

B, = (0)

B; = (0,0)

Bs=(1,1,0) (18)
B; =) (19)

2.5.2. Pointer Formation. We suppose that the alpha-
bet from which the data sequence (x1, x3, ..., x,) is formed
is A={0,1,...,k—1}, where k is a positive integer.
After obtaining the Lempel-Ziv parsing B;, Bs, ..., B; of
(x1,%2, ...,%,), the next step is to represent each block in
the parsing as a pair of integers. The first block in the
parsing, B, consists of a single symbol. It is represented
as the pair (0, B;). More generally, any block B; of length
one is represented as the pair (0, B;). If the block B; is of
length greater than one, then it is represented as the pair
(i,s), where s is the last symbol in B; and B; is the unique
previous block in the parsing that coincides with the block
obtained by removing s from the end of B;.

Example 3. The sequence of pairs corresponding to the
parsing (19) is

0,1),(1,0),(1,1),(0,0), (4,0),(3,0),(0,1) (20)

For example, (4, 0) corresponds to the block (0, 0) in the
parsing. Since the last symbol of (0,0) is 0, the pair (4,0)
ends in 0. The 4 in the first entry refers to the fact that
By = (0) is the preceding block in the parsing, which is
equal to what we get by deleting the last symbol of (0, 0).

For our next step, we replace each pair (i, s) by the
integer ki +s. Thus, the sequence of pairs (20) becomes
the sequence of integers

IL1=2x04+1=1
Ihb=2%x14+0=2
I;=2%x141=3
I,=2x040=0 (21)
I;=2%x44+0=38
Is=2%x3+0=6
I;=2x0+1=1

2.5.3. Encoding of Pointers. Let Iy, I, ..., I, denote the
integer pointers corresponding to the blocks By, Bs, ..., B;
in the Lempel-Ziv parsing of the data sequence
(x1,%2, ..., %,). To finish our description of the Lempel-Ziv
encoder, we discuss how the integer pointers I, Is, ..., I;
are converted into a stream of bits. Each integer I is
expanded to base 2, and these binary expansions are
“padded” with zeros on the left so that the overall length
of the string of bits assigned to ; is [logy(%/)]. The reason
why this many bits is necessary and sufficient is seen by
examining the largest that I; can possibly be. Let (i,s) be
the pair associated with I;. Then the largest that i can be is
J — 1 and the largest that s can be is £ — 1. Thus the largest
that I; can be is 2(j — 1) + & — 1 = kj — 1, and the number



of bits in the binary expansion of 2j — 1 is [log,(kj)]. Let
W, be the string of bits of length [log, (k)] assigned to I;
as described in the preceding text. Then, the Lempel—Ziv
encoder output is obtained by concatenating together the
strings Wy, Wy, ..., W,.

To illustrate, suppose that the data sequence
(x1,%2,...,%,) is binary (.e., £ =2), and has seven
blocks B1,Bs,...,B7 in its Lempel-Ziv parsing. These
blocks are assigned, respectively, strings of code
bits Wl, Wz, Wg, W4, W5, Ws, W7 of lengths |—10g2(2)-| =
1, Mogy(4)1 = 2, [log,(6)1 = 3, [log,(8)1 = 3, [log,(10)] =
4, [logy(12)] = 4, and [logy(14)] = 4. Therefore, any binary
data sequence with seven blocks in its Lempel-Ziv
parsing would result in an encoder output of length
1+2+3+3+4+4+4=21code bits. In particular, for
the data sequence (2.17), the seven strings W1, ..., W7 are
[referring to (21)]

Wi =)

We =(@1,0)
W;=(0,1,1)
W, =1(0,0,0)
Ws=(1,0,0,0)
We=1(0,1,1,0)
W;=1(0,0,0,1)

Concatenating, we see that the codeword assigned to data
sequence (17) by the Lempel-Ziv encoder is

1,10,0,1,1,0,0,0,1,0,0,0,0,1,1,0,0,0,0,1) (22)

We omit a detailed description of the Lempel-Ziv
decoder. However, it is easy to see what the decoder would
do. For example, it would be able to break up the codeword
(22) into the separate codewords for the phrases, because,
from the size % of the data alphabet, it is known how many
code bits are allocated to the encoding of each Lempel-Ziv
phrase. From the separate codewords, the decoder recovers
the integer representing each phrase; dividing each of
these integers by % to obtain the quotient and remainder,
the pairs representing the phrases are obtained. Finally,
these pairs yield the phrases, which are concatenated
together to obtain the original data sequence.

2.5.4. Performance. Let [n,A,, P,] be any data source
with alphabet of size k. Let S, be the lossless data
compression system driven by this source that employs
the Lempel-Ziv code. It is known that there is a positive
constant C;, (depending on £ but not on n) such that

H, Cy
+
log,n

where H, is the source entropy. Thus, the Lempel-Ziv code
is not quite as good as the Huffman code or the arithmetic
code, but there is an important difference. The Huffman
code and arithmetic code require knowledge of the source.
The preceding performance bound is valid regardless of
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the source. Thus, one can use the same Lempel-Ziv code
for all sources —such a code is called a universal code [13].
In practical compression scenarios, the Lempel-Ziv
code has been superseded by more efficient modern
dictionary codes, such as the YK algorithm [51].

3. LOSSY COMPRESSION METHODOLOGIES

In this section, we shall be concerned with the problem
of designing lossy codes. Recall from Fig. 3 that a lossy
compression system consists of source, noninvertible
source encoder, and source decoder. Figure 6 gives
separate depictions of the source encoder and source
decoder in a lossy compression system.

The same notational conventions introduced earlier are
in effect here: X" [Eq. (1)] is the random data sequence
of length n generated by the source, X" (1.3) is the
reconstructed data sequence, and BX (2) is the variable-
length codeword assigned to X". The source decoder
component of the lossy compression system in Fig. 3 is the
cascade of the “quantizer” and “lossless encoder” blocks
in Fig. 6a; the source decoder component in Fig. 3 is the
lossless decoder of Fig. 6b. The quantizer is a many-to-
one mapping that converts the data sequence X" into its
reconstruction X". The lossless encoder is a one-to-one
mapping that converts the reconstructed data sequence
X" into the binary codeword BX from which X" can be
recovered via application of the lossless decoder to BX.

It is the presence of the quantizer that distinguishes a
lossy compression system from a lossless one. Generally
speaking, the purpose of the quantizer is alphabet
reduction —by dealing with a data sequence from a
reduced alphabet instead of the original data sequence
over the original alphabet, one can hope to perform
data compression using fewer code bits. For example, the
“rounding-off quantizer” is a very simple quantizer. Let
the data sequence

X"=(1.1,26,44,23,1.7) (23)

be observed. Then, the rounding-off quantizer generates
the reconstructed data sequence

X" =(1,8,4,2,2) (24)

It takes only 10 code bits to compress (24), because its
entries come from the reduced alphabet {1,2,3,4}; it

(a)
. Lossless
(S~ x"~+[ Quator |- 41— o
encoder
(b) Lossl
BK . ossless L xn
decoder

Figure 6. Source encoder (a) and decoder (b) in lossy compres-
sion system.
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would take many more code bits to compress the original
sequence (23).

Asindicated in Fig. 6, a lossy code consists of quantizer,
lossless encoder, and lossless decoder. When a lossy code is
used to compress the data generated by a source [n, A, P, ],
a lossy compression system S, results. The effectiveness
of the lossy code is then evaluated by means of two figures
of merit, the (compression) rate R(S,) and the distortion
D(S,), defined by

2 EIK]
DS, =n Y EldX;. X))

i=1

In the preceding, E denotes the expected value operator,
K is the random codeword length of the codeword BX
assigned to X" in Fig. 5a, and d is a fixed distortion
function mapping pairs of source letters into nonnegative
real numbers. The distortion function d is typically one of
the following two types:

1. Squared-error distortion:
d(X;, X;) = X; — X))?
2. Hamming distortion:

d(Xi,f(»:{O’ X =X;
1, otherwise

Squared-error distortion is typically used for an infinite
source alphabet and Hamming distortion is typically used
for a finite source alphabet. When squared-error distortion
is used, distortion is sometimes measured in decibels as
the figure

nt Z /oo **fx, (x) dx
i=1" "%

[D(Sn)]dec =10 1Oglo D(S )

where X;(1 <i <n) represents the ith data sample
generated by the source [n,A,, P,] and fx, denotes the
probability density function of X;; note that small D(S,)
would correspond to a large decibel measure of distortion.

Suppose that two different lossy codes have been
designed to compress the random data generated by a
given source [n,A,,P,], resulting in lossy compression
systems Sl and S2, respectively. Then, one can declare
that the lossy code giving rise to system S! is better than
the lossy code giving rise to system S2 if R(S!) < R(S2)
and D(S!) < D(S?%). However, it may be that neither
lossy code is better than the other one in this sense,
since the inverse relation between rate and distortion
precludes the design of a lossy code for which rate and
distortion are simultaneously small. Instead, for a given
source, the design goal should be to find a lossy code
that yields the smallest rate for a fixed distortion, or the
smallest distortion for a fixed rate. The theory detailing

the rate—distortion tradeoffs that are possible in lossy code
design is called rate—distortion theory. Section 3.1 gives an
introduction to this subject.

The quantizer employed in a lossy code can be one of
two types, either a scalar quantizer or vector quantizer.
A scalar quantizer quantizes one data sample at a time,
whereas for some m > 1, a vector quantizer quantizes
m data samples at a time. Lossy codes that employ
scalar quantizers are called “SQ-based codes” and are
covered in Section 3.2; lossy codes that employ vector
quantizers are called “VQ-based codes” and are covered
in Section 3.3. Subsequent sections deal with two other
important lossy coding techniques, trellis-based coding,
and transform coding.

3.1. Distortion Bounds

In designing a lossy code for a source [n, A,, P,] to produce
a lossy compression system S,, the usual approach is
the fixed-rate approach, in which one attempts to find a
lossy code that minimizes or approximately minimizes the
distortion D(S,) among all lossy codes satisfying the rate
constraint R(S,) < R, where R > 0 is a fixed constant. We
adopt the fixed-rate approach for the rest of this article.
In this section, we will give upper and lower bounds on
the distortion performance of lossy codes for a fixed source,
subject to the constraint that the compression rate be no
more than R code bits per data sample, on average. With
these bounds, one can determine before designing a lossy
code what types of performance are and are not possible
for such a code to achieve. The upper and lower bounds
on distortion performance that shall be developed in this
section are expressible using Claude Shannon’s notion of
distortion—rate function [43], discussed next.

3.1.1. Distortion—Rate Function. The concept of mutual
information will be needed in order to define the distor-
tion—rate function. Let X, Y be two random variables.
Let f(x) be the probability density function of X, and let
£g(y | x) be the conditional probability density function of Y
given X = x. Then, the mutual information I(X;Y) of X, Y
is the number

1Y) 2 / / fgw | 2 log,

8 [ x)
/ gl | uydu

dx dy

We are now ready to define the concept of distortion—rate
function. For simplicity, we restrict ourselves to the
memoryless source [n, A,, P,]. We suppose that the source
alphabet is a subset of the real line; let X be a random
variable such that the random data samples X;(1 <i < n)
generated according to the memoryless source [n,A,, P,]
are independent copies of X. The distortion—rate function
D(R) of the memoryless source [n,A,, P,] (for a given
nonnegative distortion function d such as Hamming
distortion or squared-error distortion) is then defined for
each R > 0 by

D(R) 2 min{E[d(X,Y)] : I(X;Y) <R) (25)



where Y denotes any random variable jointly distributed
with X, and we assume that the minimum in (25) exists
and is finite.

Example 4. One important type of memoryless source
for which the distortion—rate function has a closed-form
expression is the Gaussian memoryless source [n,A,, P,],
which is the memoryless source whose independent
random data samples are generated according to a
Gaussian distribution with mean 0 and variance o2.
For the Gaussian memoryless source with squared-
error distortion

D(R) = 22728 (26)

Sources such as this one in which D(R) can be
computed explicitly are rare. However, in general, one
can use the Blahut algorithm [6] to approximate D(R)
arbitrarily closely.

3.1.2. Distortion Lower Bound. Fix a memoryless
source [n,A,, P,] with distortion—rate function D(R). Fix
R > 0, and fix any lossy code for [n,A,, P,] for which
the resulting compression system S, satisfies the rate
constraint R(S,) < R. Then, the following well-known [4]
distortion lower bound is valid:

D(S,) = D(R) (27)

Example 5. Assume the nth-order Gaussian memory-
less source model and squared-error distortion. Substitut-
ing the expression for D(R) in (26) into (27), one concludes
that any lossy code with compression rate <R yields
distortion in decibels no greater than (20log;,2)R ~ 6R.
Thus, a Gaussian memoryless source cannot be encoded
to yield a better distortion performance than “6 decibels
per bit.”

3.1.3. Distortion Upper Bound. Let / be a probability
density function. Foreachn =1, 2, ..., let [n, A,, P,] be the
memoryless source in which n independent random data
samples are generated according to the density f. Assume
finiteness of the distortion—rate function D(R) for these
sources [since the distortion—rate function depends only
on f, all of these sources will have the same distortion-
rate function D(R)]. Fix R > 0. It is well known [35, 53]
that there is a positive constant C such that for every
n=2,3,..., there is a lossy code for [n,A,,P,] such
that the rate and distortion for the resulting compression
system S, satisfy

R(S,) <R

D(S,) <DR) + (28)

Clog,n
n
Combining the distortion upper bound (28) with the
distortion lower bound (27), if n is large, there must
exist a code for an nth order memoryless source that
yields rate <R and distortion ~ D(R); that is, the
distortion—rate function D(R) does indeed describe the
distortion performance of the most efficient lossy codes.
But, in general, it is not known how to find codes
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that are this efficient. This represents a clear difference
between lossless code and lossy code design; it is known
how to construct efficient lossless codes, but it is a
computationally difficult problem to find efficient lossy
codes [18]. For example, for large n, the nth-order
Gaussian memoryless source can be encoded to yield
squared-error distortion of roughly “6 decibels per bit”
(the distortion—rate function performance), but only since
1990 has it been discovered how to find such codes for this
simple source model [29].

3.2. SQ-Based Codes

Let R be a fixed positive integer. A 2E-bit scalar quantizer
for quantizing real numbers in the interval [a, b] is a
mapping @ from [a, b] into a finite subset of [a, b] of size
N =28 LetI,, I, ..., Iy be subintervals of [a, b] that form
a partition of [a, b] (the J; values are called the quantization
intervals of @). Let Ly, Lo, . .., Ly be points in [a, b] chosen
so that L e [; for each j=1,2,...,N (L; is called the
quantization level for interval I;). The quantizer € accepts
as input any real number x in the interval [a, b]. The output
Q(x) generated by the quantizer @ in response to the input
x is the quantization level L; assigned to the subinterval I;
of [a, b] containing x. In other words, the 2%-bit quantizer
@ is a nondecreasing step function taking 2F values.

Let [n, A,, P,] be a source (such as a memoryless source)
in which each randomly generated data sample has the
same probability density function f. Let the alphabet for
[n,A,, P,] be the interval of real numbers [a, b]. Let
Q@ be a 2F-bit scalar quantizer defined on [a, b]. We
describe a lossy code for the source [n,A,,P,] induced
by @. Referring to Fig. 6a, we must explain how the
lossy code quantizes source sequences of length n and
losslessly encodes the quantized sequences. The lossy code
quantizes each source sequence (xi,xs,...,x,) € A" into
the sequence (Q(x1), @(x2), ..., Q(x,)); this makes sense
because each entry of each source sequence belongs to the
interval [a, b] on which @ is defined. Assign each of the 2F
quantization levels of @ an R-bit binary address so that
there is a one-to-one correspondence between quantization
levels and their addresses; then, the lossy code losslessly
encodes (Q(x1), Q(x2), ..., Q(x,)) by replacing each of its
entries with its R-bit address, yielding an overall binary
codeword of length nR. Let S, be the lossy compression
system in Fig. 6 arising from the lossy code just described,
and let d be the distortion function that is to be used. It is
not hard to see that

R(S,) =R

b
D(S,) = f d(x, Q)f () dx

If in the preceding construction we let @ vary over all
2F_bit scalar quantizers on [a, b], then we obtain all
possible SQ based lossy codes for the source [n,A,, P,]
with compression rate R.

Let R be a positive integer. Consider the following prob-
lem: Find the 2F-bit scalar quantizer @ on [a, b] for which

b
/ d(x, Qx))f (x)dx
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is minimized. This quantizer @ yields the SQ based lossy
code for the source [n,A,, P,], which has compression rate
R and minimal distortion. We call this scalar quantizer
the minimum distortion 2E-bit scalar quantizer.

3.2.1. Lloyd—Max Quantizers. We present the solution
given in other papers [17,28,30] to the problem of
finding the minimum distortion 2%-bit scalar quantizer
for squared-error distortion. Suppose that the probability
density function f satisfies

b
/ x2f(x) dx < o0

and that —log, f is a concave function on [a, b]. Let @ be
a 2F-bit scalar quantizer on [a, b] with quantization levels
{LJ}JIZ , and quantization intervals {Ij}JN 1, where N = 28 Let

Yo <Y1 <-:-<YN-1 <IN

be the points such that interval I; has left endpoint y;_;
and right endpointy;(j = 1, ..., N). We call  a Lloyd—Max
quantizer if

yi=MLi+Lil j=1,....N-1 (29)
and
5
/xf(x)dx
| rwas
Yi-1

There is only one 2F-bit Lloyd-Max scalar quan-
tizer, and it is the unique minimum distortion 2E-bit
scalar quantizer.

Example 6. One case in which it is easy to solve the
Lloyd—Max equations (29) and (30) is the case in which
R =1 and f is an even function on the whole real line. The
unique Lloyd—Max quantizer @ is then given by

2fooxf(x)dx, x<0

Q) = 0 e

—2/ xf(x)dx, x>0
0

Example 7. Assume that [a, b] is a finite interval. Let
the source [n,A,, P,] be memoryless with each random
data sample uniformly distributed on the interval [a, b].
The unique 2E-bit Lloyd—Max scalar quantizer @ for this
source is obtained by partitioning [a, b] into 2% equal
subintervals, and by assigning the quantization level for
each interval to be the midpoint of that interval [the
Lloyd—Max equations (29) and (30) are easily verified].
The SQ-based lossy code for the source [n,A,, P,] induced
by @ yields rate R and distortion in decibels equal to
(20logyy 2)R ~ 6R. This is another “6 decibels per bit”
result. Computation of the distortion—rate function for the
memoryless source [n,A,, P,] [24] reveals that for large
n, [n,A,, P,] can be encoded at rate R = 1 bit per sample
at a distortion level of nearly 6.8 decibels. This clearly

cannot be achievable using SQ-based lossy codes —more
sophisticated lossy codes would be required.

In general, it may not be possible to solve the Egs. (29)
and (30) to find the Lloyd—Max quantizer explicitly. But,
a numerical approximation of it can be found using the
LBG algorithm covered in the next section.

3.3. VQ-Based Codes

Fix a positive integer m. Let R denote the set of real
numbers, and let R™ denote m-dimensional Euclidean
space, that is, the set of all sequences (x1,xs,...,%,) in
which each entry x; belongs to R. An m-dimensional vector
quantizer @ is a mapping from R™ onto a finite subset C of
R™. The set C is called the codebook of the m-dimensional
vector quantizer @; the elements of C are called codevectors,
and if x € R™, then @Q(x) is called the codevector for
x. We define a mapping to be a vector quantizer if it
is an m-dimensional vector quantizer for some m. The
scalar quantizers can be regarded as special cases of the
vector quantizers (they are the one-dimensional vector
quantizers); the codebook of a scalar quantizer is just the
set of its quantization levels, and a codevector for a scalar
quantizer is just one of its quantization levels.

Let @ be an m-dimensional vector quantizer with
codebook C. We call @ a nearest-neighbor quantizer if
@ quantizes each x € R™ into a codevector from codebook
C that is at least as close to x in Euclidean distance as any
other codevector from C. (We use squared-error distortion
in this section; therefore, only nearest-neighbor quantizers
will be of interest to us.)

Fix a memoryless source [n,A,, P,] whose alphabet
is a subset of the real line, such that n is an integer
multiple of m; let f;, be the common probability density
function possessed by all random vectors of m consecutive
samples generated by this source. Let @ be a fixed
m-dimensional nearest-neighbor vector quantizer whose
codebook is of size 2/. We describe how @ induces a lossy
code for the source [n,A,, P,] that has compression rate
R =j/m. Referring to Fig. 6, we have to explain how the
induced lossy code quantizes source sequences generated
by [n,A,, P,], and how it losslessly encodes the quantized
sequences. Let (x1,x2, ...,x,) € A, be any source sequence.
Partitioning, one obtains the following n/m blocks of
length m lying in m-dimensional Euclidean space R™:

(X1,%2,...,%m)
(Xm+1s Xmt2s - -+ Xom)

(xnferlv Xn—m+25 « -+ xn)

The induced lossy code quantizes (xi,xs,...,x,) into

(X1,X2, ...,%,), Where

&1, X2, ..., %m) = Q(x1, %2, ..., Xm)

(£m+1»5&m+2a cee a3%2m) = Q(xm+1» Xm+25 -+ - s X2m)

(g%anL+1» £n7m+2, e 15(\:n) = Q(xn—m+1, Xn—m+2s -+« Xn)



Each codevector in C can be uniquely represented using
a j-bit binary address. The induced lossy code losslessly
encodes the quantized sequence (X1,Xs2,...,%,) into the
binary codeword obtained by concatenating together the
binary addresses of the codevectors above that were used
to form the quantized sequence; this binary codeword
is of fixed length (n/m)j =nR, and so, dividing by n,
the compression rate R code bits per data sample has
been achieved. Let S, be the lossy compression system
that arises when the lossy code just described is used
to compress the data sequences generated by the source
[n,A,, P,]. The resulting rate and distortion performance
are given by
RGS)=R="7

m

D(S,) =m’1/ min [lx — y||°f (x) dx (31)
Rm yeC

where |x —y|?> denotes the square of the Euclidean
distance between vectors x = (x;) and y = (y;) in R™:

m
e —yI% =i —y0)?
i=1

If we let @ vary over all nearest-neightbor m-dimensional
vector quantizers whose codebooks are of size 2/, then
the lossy codes for the source [n,A,,P,] induced by
these are the VQ-based codes of rate R = j/m. Obviously,
of this large number of lossy codes, one would want
to choose one of minimal distortion; however, it is
typically an intractable problem to find such a minimum
distortion code.

Example 8. Suppose that the source [n,A,,P,] for
which a VQ-based code is to be designed is a Gaussian
memoryless source with mean 0 and variance 1. Suppose
that the desired compression rate is 1.5 code bits per
data sample. Since 1.5 = %, we can use a two-dimensional
vector quantizer with codebook of size 23 = 8. The table
below gives one possibility for such a vector quantizer.
The left column gives the codevectors in the codebook;
the right column gives the binary address assigned to
each codevector. The codevectors in this codebook can be
visualized as eight equally spaced points along the unit
circle in the plane, which is of radius 1 and centered at the
origin (0, 0).

Codevector Address

(1,0) 000
(cos(rr/4), sin(r/4)) 001
0, 1) 010
(cos(37/4), sin(31/4)) 011
(-1,0) 100
(cos(bmr/4), sin(brr/4)) 101
0, -1) 110

(cos(Tm/4), sin(7x/4)) 111

The lossy code induced by this 2D vector quantizer, when
used to compress data generated by the source [n,A,, P,],
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gives rise to a distortion figure that can be obtained using
symmetry considerations. The 2D plane can be partitioned
into eight congruent regions over which the integrals of
the integrand in (31) are identical. One of these regions is

S= {(xl,xz) 1x1 >0, —tan %xl <x9 < tan %xl}

The region S is the set of points in the plane R? that
are closest in Euclidean distance to the codevector (1, 0).
Therefore, the distortion is

1 _(r2 2
4//[(x1 — 12 a2 (5) exp (W) dx1 dxs
s

This integral is easily evaluated via conversion to
polar coordinates. Doing this, one obtains distortion of
5.55 dB. One can improve the distortion to 5.95 dB by
increasing the radius of the circle around which the eight
codevectors in the codebook are distributed. Examining
the distortion—rate function of the Gaussian memoryless
source, we see that a distortion of about 9 dB is best
possible at the compression rate of 1.5 code bits per data
sample. Hence, we can obtain a >3-dB improvement in
distortion by designing a VQ-based code that uses a vector
quantizer of dimension >2.

3.3.1. LBG Algorithm. The LBG algorithm [27] is an
iterative algorithm for vector quantizer design. It works
for any dimension m, and employs a large set T of “training
vectors” from R™. The training vectors, for example, could
represent previously observed data vectors of length m.
An initial codebook Cy contained in R™ of some desired
size is selected (the size of the codebook is a reflection of
the desired compression rate). The LBG algorithm then
recursively generates new codebooks

C1,Cp,Cs, ...

as follows. Each codebook C;(i > 1) is generated from the
previous codebook C;_; in two steps:

Step 1. For each v €T, a closest vector to v in C;_;
is found (with respect to Euclidean distance), and
recorded. Let x, denote the vector that is recorded
forveT.

Step 2. For each vector y € {x,:v € T} recorded in step
1, the arithmetic mean of all vectors v in T for which
x, =y is computed. The set of arithmetic means
forms the new codebook C;.

The LBG codebooks {C;} either eventually coincide, or else
eventually keep cycling periodically through a finite set
of codebooks; in either case, one would stop iterations
of the LBG algorithm at a final codebook C; as soon
as one of these two scenarios occurs. The final LBG
codebook, if used to quantize the training set, will
yield smaller distortion on the training set than any of
the previously generated codebooks (including the initial
codebook). The LBG algorithm has been used extensively
since its discovery for VQ-based code design in both
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theoretical and practical scenarios. The one-dimensional
LBG algorithm can be used to find a good approximation
to the unique Lloyd—Max quantizer, if the training set
is big enough. However, in higher dimensions, the LBG
algorithm has some drawbacks: (1) the final LBG codebook
may depend on the initial choice of codebook or (2) the
final LBG codebook may not yield minimum distortion.
Various stochastic relaxation and neural network—based
optimization techniques have been devised to overcome
these deficiencies [38, Chap. 14;52].

3.3.2. Tree-Structured Vector Quantizers. In tree-
structured vector quantization [19, Chap. 12;32], the 2/
codevectors in the VQ codebook are placed as labels on
the 2/ leaf vertices of a rooted binary tree of depth j. Each
of the 2/ — 1 internal vertices of the tree is also labeled
with some vector. To quantize a vector x, one starts at the
root of the tree and then follows a unique root-to-leaf path
through the tree by seeing at each intermediate vertex of
the path which of its two children has its label closer to
x, whereupon the next vertex in the path is that child; x
is quantized into the codevector at the terminus of this
path. A tree-structured vector quantizer encodes speedily,
since the time for it to quantize a vector using a codebook
of size 2/ is proportional to j instead of 2. The minimum
distortion vector quantizer for a probabilistic source or
a training set is typically not implementable as a tree-
structured vector quantizer, but there are some scenarios
in which a tree-structured vector quantizer yields close to
minimum distortion.

3.3.3. Lattice Vector Quantizers. A lattice quantizer is
a vector quantizer whose codebook is formed from points
in some Euclidean space lattice. Lattice quantizers are
desirable because (1) there are fast algorithms for imple-
menting them [9], and (2) for high compression rates, lat-
tice quantizers yield nearly minimum distortion among all
vector quantizers for the memoryless source in which the
data samples have a uniform distribution. A monograph
[10, Table 2.3] tabulates the best-known m-dimensional
lattices in terms of distortion performance, for various
values of m between m =1 and m = 24. For example,
for dimension m = 2, one should use a hexagonal lattice
consisting of the centers of hexagons that tile the plane.

3.4. Trellis-Based Codes

Suppose that one has a finite-directed graph G satisfying
the following properties:

e There are a fixed number of outgoing edges from each
vertex of G, and this fixed number is a power of two.
(Let this fixed number be 2/.)

e Each edge of G has a label consisting of a sequence of
fixed length from a given data alphabet. A. (Let this
fixed length be m.)

o The graph G is connected (i.e., given any two vertices
of G, there is a finite path connecting them).

Let v* be any fixed vertex of G (since G is connected, it will
not matter what v* is). Let n be a fixed positive integer

that is an integer multiple of m. Let P be the set of all
paths in G that begin at v* and consist of n/m edges. Then

e Each path in P gives rise to a sequence of length n
over the alphabet A if one writes down the labels on
its edges in the order in which these edges are visited.

e Let R =j/m. There are 2"% paths in P, and it
consequently takes nR bits to uniquely identify any
one of these paths.

A trellis is a pictorial representation of all of the
paths in P. The trellis-based lossy code for quantiz-
ing/encoding/decoding all the data sequences in A" works
in the following way:

Quantization Step. Given the data sequence (x1, xo, ...,
x,) from A", the encoder finds a “minimal path” in
P, which is a path in P giving rise to a sequence
y1,y2, ...,¥,) in A" for which

> d@i, y)
i=1

is a minimum, where d is the distortion measure to
be used. [The sequence (y1,%2,...,Y,) is the output
of the quantizer in Fig. 6a.]

Encoding Step. Let R = j/m. Having found the mini-
mal path in P for the data sequence (x1,x2,...,x,),
the encoder transmits a binary codeword of length
nR in order to tell the decoder which path in P was
the minimal path.

Decoding Step. From the received binary codeword of
length nR, the decoder follows the minimal path
and writes down the sequence (yi,ys,...,y.) to
which that path gives rise. That sequence is the
reconstruction sequence (X1, X2, ..., %,) for the data
sequence (X1, X2, ..., %X,).

Computation of the minimal path in the quantization step
is a dynamic programming problem that can be efficiently
solved using the Viterbi algorithm.

The trellis-based lossy code just described will work for
any source [n,A,,P,] in which A, C A". The resulting
compression rate is R =j/m; the resulting distortion
depends on the source model — there is no simple formula
for computing it. Trellis-based lossy coding is quite unlike
SQ-based or VQ-based lossy coding because of its feedback
nature. The best way to understand it is through an
extended example, which follows.

Example 9. The graph G is taken as follows:

There are two vertices vg,v;, four edges with two
outgoing edges per vertex (j=1), and the edge labels
are of length 2 (m = 2). The compression rate for the
trellis-based code based on G is R =j/m = 0.5 code bits
per data sample. Suppose that we wish to encode the
data sequence (0, 1, 0, 0, —1, 0) of length n = 6, using
squared-error distortion. Taking the vertex vy as our
distinguished vertex v*, the set of 2% =8 paths P in



G of length n/m = 3 that start at vy are then given the
trellis representation:

o 1.

(0,-1) (1,0)

(1,1) (1,1) (1,1)
(1,0)

The trellis comes in three stages from left to
right, which designate stage 1, stage 2, and stage 3,
respectively. In stage 1, one replaces each label with
the square of the Euclidean distance between that
label and the pair (0,1) consisting of the first two of
the six given data samples. In stage 2, one replaces
each label with the square of the Euclidean distance
between that label and the pair (0,0) consisting of
the next two data samples. In stage 3, one replaces
each label with the square of the Euclidean distance
between that label and the pair (—1,0) consisting of
the final two data samples. This gives us the following
trellis whose edges are weighted by these squared
Euclidean distances:
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The minimal path is the path whose sum of weights
is the smallest; this is the path marked in bold in the
following figure:

(1,1)/0

(1,01

We have added an additional label to each edge of
the minimal path to denote the bit sent to the decoder
(bit = 0 means upper branch chosen; bit = 1 means lower
branch chosen).

Example 10. Consider the memoryless source [n, A, P,]
with alphabet {a,b,c,d}, in which each random data
sample is equidistributed over this alphabet. Suppose that
[n,A,, P,]is encoded using the trellis-based code, one stage
of which is the following:

O . O

This code has a compression rate of 1 code bit per
data sample. Let Hamming distortion be used; for large n,
simulations show that the Hamming distortion is slightly
less than 0.25. Hence, for a large number of data samples,
this simple code can reconstruct over 75% of the data



646 DATA COMPRESSION

samples at the decoder, on average, while transmitting
only half of the bits that would be necessary for perfect
reconstruction (which would require a compression rate of
2 bits per sample).

3.4.1. Marcellin—Fischer Codes. Marcellin and Fischer
[29] developed an important class of trellis-based codes.
They use DeBrujn graphs as the basis for their
codes —labeling of the edges is done using heuristic
symmetry rules motivated by Ungerboeck’s work on trellis-
coded modulation [48]. Marcellin and Fischer report
quite good distortion performance when their trellis-
based codes are used to encode Gaussian and uniform
memoryless sources.

3.5. Transform Codes

In certain applications, the data samples to be compressed
are not one-dimensional quantities; that is, for some
m > 1, each data sample is a point in m-dimensional
Euclidean space.

Example 11. One may wish to compress a large square
image by compressing the sequence of 8 x 8 blocks that
are obtained from partitioning the image. Each data
“sample” in this case could be thought of as a point in
m-dimensional Euclidean space with m = 64. (The JPEG
image compression algorithm takes this point of view.)

For simplicity, let us assume that the dimension of the
data samples is m = 2. Let us write the data samples as
random pairs

(1)
[Xi } i=12....n (32)

Suppose that one is committed to lossy codes that employ
only scalar quantization. The sequence

1) 1) (1)
xO x® X

might have one type of model that would dictate that some
scalar quantizer @; be used to quantize these samples. On
the other hand, the sequence

XP. X2, ... X®

might have another type of model that would dictate the
use of a different scalar quantizer @.. Let us assume that
Q; is a 2F1.bit quantizer and that @ is a 2F2-bit quantizer.
The sequence resulting from quantization of (3.32) would

then be
(1)
|:)A{i i| i=1,2,...,n (33)

where Xi(l) = Ql(XL.(l)) and Xi(z) = QZ(XL-(Z)). The sequence
(33) is transmitted by the encoder to the decoder using
nR1 + nR, bits, and is reconstructed by the decoder as the
decoder’s estimate of the original sequence (32). Let us

use squared-error distortion. Then, the compression rate
R and distortion D for this lossy code are

R=R;+R,

D= n—l ZE[(Xi(I) _Xi(l))Z] + n—l ZE[(Xi(Z) _Xi(Z))Z]

i=1 i=1

Suppose that the compression rate is to be kept fixed at
R. Then, to minimize D, one would optimize the lossy
code just described by choosing integers R; and Rs so that
R = R; + R», and so that

I%iln ;E[(Xiﬂ) — QXY + néizn ;E[(sz) — QX4

is a minimum, where in the first minimization @, ranges
over all 281-bit quantizers, and in the second minimization
@ ranges over all 2F2-bit quantizers. Finding the best
way to split up R into a sum R = R; + R; is called the bit
allocation problem in lossy source coding.

We may be able to obtain a smaller distortion by
transforming the original data pairs from R? into another
sequence of pairs from R2, and then doing the quantization
and encoding of the transformed pairs in a manner similar
to what we did above for the original pairs. This is the
philosophy behind transform coding. In the following, we
make this idea more precise.

Let m be a fixed positive integer. The data sequence to
be compressed is

X1, Xy, ..., X, (34)

where each X; is an R™-valued random column vector of
the form
xv
x®
X = .
xm

We write the data sequence in more compact form as the
m x n matrix M(X) whose columns are the X; values:

MX) =X Xy --- X,]

Let A be an m x m invertible matrix of real numbers. The
matrix A transforms the matrix M(X) into an m x n matrix
M(Y) as follows:

MY)=AMX)

Equivalently, A can be used to transform each column of
M(X) as follows:

Yi=AXi, i=1,2,...,n

Then, M(Y) is the matrix whose columns are the Y; values:

MY)=[Y1Y; --- Y,]



Let Y? denote the jth row of M(Y)(j = 1,2, ..., m). Then,
the matrix M(Y) can be partitioned in two different ways:

YO
)
MY)=X1Ys --- Y, ]=]| .
Y(.m)
The row vectors Y?(j=1,2,...,m) are the coefficient

streams generated by the transform code; these streams
are separately quantized and encoded for transmission
to the decoder, thereby completing the “front end” of the
transform code, which is called the analysis stage of the
transform code and is depicted in Fig. 7a.

Note in Fig. 7a that the rates at which the separate
encoders operate are Ri,Rs,...,R,, respectively. The
separate quantizers in Fig. 7a are most typically taken
to be scalar quantizers (in which case the R; terms
would be integers), but vector quantizers could be used
instead (in which case all R; would be rational numbers).
If we fix the overall compression rate to be the target
value R, then the bit allocation must be such that R =
Ri+Rs + -+ + R,,. The m separate bit streams generated
in the analysis stage are multiplexed into one rate R
bit stream for transmission to the decoder, who then
obtains the separate bit streams by demultiplexing — this
multiplexing/demultiplexing part of the transform code,
which presents no problems, has been omitted in Fig. 7a.

)
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The decoder must decode the separate bit streams and
then combine the decoded streams by means of an inverse
transform to obtain the reconstructions of the original
data samples; this “back end” of the system is called the
synthesis stage of the transform code, and is depicted in
Fig. 7b.

In Fig. 7D, Y is the row vector of length n obtained by
quantizing the row vector YO (G = 1,2, ..., m). T}le matrix
M(Y) is the m X n matrix whose rows are the Y? terms.
The matrix M (X) is also m x n, and is formed by

MX)=A"MY)
Let us write the columns of M(X) as
X, X, ..., X,
These are the reconstructions of the original data
sequence (34).

The distortion (per sample) D resulting from using the
transform code to encode the source [n,A,, P,] is

D=n") ElX; - X (35)

i=1

With the compression rate fixed at R, to optimize
the transform code, one must select R1,Rs,...,R,, and
quantizers at these rates so that R=R;+ Ry +---+ R,

Multiply
M(X) —= by —= M(Y) —| Extract rows

A

nR, bits —= — g —
nR, bits —»- — @ —

nR,,bits —» — ym —

Form

Matrix

— y() — | Quantize/encode | — nRy bits
— y@ — | Quantize/encode | — nR; bits
— y(m —» | Quantize/encode | — nNRp, bits
Multiply
mxn | M(Y) — by —= M(X)
A—1

Figure 7. (a) Analysis stage and (b) synthesis stage of transform code.
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and D is minimized. One can also attempt to optimize the
choice of the transformation matrix A as well, although,
more typically, the matrix A is fixed in advance. If A is
an orthogonal matrix (i.e., the transformation is unitary),
then the right side of (35) is equal to

n' Y ElY: - Y]

i=1

which makes the problem of optimally designing the
transform code much easier. However, A need not
be orthogonal.

Various transforms have been used in transform
coding. Some commonly used transforms are the discrete
cosine transform, the discrete sine transform, and the
Karhunen—Loeve transform—a good account of these
transforms may be found in Ref. 41, Chap. 12. Special
mention should be made of the wavelet transform, which
is becoming ubiquitous in state of the art compression
methods. Various image compression methods employ the
wavelet transform, including the EZW method [44], the
SPIHT method [39], and the EBCOT method [46]; the
wavelet transform is the backbone of the JPEG 2000
image compression standard [47]. The wavelet transform
has also been applied to fingerprint compression, speech,
audio, electrocardiogram, and video compression —a good
account of these applications may be found in Ref. 45,
Chap. 11.

Subband coding may be regarded as a special case
of transform coding. It originally arose in the middle
1970s as an effective technique for speech compression
[12]; subsequently, its applications have grown to include
the compression of recorded music, image compression,
and video compression. In subband coding, one filters
a data sequence of length n by both a highpass filter
and a lowpass filter and then throws every other filtered
sample away, yielding a stream of n/2 highpass-filtered
samples and a stream of n/2 lowpass-filtered samples;
these two streams are separately quantized and encoded,
completing the analysis stage of a subband coding system.
The highpass and lowpass filters are not arbitrary;
these must be complementary in the sense that if no
quantization and encoding takes place, then the synthesis
stage must perfectly reconstruct the original sequence of
data samples. Further passes of highpass and lowpass
filterings can be done after the first pass in order to yield
several substreams with frequency content in different
subbands; in this way, the subband coding system can
become as sophisticated as one desires—one can even
obtain the wavelet transform via a certain type of subband
decomposition. Subband coding has received extensive
coverage in several recent textbooks on multirate and
multiresolution signal processing [1,49,50].

We have concentrated on lossy transform codes, but
there are lossless transform codes as well. A lossless
transform code is similar in concept to a lossy transform
code; the main difference is that the transformed data
sequence is not quantized in a lossless transform code.
Good examples of lossless transform codes are (1)
the transform code for text compression based on the

Burrows—Wheeler transform [7]; and (2) grammar-based
codes [25,31], which are based on grammar transforms.

4. NOTES ON THE LITERATURE

This article has provided an introduction to basic data
compression techniques. Further material may be found
in one textbook [41] that provides excellent coverage of
both lossless and lossy data compression, and in another
textbook [40] that provides excellent coverage of lossless
data compression. There have been several excellent
survey articles on data compression [5,15,20].

Various data compression standards employ the basic
data compression techniques that were covered in this
article. Useful material on data compression standards
may be found in a book by Gibson et al. [21], which covers
the JPEG and JBIG still-image compression standards,
the MPEG audio and MPEG video compression standards,
and multimedia conferencing standards.

4.1. Speech Compression

Speech is notoriously hard to compress — consequently, a
specialized body of techniques have had to be developed
for speech compression. Since these specialized techniques
are not applicable to the compression of other types of
data, and since this article has focused rather on general
compression techniques, speech compression has been
omitted; coverage of speech compression may be found
in the textbook by Deller et al. [14].

4.2. Fractal Image Compression

Fractal image compression has received much attention
since 1987 [2,3,16,23]. A fractal image code compresses
an image by encoding parameters for finitely many
contractive mappings, which, when iterated, yield an
approximation of the original image. The limitations of
the fractal image compression method arise from the fact
that it is not clear to what extent natural images can be
approximated in this way.

4.3. Differential Coding

Differential codes (such as delta modulation and differen-
tial pulsecode modulation), although not covered in this
article, have received coverage elsewhere in this encyclo-
pedia. Differential codes have become part of the standard
body of material covered in a first course in communication
systems [26, Chap. 6].
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1. INTRODUCTION

The client/server architecture has been one of the driving
forces for the development of modern data communica-
tion networks. Most of data services, such as distributed
database systems, web applications, interactive multime-
dia services, and so on make use of client-server network
architecture. In such an architecture, clients are con-
nected to the server via data networks. The data networks
can be local-area networks, such as Ethernet, or can
be wide-area networks. The required bandwidth for the
client—server network is increasing with the increasing
penetration of interactive multimedia and World Wide
Web (WWW) applications. In a traditional client—server
network, the server bandwidth is limited to several hun-
dred megabits per second (Mbps) at the maximum. Such
a bandwidth is sufficient to provide conventional data
service. However, with the increasing deployment of mul-
timedia applications and services such as network games,
video on demand, virtual reality applications, and similar,

the system must provide more bandwidth. For example, a
video-on-demand system that provides 1000 videostreams
of MPEG2 quality needs about 5—6 Gbps of bandwidth at
the server side. Such high-bandwidth requirement can-
not be satisfied in conventional client/server systems.
The most recent technological advances in optical com-
munication, especially wavelength-division multiplexing
(WDM) technology, as well as computer hardware, make
the design of such a high-bandwidth server possible. How-
ever, what kind of network architecture can we use to
construct such high-bandwidth network? How well is the
performance of the proposed network architecture? We
describe and study a client/server WDM network archi-
tecture and its performance. This architecture is suitable
for multimedia services, and is unicast-, multicast-, and
broadcast-capable.

The remainder of this article is organized as follows.
We outline the enabling technologies in Section 2. The
WDM networking technology is summarized in Section 3.
In Section 4, we describe the system architecture and
connection setup protocol. Section 5 describes the system
performance and analysis for unicast and multicast
services. We discuss the scheduling policy for user requests
in Section 6. Finally, Section 7 provides concluding
remarks.

2. WDM CLIENT-SERVER NETWORK-ARCHITECTURE-
ENABLING TECHNOLOGIES

Optical fiber communication plays a key role to enable
high-bandwidth data connection. Now, a single fiber
strand has a potential bandwidth of 50 THz corresponding
to the low-loss region shown in Fig. 1. To make good use
of the potential bandwidth of the fiber, WDM technology
is widely used. In WDM, the tremendous bandwidth of
a fiber (up to 50 THz) is divided into many nonoverlap-
ping wavelengths, called WDM channels [1]. Each WDM
channel may operate at whatever possible speed indepen-
dently, ranging from hundreds of Mbps to tens of Gbps.
WDM technology is now deployed in the backbone net-
works [1,2]. OC-48 WDM backbone networks have already
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Figure 1. The low-loss region in a single-mode optical fiber.
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been widely implemented, and the OC-192 WDM backbone
network is being tested and implemented. The enabling
technologies of the WDM client/server network architec-
ture include tunable/nontunable wavelength transmitter
and receiver, optical multiplexer, optical tap, and high-
performance computer in additional to WDM technology.
We outline the basic functions for each optical component.

e Transmitter and Receiver. An optical transmitter [1]
is used to convert an electrical signal into an opti-
cal signal and inject it to the optical transmission
media, namely, the fiber. An optical receiver actually
consists of an optical filter [1] and an opticoelectri-
cal signal transformer. The transmitter and receiver
can be classified as tunable and nontunable. A non-
tunable transmitter/receiver transmits or receives
signal only from a fixed frequency range, implying
that only fixed wavelengths can be used. For a tun-
able transmitter/receiver, the passband can be tuned
to different frequencies, which makes it possible to
transmit or receive data for different wavelengths
at different times. In a WDM system, the band-
width of an optical fiber is divided into multiple
channels (or wavelengths). Communication between
two nodes is possible only when the transmitter of
the source node and receiver of the destination node
are tuned to the same channel during the period of
information transfer. There are four types of con-
figuration between two communication end nodes.
They are fixed transmitter/fixed receiver, fixed trans-
mitter/tunable receiver, tunable transmitter/fixed
receiver, and tunable transmitter/tunable receiver. A
tunable transmitter/receiver is more expensive than
a fixed transmitter/receiver.

e Optical Multiplexer. An optical multiplexer combines
signals from different wavelengths on its input ports
(fiber) onto a common output port (fiber) so that a
single outgoing fiber can carry multiple wavelengths
at the same time.

Figure 2. A 4 x 4 passive star.

e Passive Star. A passive star (see Fig.2) is a
“broadcast” device. A signal that is inserted on a
given wavelength from an input fiber port will have
its power equally divided among (and appear on the
same wavelength on) all output ports. As an example,
in Fig. 2, a signal on wavelength 2, from input fiber 1
and another on wavelength 14 from input fiber 4 are
broadcast to all output ports. A “collision” will occur
when two or more signals from the input fibers are
simultaneously launched into the star on the same
wavelength. Assuming as many wavelengths as there
are fiber ports, an N x N passive star can route N
simultaneous connections through itself.

e Optical Tap. An optical tap is similar to a one-input,
two-output passive star. However, the output power
in one port is much higher than that in the other. The
output port with higher power is used to propagate a
signal to the next network element. The other output
port with lower power is used to connect to a local
end system. The input fiber can carry more than one
wavelength in an optical tap.

3. WDM NETWORKING ARCHITECTURE

3.1. Point-to-Point WDM Systems

WDM technology is being deployed by several telecom-
munication companies for point-to-point communications.
This deployment is being driven by the increasing
demands on communication bandwidth. When the demand
exceeds the capacity in existing fibers, WDM is a more
cost-effective alternative compared to laying more fibers.

WDM mux/demux in point-to-point links is now
available in product form. Among these products, the
maximum number of channels is 160 today, but this
number is expected to increase.

3.2. Broadcast-and-Select (Local) Optical WDM Network

A local WDM optical network may be constructed by
connecting network nodes via two-way fibers to a passive
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Figure 3. A passive-star-based local optical WDM network.

star, as shown in Fig. 3. A node sends its transmission to
the star on one available wavelength, using a laser that
produces an optical information stream. The information
streams from multiple sources are optically combined
by the star and the signal power of each stream is
equally split and forwarded to all the nodes on their
receive fibers. A node’s receiver, using an optical filter,
is tuned to only one of the wavelengths; hence it can
receive the information stream. Communication between
sources and receivers may follow one of two methods:

Optical fiber with M+ 1 WDM channels
'\
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(1) single-hop [3] or (2) multihop [4]. Also, note that, when
a source transmits on a particular wavelength A;, more
than one receiver can be tuned to wavelength A, and all
such receivers may pick up the information stream. Thus,
the passive star can support “multicast” services.
Detailed, well-established discussions on these network
architectures can be found elsewhere, [e.g., 1,3,4].

4. A WDM CLIENT/SERVER NETWORK ARCHITECTURE

4.1. Architecture

In our client/server architecture, the server is equipped
with M fixed WDM transmitters that operate on M
different wavelengths, and a conventional bidirectional
Ethernet network interface that operates on a separate
WDM channel is used as the control signaling channel.
Every workstation (client) is equipped with a tunable
WDM receiver (TR) and an Ethernet network interface.
The Ethernet client and server interfaces are connected
together and form the signaling channel. All control
signals from the clients to the server or vice versa will be
broadcast on the control channel by using the IEEE 802.3
protocol [5]. The control channel can be used as a data
channel between the clients, or between a client and the
server. In the normal data transmission from the server to
the clients, the server uses the M data channels to provide
data service to the clients. A client can tune its receiver
to any of the M server channels and receive data from
the server. We show in Fig. 4 a typical client/server WDM
system described above. This system can be implemented
using a passive star coupler, which connects the server
and clients using two-way fibers [1].
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Since a WDM data channel can have a data rate as
high as several gigabits per second, a WDM client/server
network can be used for those applications that require
a high volume of data transfer or those multimedia
applications that require high bandwidth. However, a
fiber can carry only several hundred wavelengths today,
and this may not be enough if we assign a whole
wavelength for a single user request. To make good use of
the channel capacity, time-division multiplexing (TDM)
technology is used to carve a WDM channel into
multiple subchannels in time domain. The server can
then assign a TDM subchannel to serve the user
request. Clients must use some filtering mechanism
to get the data from the subchannel. However, the
client and the server must communicate with each
other to negotiate on which subchannel they plan
to use.

This network is also broadcast- and multicast-capable
because every client can tune its receiver to any of the M
data channels, and more than one client may tune their
receivers to the same channel at any given time.

4.2. Operations and Signaling

In a client/server network, the server is able to provide
service to clients on request. In such a network, the
upstream data traffic volume (from clients to server) is
generally much smaller than the downstream data traffic
(from server to clients). Therefore, in a WDM client/server
network, it is possible to use a single Ethernet channel
to fulfill the signaling tasks between the clients and the
server. All the clients’ upstream traffic and the server’s
control traffic share the common signaling channel via
statistical multiplexing. Figure 5 shows a connection setup
procedure of a client’s request in the WDM client/server
architecture.

Figure 5 indicates that, to setup a connection for a
client’s request, the network must perform the following
operations:

Step 1. A client sends a request message to the server
via the common control channel. The message should
include information such as the identification of the
client, the identification of the requested-file, and
the service profile. On receiving the user request, the
server will respond with a request—acknowledgment
message to the client. This message includes
information on the request’s status, the server
status, and so on.

Step 2. The server processes the client’s request. If
no data channel or server resource is available, the
request is put in the server’s request queue and
it waits for the server’s channel scheduler (SCS) to
allocate a data channel or server resource for it. If
the request waits for a long time, the server should
send keep-alive messages periodically to the client.
As soon as the SCS knows that a channel is available,
the server’s scheduler will select the request (if any)
with highest priority and reserve the channel for
it. Then, a setup message will be sent to the client
via the control channel. The setup message includes

Client Server

Propagation time

-7 Request
. p/a\'\\le __| [queuing time
o Channel
"=~ ~=9SSible rog holding
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~
transfer|
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Figure 5. The request setup procedure in a WDM client/server
system.

information such as the target client’s identification
information, request ID, the data channel that will
be used, the information of the file to be sent out,
and the service profile granted for the request.

Step 3. On receiving the setup message, the target
client’s tunable receiver tunes to the assigned
channel and sends back a setup acknowledgment
message. Now, the client’s receiver is waiting for the
requested data.

Step 4. When the server receives the setup acknowl-
edgment message, the connection is set up. Then,
the server begins to send out the data as soon as the
channel is available. If no setup acknowledgment
message is received from the client within certain
timeout duration, the reserved channel is released
and the client’s request is discarded.

Step 5. Now the connection is set up and data transfer
begins. As we know, the optical channel’s bit error
rate (BER) is very low, on an order of 10~°-10-12,
so it is safe to assume that the data channels have
very low packet error rates. Therefore, the system
uses NAK signals to indicate any error packets. No
acknowledgment signal will be sent out if a packet
is correctly received. However, it is possible and
helpful for a client to send out some control message
to synchronize the data transmission.

Step 6. After the server finishes sending the client’s
requested data, it sends an end-of-connection
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message. The client then responds with a channel-
release message to the server. Then, the server tears
down the connection and frees the channel.

In this client/server WDM network, the server may receive
three kinds of messages: connection request messages,
acknowledgment messages, and data transmission control
messages. The server should give higher priority to
acknowledgment and control messages so that the system
can process clients’ responses promptly and minimize the
channel idle-holding time.! It is possible that the requests
from the clients come in a bursty manner. Therefore,
sometimes, the server may not have enough channels to
serve the requests immediately. In that case, the request is
buffered. When a channel is available again, there may be
more than one client waiting for a free channel. Therefore,
the server should have some mechanism to allocate a
free channel when it is available. The mechanism used
to decide which request should be assigned with the free
channel when there are multiple requests waiting for it is
called the (SCS) mechanism [6].

4.3. Internetworking Technology

The WDM client/server network architecture is easy to
internetwork. In this network architecture, the server has
very high bandwidth; therefore, it is not cost-effective
to connect the server with the outside network directly.
Instead, the clients are connected to outside networks.
Figure 6 shows the internetworking scheme where the
clients act as proxy servers for outside networks. A client

LA channel’s idle holding time is the time that the channel is
reserved for a client but not used for data transfer.

WDM
server

now has two major tasks: handling user requests and
caching data. An end user who wants to access some
data service, connects to the nearest WDM client. This
can be done by a standard client/server service, which
implies that no modification is necessary for the end user.
On receiving a service request from the end user, the
WDM client then analyzes and processes the request.
Batching? may be used to accommodate requests for the
same service from different users. If the user’s requested
file or program is stored at the WDM client, the request can
be served directly without referring to the WDM server;
otherwise, the WDM client will contact the server for the
data. However, no matter whether the service is provided
by the WDM client or the WDM server, it is transparent
to the end users.

This internetworking architecture is suitable for
multimedia service providers. A service provider can
deploy the WDM clients in different cities to provide
service to end users. Because the system is broadcast-
and multicast-capable, it has very good scalability.

5. SYSTEM PERFORMANCE ANALYSIS

To analyze the system’s performance, we consider an
example system that uses fixed-length cells (£ bytes/cell)
to send data from the server to the clients. Every cell
occupies exactly one time slot in a WDM channel. The
control messages between a client and the server also use

2 Batching makes use of multicast technology. It batches multiple
requests from different users who ask for the same service and
use a single stream from the server to serve the users at the same
time by using multicasting [6].

Figure 6. WDM client/server internetworking.
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fixed-length cells (k; bytes/cell). We use E; to represent
the bit-error rate (BER) for an optical channel.

5.1. Bottleneck Analysis

5.1.1. Unicast Service. We assume that the system uses
negative acknowledgement (NAK) to ask the server to
resend the packet that is received with error. It is clear
that the expected number of NAK signals per second
(denoted as A;) that will be sent to the control channel is

MB
Ar=—-01-a —EDh 1)

where M is the number of channels and B is the bandwidth
for a channel. The BER for an optical channel (E;) is very
small, on the order of 10711, so Eq. (1) can be simplified as
A, = MBE;.

Now, suppose the requests from all stations form a
Poisson process with average request rate A, requests
per second. We also assume that the server responds to a
user’s request by sending back an acknowledgement signal
after a random delay. The delay is negative exponential
distributed with mean 1/, minutes. As indicated by the
connection setup procedure, the system exchanges five
messages via the control channel for every connection
in a normal situation.? With the additional assumption
that the NAK messages are also generated as a Poisson
process with average arrival rate A, requests/second, the
number of cells sent to the Ethernet channel is a Poisson
process with total arrival rate A, (A = E1MB + 5),) at the
maximum.*

Suppose that the mean file size is 7. Then to serve all
requests with limited delay, the system should satisfy the
condition A, xf < MB. So A, < MB/f. Therefore, the band-
width requirement for the control channel should satisfy

B, — ik < Iﬁ <E1MB+5MB) _ MBPE, <E1_+ 5) @
D f p f

where p is the maximum offered load allowed on the
control channel. In this above equation, E; < 5/f in the
actual system. Figure 7 shows the plot of expected control
channel bandwidth (B,) requirement vs. the average file
size (f) in the server with default parameter p = 0.5, E; =
1078, M =10,B =1 Gbps, and k; = 40 bytes. From the
plot, we notice that, when f is small, B, must be very
high. For example, when f = 1 kbyte, the system requires
a bandwidth of 500 Mbps for the control. However, with
f = 1 Mbyte, the required bandwidth B, is only about 0.5
Mbps. Clearly, with such a low bandwidth requirement,
the control channel is not a bottleneck. When the average
file size f is between 10 and 100 kbytes, which is a practical
file size, the required bandwidth B, is between 5 and
50 Mbps. From Fig. 7, we can conclude that the WDM

3 We omit the keep-alive messages in this discussion.

4The aggregation of several Poisson processes is also a Poisson
process. The average arrival rate of the aggregated process is the
sum of the arrival rates of all the original processes.
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Figure 7. Expected bandwidth requirement of the control
channel versus the average file size in the server.

client/server network architecture is useful to provide
those services that need to transfer a lot of large files.
If the system needs to support small files, then the control
channel’s bandwidth must be increased.

5.1.2. Multicast Service. We have stated that the WDM
client-server network is multicast- and broadcast-capable.
If the system provides on-demand multicast services,
then the server can group together user requests that
ask for the same file coming in a certain period and
use a single-server channel to multicast the requested
file to all users. In an actual implementation, a WDM
channel may be carved into several subchannels, and
any multicast group will only use a subchannel instead
of a whole WDM channel. A multicast service system
scales very well even with a limited number of data
channels. For example, if a server has 10-Gbps data
bandwidth, it can provide about 1800 MPEG2 or 6700
MPEG1 video channels at the same time. A client/server
system providing video-on-demand service, which only
provides several hundred different video programs at the
same time, can easily support any number of user requests
by using batching. However, all the request messages and
control messages are sent via the Ethernet channel, and
the Ethernet channel capacity is limited. Therefore, it is
possible that the Ethernet may be a bottleneck. However,
in an actual system, this is unlikely to happen. Let us
assume, on the average, that every request needs to
exchange m 40-byte messages between a client and the
server. If we assume m = 10 in the multicast system,
a control channel with 100 Mbps can accommodate a
request rate as high as A, = 31,250 requests/s. Such a
high request rate is unlikely to happen in any actual
system. Therefore, the control channel should not be a
bottleneck.

For broadcast service, there is not a lot of interaction
between clients and the server. The server notifies the
clients what kind of file or program is sent in each channel.
A client then chooses its interested channel to receive the
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data. Therefore, bottleneck analysis does not apply in this
service mode.

5.2. System Performance lllustrative Study

This subsection studies the system performance in terms
of delay, throughput, and average queuing length. Let us
first define several keywords:

o A Request’s System Time. A request’s system time is
measured from the time that a user sends out the
request message to the time that the user receives all
data. Let us denote the time as S;. Then, from Fig. 5,
we can express S; as

S =2R+1t,+1ta 3)

where R is the round-trip time between the client and
the server; ¢, is the request’s queuing time, defined
as the time from the instant a request reaches the
server to the time the request starts to be served by
the server; and ¢, is the data transfer time. For every
client’s request, the round-trip time and the data
transfer time are fixed. The only optimizable factor
is the queuing time for a given system. Therefore, in
order to reduce the response time, we should have a
good scheduling algorithm in the server so that we
can minimize the average request delay.

e A Request’s Channel Holding Time. The channel
holding time for a request, denoted as H, can be
expressed by

H=2R+t;=D—t, (4)

Therefore, for a given request, the channel holding
time is almost nonoptimizable, because the round-
trip time and data transfer time are all nonoptimiz-
able for a given request in a specific system.

o System Throughput. When the system operates in
the stable state, it should be able to serve all user
requests. So the system throughput should equal
the average request rate multiplied by the average
file size. The maximum reachable throughput in the
system, denoted as p,,x, can be express as

emax = MBL (5)
f/B+2R

where M is total number of data channels, B is the channel
capacity, R is the average round-trip time from the clients
to the server, and f is the average file size. Here, 2R is
the average overhead conceived by the server to setup a
connection.

We analyze a system’s performance based on the following
assumptions:

o Clients’ requests form a Poisson process. The request
rate is A, requests/s. So the interarrival times are
negative exponentially distributed with mean 1/A,
minutes.

e There are M data channels altogether. Each channel’s
capacity is B bps.

o The file sizes that users request from the server are
exponentially distributed with average file size f. We
also assume the average file size to be relatively large.
Therefore, the data transfer time is much larger than
the round-trip time and the client’s receiver tuning
time, and we can omit the round-trip time and client’s
receiver-tuning time in our analysis.

o The scheduler uses first-come, first-served (FCFS)
policy.

Using on the above assumptions, we analyze the system
as follows. For FCF'S scheduling policy, we can model the
system as an M/M/m queuing system. In this system,
a data channel is regarded as a server in the model.
The service time is equal to the channel holding time.
We have assumed that the file sizes that users requested
from the server are exponentially distributed with average
f. Therefore, the channel holding time at each channel
is negative exponential distributed with mean p = B/f.
Let us define p =A./Mu. Clearly the system should
require 0 <p < 1. If p > 1, then the system’s service
rate will be smaller than the arrival rate, which means
that the waiting queue will be built up to infinity, and
the system will become unstable. On the basis of these
parameters and the M /M /m model, we have the following
results [7]:

e The average number of busy channels U, in the
system is given by

Ar
ElU)) =Mp = — (6)
I

o The throughput of the system is given by A,f. This is
because the average number of the served requests
and the arrival requests should be in balance.

e The average queue length @, of the system is given by

Mp™  p -
M! (1-p)?

anMp+ 0 (7)

where my is the stationary zero queue-length
probability and is given by

M-1 ; -1
Mp)  Mp)" 1
n0={1+2; T an 1_p} 8)

e The average queuing time is given by the average
system time minus the service time (we omit the
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round-trip time here). Therefore, we can calculate
the average queuing time from the expression

1 (Mp)™ o

Bl = 3 sa—pr

)

6. SCHEDULING POLICIES

In Section 4, we pointed out that the delay for a client’s
request can be decreased by reducing the queuing time
with a proper scheduler. However, the FCFS scheduling
policy does not account for a request’s channel holding
time in allocating an available channel. Therefore, it is
possible that some long-time tasks will occupy the server
channels for very long time and the short-time tasks have
to wait for very long time to be served. Several scheduling
policies, such as priority queues, and feedback priority
queues, are available to solve this problem. We discuss
these policies below.

Priority Queues (PQ) Scheduling Policy. In a priority-
queue scheduling policy, the server maintains
several queues with different priorities. When no
channel is available, the requests for small files
will be assigned a higher priority and placed in the
higher-priority queue in FCFS manner, and requests
for larger files will be put in lower-priority queue.
When a channel is available, it is first allocated to a
request in the higher-priority queue. Requests in a
lower-priority queue cannot be allocated a channel
unless all higher-priority queues are empty. The
PQ method can greatly reduce the average queuing
time. However, there is a starvation problem in this
policy. When the request rate is high, requests that
ask for large files may never be served because they
remain in the lower-priority queue forever and the
channels are always allocated to the requests in the
higher-priority queue.

Priority Feedback Queues (PFQ) Scheduling Policy.
To avoid the starvation problem in the PQ
scheduling policy, we can use the priority feedback
queues (PFQ) scheduling policy, which allows a
request to move from a lower-priority queue to
a higher-priority queue if it waits too long. One
possible method is to use a threshold function
T.=fGf,t). It is the function of i (the current
queue it belongs to), the request’s file size f, and the
waiting time ¢. Let T} (i) be the threshold value for
the current queue i. Then, we can set the scheduling
policy as follows. If T\, < T} (i), then the request will
remain in the same queue; otherwise, it will move up
to the higher-priority queue. A scheduler will always
select the request with highest priority and allocate
the channel to it.

The PFQ scheduling policy solves the starvation
problem, but the implementation is more complex.

7. CONCLUSION

We described a WDM client/server network architecture
based on a passive-star-coupler-based broadcast-and-
select network. In this architecture, all downstream
data traffic uses WDM data channels and all upstream
requests, upstream control messages, and downstream
control messages use an Ethernet channel (called the
control channel). This architecture is broadcast and
multicast capable. We described a detailed point-to-
point connection setup procedure for this architecture.
An internetworking scheme was also provided. This
system architecture is appropriate for an asymmetric
data transmission system in which the downstream traffic
volume is much higher than the upstream traffic volume.
The system’s performance was analyzed in terms of
whether the control channel or the data channels are the
bottleneck. We also analyzed the request delay, request’s
channel holding time, and system throughput following
the model description. We concluded that the control
channel is not a bottleneck in the system. When the
user request rate is high, the server channel scheduler
is the most important adjustable factor to reduce the
user response time. An illustrative analysis of FCFS
scheduling policy for the system was also provided. To
explore WDM technology further, the literature please
refer to [1,10,11].
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1. INTRODUCTION

Low-density parity-check (LDPC) codes, first introduced
by Gallager [19], are error-correcting codes described by
sparse parity-check matrices. The recent interest in LDPC
codes is motivated by the impressive error performance
of the Turbo decoding algorithm demonstrated by Berrou
et al. [5]. Like Turbo codes, LDPC codes have been shown
to achieve near-optimum performance [35] when decoded
by an iterative probabilistic decoding algorithm. Hence
LDPC codes fulfill the promise of Shannon’s noisy channel
coding theorem by performing very close to the theoretical
channel capacity limit.

One of the first applications of the Gallager LDPC
codes was related to attempts to prove an analog of the
Shannon coding theorem [47] for memories constructed
from unreliable components. An interesting scheme of
memory constructed from unreliable components was
proposed by M. G. Taylor, who used an iterative threshold
decoder for periodic correction of errors in memory
cells that degrade steadily in time [52]. The number
of elements in the decoder per one memory cell was
a priori limited by a capacity-like constant C as the
number of memory cells approached infinity. At the time,
the Gallager LDPC codes were the only class of codes
with this property, and therefore were naturally used
in the Taylor’s memory scheme. For sufficiently small
probabilities of the component faults, using Gallager
LDPC codes of length N, Taylor constructed a reliable
memory from unreliable components and showed that the
probability of failure after T time units, P(T', N), is upper-
bounded by P(T,N) < A;TN~“, where 0 <a <1 and A
is a constant. A similar bound with a better constant
« was obtained [26]. In fact, Ref. 26 report even the
tighter bound P(T, N) < AyT exp{—yN?’}, with a constant
0 < B8 < 1. Using a slightly different ensemble of LDPC
and some other results [60], Kuznetsov [27] proved the
existence of LDPC codes that lead to the “pure” exponential
bound with a constant 8 =1 and decoding complexity
growing linearly with code length. A detailed analysis of
the error correction capability and decoding complexity of
the Gallager-type LDPC codes was done later by Pinsker
and Zyablov [61].

Frey and Kschischang [18] showed that all compound
codes including Turbo codes [5], classical serially con-
catenated codes [3,4], Gallager’s low-density parity-check
codes [19], and product codes [20] can be decoded by
Pearl’s belief propagation algorithm [41] also referred to

as the message-passing algorithm. The iterative decoding
algorithms employed in the current research literature
are suboptimal, although simulations have demonstrated
their performance to be near optimal (e.g., near maximum
likelihood). Although suboptimal, these decoders still have
very high complexity and are incapable of operating in
the >1-Gbps (gigabit-per-second) regime.

The prevalent practice in designing LDPC codes is
to use very large randomlike codes. Such an approach
completely ignores the quadratic encoding complexity in
length N of the code and the associated very large memory
requirements. MacKay [35] proposed a construction of
irregular LDPC codes resulting in a deficient rank
parity-check matrix that enables fast encoding since
the dimension of the matrix to be used in order to
calculate parity bits turns out to be much smaller
than the number of parity check equations. Richardson
et al. [44] used the same encoding scheme in the context
of their highly optimized irregular codes. Other authors
have proposed equally simple codes with similar or even
better performance. For example, Ping et al. [42] described
concatenated tree codes, consisting of several two-state
trellis codes interconnected by interleavers, that exhibit
performance almost identical to turbo codes of equal block
length, but with an order of magnitude less complexity.

An alternative approach to the random constructions
is the algebraic construction of LDPC codes using finite
geometries [24,25]. Finite geometry LDPC codes are
quasicyclic, and their encoders can be implemented with
linear shift registers with feedback connections based on
their generator polynomials. The resulting codes have
been demonstrated to have excellent performance in
AWGN, although their decoder complexities are still
somewhat high. Vasic [54—-56] uses balanced incomplete
block designs (BIBDs) [6,11] to construct regular LDPC
codes. The constructions based on BIBD’s are purely
combinatorial and lend themselves to low complexity
implementations.

There have been numerous papers on the application
of turbo codes to recording channels [14—-16,22] showing
that high-rate Turbo codes can improve performance dra-
matically. More recent work shows that similar gains can
be obtained by the use of random LDPC and Turbo prod-
uct codes [17,28—30]. Because of their high complexity,
the LDPC codes based on random constructions cannot be
used for high speed applications (>1 Gbps) such as the
next generation data storage channels.

In this article we describe how to construct LDPC codes
based on combinatorial techniques and compare their
performance with random constructions for perpendicular
recording channels. In Section 2 we introduce various
deterministic construction techniques for LDPC codes. In
Section 3 we describe the perpendicular channel under
investigation which is followed by the simulation results.
Finally, we conclude in Section 4.

2. DESIGN AND ANALYSIS OF LDPC CODES

In this section we introduce several deterministic
constructions of low-density parity-check codes. The
constructions are based on combinatorial designs. The
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codes constructed in this fashion are “well-structured”
(cyclic and quasicyclic) and, unlike random codes, can
lend themselves to low-complexity implementations.
Furthermore, the important code parameters, such as
minimum distance, code rate and the graph girth, are fully
determined by the underlying combinatorial object used
for the construction. Several classes of codes with a wide
range of code rates and minimum distances are considered
First, we introduce a construction using general Steiner
system (to be defined later), and then discuss projective
and affine geometry codes as special cases of Steiner
systems. Our main focus are regular Gallager codes [19]
(LDPC codes with constant column and row weight), but
as it will become clear later, the combinatorial method
can be readily extended to irregular codes as well. The
first construction is given by Vasic [54—56] and exploits
resolvable Steiner systems to construct a class of high-rate
codes. The second construction is by Kou et al. [24,25], and
is based on projective and affine geometries.

The concept of combinatorial designs is well known,
and their relation to coding theory is profound. The codes
as well as their designs are combinatorial objects, and
their relation does not come as a surprise. Many classes
of codes including extended Golay codes and quadratic
residue (QR) codes can be interpreted as designs (see
Refs. 8 and 48 and the classical book of MacWilliams and
Sloane [37]). The combinatorial designs are nice tools for
code design in a similar way as bipartite graphs are helpful
in visualizing the message passing decoding algorithm.
Consider an (n, k) linear code C with parity-check matrix
H [31]. For any vector x = (x,)1<y<, in C and any row of H

thvv~xv:0,1§c§n—k 1)

This is called the parity-check equation. To visualize
the decoding algorithm, the matrix of parity checks
is represented as a bipartite graph with two kinds of
vertices [38,58,50]. The first subset (B), consists of bits,
and the second is a set of parity-check equations (V). An
edge between a bit and an equation exists if the bit is
involved in the check. For example, the bipartite graph
corresponding to

1

0

1

1
H=|0
0
2.1. Balanced Incomplete Block Design (BIBD)

0 0101
10111
01011

is shown in Fig. 1.

Now we introduce some definitions and explain the
relations of 2-designs to bipartite graphs. A balanced

Figure 1. An example of a bipartite graph.

incomplete block design (BIBD) is a pair (V,B), where V
is a v-element set and B is a collection of b - k-subsets
of V, called blocks, such that each element of V is
contained in exactly r blocks and any 2-subset of V is
contained in exactly A blocks. A design for which every
block contains the same number % of points, and every
point is contained in the same number r of blocks is
called a tactical configuration. Therefore, BIBD can be
considered as a special case of a tactical configuration.
The notation BIBD(v, &, 1) is used for a BIBD on v points,
block size k, and index A. The BIBD with a block size
k = 3 is called a Steiner triple system. A BIBD is called
resolvable if there exists a nontrivial partition of its set
of blocks B into parallel classes, each of which in turn
partitions the point set V. A resolvable Steiner triple
system with index A = 1is called a Kirkman system. These
combinatorial objects originate from Kirkman’s famous
schoolgirl problem posted in 1850 [23] (see also Refs. 49
and 43). For example, collection B = {B1, Bs, ..., B} of
blocks B; ={0,1,8}, By ={1,2,4), By =1{2,3,5}, By =
{3,4,6}, Bs =1{0,4,5}, Bs ={1,5,6} and B; = {0, 2, 6} is
a BIBD(7,3,1) system or a Kirkman system with v =7,
and b =1.

We define the block-point incidence matrix of a (V, B) as
a b x v matrix A = (a;j), in which a;; = 1 if the jth element
of V occurs in the ith block of B, and a;; = 0 otherwise. The
point-block incidence matrix is A”.

The block-point matrix for the BIBD(7,3,1) described
above is

1101000
0110100
0011010

A=|0 00 110 1
1000110
0100011

(10100 0 1]

and the corresponding bipartite graph is given in Fig. 2.

Each block is incident with the same number of points
k, and every point is incident with the same number r
of blocks. If b =v, and hence r =k, the BIBD is called
symmetric. The concepts of a symmetric BIBD(v, &, 1) with
k > 3 and of a finite projective plane are equivalent (see
Ref. 34, Chap. 19). If one thinks of points as parity-check
equations and of blocks as bits in a linear block code, then
the AT defines a matrix of parity checks H of a Gallager
code [19,36]. The row weight of A is &, column weight is r,
and the code rate is R = [b — rank(H)]/b.

7 Bits
? (blocks)

B;={0,1,3}

Checks
6 (points)

0 1 2 3 4 5

Figure 2. The bipartite graph representation of the Kirkman
(7,3,1) system.
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It is desirable to have each bit “checked” in as many
equations as possible, but because of the iterative nature
of the decoding algorithm, the bipartite graph must not
contain short cycles. In other words, the graph girth (the
length of the shortest cycle) must be large [7,51]. These
two requirements are contradictory, and the tradeoff is
especially difficult when we want to construct a code that
is both short and has a high rate. The girth constraint is
related to the constraint that every ¢-element subset of V
is contained in as few blocks as possible. If each ¢-element
subset is contained in exactly A blocks, the underlying
design is known as ¢ design. An example of a 5-design is
the extended ternary Golay code [8]. However, the codes
based on ¢ designs (¢ > 2) have short cycles, and therefore
we will restrict ourselves to the 2-designs (i.e., BIBD)
or more specifically to the designs with the index A = 1.
The A = 1 constraint means that no more than one block
contains the same pair of points or, equivalently, that
there are no cycles of length four in a bipartite graph. The
lower bound on a rate of a 2-(v, k, A)-design-based code is
given by

viv—1)

A—————V
. k(-1
= viv—1)

k(k—1)

R (2)

This bound follows from the basic properties of designs
(Ref. 9, Lemma 10.2.1 and Corollary 10.2.2, pp. 344—345).
By counting ones in H across the rows and across the
columns, we conclude that

b-k=v-r 3)

If we fix the point u, and find the number of pairs (u, w),
u # w, we arrive to the relation

r-k—1)=r-v-1) 4)

Since the point-block incidence matrix (matrix of parity
checks) H has v rows and b columns (v < b), the rank
of A cannot be larger than v, and the code rate,
which is R = [b —rank(AT)]/b cannot be smaller than
(b —v)/b. Dividing (3) and (4) yields (2). A more precise
characterization of code rate can be obtained by using the
rank (and p rank) of the incidence matrix of 2-designs as
explained by Hamada [21]. In the case of ¢-designs, ¢ > 1
the number of blocks is & = 1())/(*) (see Ref. 34, p. 191).
We have shown that the concept of BIBD offers a useful
tool for designing codes. Let us now show a construction of
Steiner triple systems using difference families of Abelian
groups. Let V be an additive Abelian group of order v.
Then ¢ - k-element subsets of V,B; = {b;1,...,bix}1 <i <t
form a (v, k, 1) difference family (DF) if every nonzero
element of V can be represented exactly A ways as a
difference of two elements lying in a same member of a
family, that is, it occurs A times among the differences
bim —bin,1<i<t,1<m,n<k. The sets B; are called
base blocks. If V is isomorphic with Z,, a group of integers
modulo v, then a (v, k, ) DF is called a cyclic difference
family (CDF). For example, the block B; ={0,1,3} is a

base block of a (7,3,1) CDF. To illustrate this, we create
an array AYD = (A; ), of differences AY;; = by; — by

0 6 4
AD=11 0 5
320

Given base blocks B;, 1 <j <t, the orbits B;+g can be
calculated as a set {bj1+g,....bz +g}, where ge V. A
construction of a BIBD is completed by creating orbits
for all base blocks. If the number of base blocks in the
difference families is ¢, then the number of blocks in a
BIBD is b = tv. For example, it can be easily verified (by
creating the array A) that the blocks B; = {0, 1,4} and
By ={0,2,7} are the base block of a (13,3,1) CDF of a
group V = Zy3. The two parallel classes (or orbits) are as
given below:

012345 6 7 8 9 10 11 12
Bi+g={123456 7 8 9 10 11 12 0
45678911112 0 1 2 3
0123 4 5 67 8 9 10 11 12
By+g={234 5 6 7 89101112 0 1
78910111201 2 3 4 5 6

The corresponding matrix of parity checks is

rt0000000010011000001000010T7
11000000001000100000100001
01100000000101010000010000
00110000000010101000001000
10011000000000010100000100
01001100000000001010000010
H=]|00100110000000000101000001
00010011000001000010100000
00001001100000100001010000
00000100110000010000101000
00000010011000001000010100
00000001001100000100001010

LO0O0O00000100110000010000101

This matrix contains only columns of weight 3. Of course,
since the order of the group in our example is low,
the code rate is low as well (R > %). Generally, given a
(v, k, 1) CDF, a t - k-element subset of Z,, with base blocks
B;=1{b;1,...,b;1},1 <i <t, the matrix of parity checks
can be written in the form

H=[HH, --- H] (5)

where each submatrix is a circulant matrix of dimen-
sion v x v. Formula (5) indicates that the CDF codes
have a quasicyclic structure similar to the Townsend and
Weldon [53] self-orthogonal quasicyclic codes and Wel-
don’s [57] difference set codes. Each orbit in the design
corresponds to one circulant submatrix in a matrix of
parity checks of quasicyclic codes.

The codes based on Z, are particularly interesting
because they are conceptually extremely simple and have
a structure that can be easily implemented in hardware.
Notice also that for a given constraint (v, 2, ) the CDF-
based construction maximizes the code rate because for
a given v the number of blocks is maximized. The code
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rate is independent of the underlying group. Other groups
different than Z, may lead to similar or better codes.

2.2. Constructions for Cyclic Difference Families

As we have shown, it is straightforward to construct a
BIBD once the CDF is known. However, finding the CDF
is a much more complicated problem and solved only
for some values of v, k, and A. Now we describe how to
construct a CDF.

2.2.1. The Netto’s First Construction. This scheme (see
Refs. 10 and 12, p. 28) is applicable if £ =3, and v is a
power of a prime, such that v =1 (mod 6). Since v is a
power of a prime, then Z, is a Galois field [GF(v)]. Let
W be a multiplicative group of the field, and let w be its
generator [a primitive element in GF(v)] [39]. Write v as
v=6t+1,t> 1, and for d, a divisor of v — 1, denote by W¢
the group of dth powers of w in GF(6¢ + 1), and by »'W¥? the
coset of dth powers of «'. Then the set {0’ W% |1 <i <t}
defines a (6¢+1,3,1) difference family [40,59]. In the
literature the base blocks are typically given in the form
{0, W' (w? — 1), o' (w* — 1)} rather than as {0, 0"t o't4}.

An alternative combinatorial way of constructing a CDF
is proposed by Rosa [33]. Rosa’s method also generates a
(6t +3,3,1) CDF. In Ref. 53 a list of constructions for
rate-1 codes is given. The details are not given here, but
the parameters are the same as of Netto construction. In
Ref. 12 [p. 28] Colbourn noticed that this construction is
perhaps wrongly associated with Netto.

2.2.2. The Netto’s Second Construction. This construc-
tion [40] can be used to create a cyclic difference family
when the number of points v is a power of a prime, and
v = 7 (mod 12). Again let w be a generator of the multiplica-
tive group and let v =6t + 1,¢ > 1, and W¢ the group of
dth powers in GF(v), then the set {w* W% | 1 <i < ¢} defines
base blocks of the so called Netto triple system. The Netto
systems are very interesting because of the following prop-
erty. Netto triple systems on Z,, v power of a prime and
v = 19 (mod 24) are Pasch-free [32,45,46] (see also Ref. 12,
p- 214, Lemma 13.7), and as shown in Ref. 56 achieve the
upper bound on minimum distance. For example, consider
the base blocks of the Netto triple system difference family
on Z,(w = 3) where B; = {0, 14, 2}, B, = {0, 40, 18}, B3 =
{0, 16, 33}, B, = {0, 15,39}, B5 = {0, 6,7}, B¢ = {0, 11, 20},
and By = {0, 13, 8}. The resulting code is quasi-cyclic, has
dmin = 6, length b6 = 301 and R > 0.857.

2.2.3. Burratti Construction for k=4 and k = 5. For
k =4, Burratti’s method gives CDFs with v points,
provided that v is a prime and v = 1 mod 12. The CDF
is a set {w%B:1 <i <t}, where base blocks have the
form B = {0, 1, b, b%}, where w is a primitive element in
GF(v). The numbers b € GF(12¢ + 1) for some values of
v are given in Ref. 10. Similarly, for 2 =5, the CDF is
given as {w'®%B:1<i <t}, where B=1{0,1,b,b% b%},b¢
GF(20¢ + 1). Some Buratti designs are given in Ref. 10.

2.2.4. Finite Euclidean and Finite Projective Geome-
tries. The existence and construction of short designs
(b < 10%) is an active area of research in combinatorics.
The handbook edited by Colbourn and Dinitz [12] is an

excellent reference. The Abel and Greg Table 2.3 in Ref. 12
(pp. 41-42) summarizes the known results in existence of
short designs. However, very often the construction of
these design is somewhat heuristic or works only for a
given block size. In many cases such constructions give
a very small set of design with parameters of practical
interests. An important subclass of BIBDs are so-called
infinite families (Ref. 12, p. 67). The examples of these
BIBDs include projective geometries, affine geometries,
unitals, Denniston designs and some geometric equiva-
lents of 2-designs (see Refs. 2 and 12, V1.7.12). The known
infinite families of BIBD are listed in Table 1 [12,13]. Since
q is a power of a prime, they can be referred as to finite
Euclidean and finite projective geometries.

As we explained above, resolvable BIBDs are those
BIBDs that possess parallel classes of blocks. If the
blocks are viewed as lines, the analogy of BIBD and finite
geometry becomes apparent. It is important to notice that
not all BIBDs can be derived from finite geometries, but
this discussion is beyond the scope of the discussion here.
The most interesting projective and affine geometries are
those constructed using Gallois fields [GF(g)]. In a m-
dimensional projective geometry PG(m,q) a point a is
specified by a vector a = (gj)9<j<m, Where a; € GF(q). The
vectors a = (@))o<j<m, and Aa = (A@j)o<j<m, [A € GF(Q), A #
0] are considered to be representatives of the same point.
There are ¢V —1 nonzero tuples, and A can take
g — 1 nonzero values, so that there are (¢ —1) tuples
representing the same point. Therefore, the total number
of points is (¢™"! —1)/(g —1). The line through two
distinct points @ = (@j)o<j<m and b = (bj)o<j<m is incident
with the points from the set {ua + vb}, where u and v are
not both zero. There are ¢ — 1 choices for x and v, and
each point appears ¢ — 1 times in line {ua + vb}, so that
the number of points on a line is (g2 — 1)/(g — 1) =q + 1.
For example, consider the nonzero elements of GF(22) =
{0,1, w, w?} that represent the points of PG(2,4). The
triples a = (1, 0, 0), wa = (v, 0, 0), and w?a = («?, 0, 0), as
we ruled, all represent the same point. The line incident
with a and b=1(0,1,0) is incident with all of the
following distinct points: a, b,a+b={1,1,0},a + wb =
{1,w,0},a + w?b = (1, w?, 0). In the expression {ua + vb},
there are 4> — 1 = 15 combinations of © and v that are not
both zero, but each point has 4 — 1 = 3 representations,
resulting in 22 points on each line.

A hyperplane is a subspace of dimension m —1 in
PG(m, q); that is, it consists of the points satisfying a
homogenous linear equation Z )i-a;=0,% € GF(g). A

0<j<m

Table 1. Known Infinite Families of 2-(v, %, 1) Designs
k v

Parameter Name

n n > 2, -power of Affine geometries

a prime

q q

g+1 (@*—1)/(g—1) n>2, -power of Projective geometries
a prime

g+1 ¢+1 g-power of a Unitals

prime

2m 2Mm(28+1)—25 2<m<s Denniston designs
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projective plane of order ¢ is a hyperplane of dimension
m =2 in PG(m,q). It is not difficult to see that the
projective plane of order g is a BIBD[(¢® — 1)/(q — 1), q +
1,1]. The Euclidean (or affine) geometry EG(q,m) is
obtained by deleting the points of a one hyperplane
in PG(m,q). For example, if we delete a hyperplane
roao = 0, that is, the hyperplane with ay = 0, then the
remaining ¢™ points can be labeled by the m-tuples
a = (@j)1<j<m. Buclidean or affine geometry EG(qg,m) is
a BIBD(q?, q, 1) [37]. For more details, see Kou et al. [25].

2.2.5. Lattice Construction of 2-(v, k,1) Designs. In this
section we address the problem of construction of BIBDs
of large block sizes. As shown, the Buratti-type CDFs and
the projective geometry approach offer a quite limited set
of parameters and therefore a small class of codes. In this
section we give a novel construction of 2-(v, k,1) designs
with arbitrary block size. The designs are lines connecting
points of a rectangular integer lattice. The idea is to trade
a code rate and number of blocks for the simplicity of
construction and flexibility of choosing design parameters.
The construction is based on integer lattices as explained
below.

Consider a rectangular integer lattice L = {(x,y):0 <
x<k—-1,0<y<m-—1},wheremisaprime. Letl:L -V
be an one-to-one mapping of the lattice L to the point set
V. An example of such mapping is a simple linear mapping
l(x,y) =m-x+y+ 1. The numbers [(x,y) are referred to
as lattice point labels. For example, Fig. 3 depicts the
rectangular integer lattice with m = 7 and £ = 5.

A line with slope s, 0 < s <m — 1, starting at the point
(x, a), contains the points {(x,a + sx modm): 0 < x <k — 1},
0 <a <m —1. For each slope, there are m classes of
parallel lines corresponding to different values. In our

Figure 3. An example of the rectangular grid for m =7 and
k=5.

example, the lines of slope 1 are the points {1, 9, 17, 25, 33},
{2, 10, 18, 26, 34}, {3, 11, 19, 27, 35}, and so on. We assume
that the lattice labels are periodic in vertical (y) dimension.
The slopes 2, 3, ..., m can be defined analogously.

A set B of all k-element sets of V obtained by taking
labels of points along the lines with different slopes s,
0<s<m-—1is a BIBD. Since m is a prime, for each
lattice point (x,y) there is exactly one line with slope
s that go through (x,y). For each pair of lattice points,
there is exactly one line that passes through both points.
Therefore, the set B of lines is a 2-design. The block
size is k, number of blocks is b =m? and each point
in the design occurs in exactly m blocks. We can also
show [56] that the (m,%k =3) lattice BIBD is Pasch-
free. Consider a periodically extended lattice. The proof
is based on the observation that it is not possible to
draw the quadrilateral (no sides with infinite slope are
allowed) in which each point occurs twice. Figure 4 shows
one such quadrilateral. Without loss of generality, we
can assume that the ting point of two lines is (0,0).
The slopes of four lines in Fig. 4 are s,p,p +a/2, and
s —a/2. The points (0,0), (0,a), (2,2s), and (2,a + 2p) are
all different, and each occupies two lines. As long as
the remaining four points are concerned, they will be
on two lines in one of these three cases: (1)s =p +a/2
and s+a/2=a+p; (2)s=s+a/2 and p+a/2=p +a;
and 3)s=p+a and p+a/2=s+a/2 (all operations
are modulo m). Case 1 implies s — p = a/2, which means
that points (2,2s) and (2,a + 2p) are identical, which
is a contradiction. If both equalities in cases 2 and 3
were satisfied, then a would have to be 0, which would
mean that two leftmost points are identical, again a
contradiction.

By generalizing this result to £ > 3, we can conjecture
that the (m, k) lattice BIBDs contain no generalized Pasch
configurations. The lattice construction can be extended
to nonprime vertical dimension m, but the slopes s and m
must be coprime.

Figure 5 shows the growth of the required code length
with a lower bound on a minimum distance as a parameter.

(2,a+2p)
(1,s+al2)

|
|
|
|
|
|
i
|
0
|
|
|
|
|
i
|
O (2,29)

i

|

|

|

|

|

Figure 4. Quadrilateral in a lattice finite geometry.
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3. APPLICATIONS OF LDPC CODES TO PERPENDICULAR
RECORDING SYSTEMS

In this section we consider the performance of LDPC
codes based on random and deterministic constructions
in perpendicular recording systems. First we give a brief
description of the perpendicular recording channel model.

3.1. Perpendicular Recording System

The write head, the magnetic medium, and the read head
constitute the basic parts of a magnetic recording system.
The binary data are written onto the magnetic medium by
applying a positive or negative current to the inductive
write head, creating a magnetic field that causes the
magnetic particles on the media to align themselves in
either of two directions. During playback, the alignment
of the particles produces a magnetic field rising that
produces a voltage in the read head when it passes over the
media. This process can be approximated in the following
simplified manner.

If the sequence of symbols a; € C C {1} is written on
the medium, then the corresponding write current can be
expressed as

i(t) =Y (ar — ar-1)ult — KT.)
k

where u(t) is a unit pulse of duration 7', seconds. Assuming
the read-back process is linear, the induced read voltage,
V(¢), can be approximated as

Vt) =) arg(t—kT.)
k

Figure 5. The rate—length curve
for lattice designs with the mini-
mum distance as a parameter.

where g(¢) is the read-back voltage corresponding to an
isolated positive going transition of the write current
(transition response). For perpendicular recording systems
under consideration g(¢) is modeled as

2 (St
g = ﬁ./o e dx = erf(St)

where S = 2,/1n2/D and D is the normalized density of
the recording system. There are various ways one can
define D. In this work we define D as D = T5y/T., where
Tso represents the width of impulse response at a half of
its peak value.

In Figs.6 and 7, the transition and dibit response
gt +T./2) —gt—T./2)] of a perpendicular recording
system are presented for various normalized densities.

In our system, the received noisy read-back signal is
filtered by a lowpass filter, sampled at intervals of T,
seconds, and equalized to a partial response (PR) target.
Therefore, the signal at the input to the detector at the
kth time instant can be expressed as

2, = Zajfk—j + wi
J

where w;, is the colored noise sequence at the output of the
equalizer and {f;,} are the coefficients of the target channel
response. In this work we investigated PR targets of the
form (1 + D)" with special emphasis on n = 2, named PR2
case. The input signal-to-noise-ratio (SNR) is defined as
SNR = 10 x log,,(V;/0?), where V,, is the peak amplitude
of the isolated transition response which is assumed to
be unity.
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Amplitude

Figure 6. Transition response of a perpendicu-
lar recording channel.

0.4

Amplitude

0.3

0.2

0.1

Figure 7. Dibit response of a perpendicular record-
ing channel.

3.2. Simulation Results

We consider an iterative decoding scheme in which the
BCJR algorithm [1] is used on the channel trellis, and the
message-passing algorithm (MPA) is used for the decoding
LDPC codes. The decoding is established by iterating
between channel decoder and the outer LDPC decoder.
LDPC decoder performs four inner iterations prior to
supplying channel decoder with extrinsic information [17].

Throughout our simulations the normalized density
for the uncoded system was 2.0 and the coded system
channel density was obtained by adjusting with rate,
namely, channel density = D/R, where R is the rate of
the code.

In Fig. 8 we compare the performance of randomly
constructed LDPC codes for different column weights, J,
and rates. Random LDPC with J = 3 outperforms the
other two and does not show any error flooring effect.

In Fig.9 we compare Kirkman codes (J=3,v=
121,n =2420) and (J =3,v=163,n =4401) and the
random constructions with J = 3 and comparable block
lengths and rates. It is clear that the LDPC codes based
on Kirkman constructions show an earlier error floor than
do their random counterparts. However, the lower error
floor and less than 0.5 dB superior performance of random
LDPC codes over Kirkman types come at a much larger
implementation complexity penalty.
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Figure 8. Random LDPC codes with different weights.
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Figure 9. Random versus Kirkman LDPC codes.

Figure 10 makes a similar comparison between random
LDPC codes of weights 3 and 4, and lattice designs with
weights 4 and 5. As in Kirkman constructions, lattice
designs have a higher error floor than do their random
counterparts.

4. CONCLUSION

In this work we have presented various designs for
LDPC code constructions. We have shown that LDPC
codes based on BIBD designs can achieve very high rates
and simple implementation compared to their random
counterparts. We have analyzed the performance of these

codes for a perpendicular recording channel. We have
shown the tradeoff between BER performance, error floor,
and complexity via extensive simulations.
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1. INTRODUCTION

Providing quality of service (QoS) has been an important
issue in Internet engineering, as multimedia/real-time
applications requiring certain levels of QoS such as
delay/jitter bounds, certain amount of bandwidth and/or
loss rates are being developed. The current Internet
provides only best-effort service, which does not provide
any QoS. The Internet Engineering Task Force (IETF) has
proposed several service architectures to satisfy different
QoS requirements to different applications.

The Differentiated Services (Diffserv) architecture has
been proposed by IETF to provide service differentiation
according to customers’ service profile called service-level
agreement (SLA) in a scalable manner [1-4]. To provide
service differentiation to different customers (or flows),
the network needs to identify the flows, maintain the
requested service profile and conform the incoming traffic
based on the SLAs.

A simple Diffserv domain is illustrated in Fig. 1.
In a Diffserv network, most of the work for service
differentiation is performed at the edge of the network
while minimizing the amount of work inside the network
core, in order to provide a scalable solution. The routers
at the edge of the network, called boundary routers or
edge routers, may monitor, shape, classify, and mark
differentiated services code point (DSCP) value assigned
to specific packet treatment to packets of flows (individual
or aggregated) according to the subscribed service. The
routers in the network core forward packets differently to
provide the subscribed service. The core routers need to
provide only several forwarding schemes, called per-hop
behaviors (PHBs) to provide service differentiation. It is
expected that with appropriate network engineering, per-
domain behaviors (PDBs), and end-to-end services can be
constructed based on simple PHBs.

1.1. Differentiated Services Architecture

In the Diffserv network, we can classify routers into two
types, edge or boundary routers and core routers according
to their location. A boundary router may act both as
an ingress router and as an egress router depending
on the direction of the traffic. Traffic enters a Diffserv
network at an ingress router and exits at an egress router.
Each type of router performs different functions to realize
service differentiation. In this section, we describe each of
these routers with its functions and describe how service
differentiation is provided.

1.1.1. Boundary Router. A basic function of ingress
routers is to mark DSCPs to packets based on SLAs so that



@: Router

Figure 1. A Diffserv domain.

core routers can distinguish the packets and forward them
differently. When a packet arrives at an ingress router,
the router first identifies the flow to which the packet
belongs and monitors the flow to conform to its contract.
If it conforms to its contract, the packet is marked by
the DSCP of the contracted service. Otherwise, the packet
may be delayed, discarded, or unmarked to make injected
traffic conform to its contract.

An egress router may monitor traffic forwarded to other
domains and perform shaping or conditioning to follow
a traffic conditioning agreement (TCA) with the other
domains.

1.1.2. Core Router. In the Diffserv model, functions of
core routers are minimized to achieve scalability. A core
router provides requested PHB specified in the DS field
of the arriving packets. Currently, expedited forwarding
(EF) [3] and assured forwarding (AF) [4] PHBs have been
standardized by IETF.

To provide end-to-end QoS, we may consider flows that
transit over multiple network domains. While a hop-by-
hop forwarding treatment in a Diffserv domain is defined
by a PHB, Per-domain behavior (PDB) is used to define
edge-to-edge behavior over a Diffserv domain [5]. A PDB
defines metrics that will be observed by a set of packets
with a particular DSCP while crossing a Diffserv domain.
The set of packets subscribing to a particular PDB is
classified and monitored at an ingress router. Conformant
packets are marked with a DSCP for the PHB associated
with the PDB. While crossing the Diffserv domain, core
routers treat the packets based only on the DSCP. An
egress router may measure and condition the set of packets
belonging to a PDB to ensure that exiting packets follow
the PDB.

Drop probability
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1.1.3. Assured Forwarding PHB. Assured forwarding
(AF) PHB has been proposed in [4,6]. In the AFPHB,
the edge devices of the network monitor and mark
incoming packets of either individual or aggregated flows.
A packet of a flow is marked N (in profile) if the
temporal sending rate at the arrival time of the packet
is within the contract profile of the flow. Otherwise,
the packet is marked our (out of profile). Packets of
a flow can be hence marked both ™ and our. The
temporal sending rate of a flow is measured using time
sliding window (TSM) or a token bucket controller. v
packets are given preferential treatment at the time of
congestion; thus, our packets are dropped first at the time
of congestion.

Assured forwarding can be realized by employing RIO
(rep with mvour) drop policy [6] in the core routers. RIO
drop policy is illustrated in Fig. 2. Each router maintains a
virtual queue for v packets and a physical queue for both
IN and out packets. When the network is congested and
the queue length exceeds minTh_OUT, the routers begin
dropping our packets first. If the congestion persists even
after dropping all incoming our packets and the queue
length exceeds minTh_IN, v packets are discarded. With
this dropping policy, the RIO network gives preference
to v packets and provides different levels of service
to users per their service contracts. Different marking
policies [7—9] and correspondingly appropriate droppers
have been proposed to improve the flexibility in providing
service differentiation.

1.1.4. Expedited Forwarding PHB. Expedited forward-
ing (EF) PHB was proposed [3] as a premium service for
the Diffserv network. The EFPHB can be used to guar-
antee low loss rate, low latency, low jitter, and assured

- : Que. length

minTh_OUT  maxTh_OUT minTh_IN maxTh_IN

Figure 2. RED IN/OUT (RIO) drop policy.
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throughput like a “virtual leased line.” According to Jacob-
son et al. [3], the departure rate of the EF traffic measured
over any time interval equal to or longer than a packet time
should equal or exceed a configurable rate independent of
the intensity of any other traffic.

However, there is evidence [10] that the original
EFPHB configuration in Ref. 3 is too strict and hard to
implement in practice. In a network where there are many
connections frequently established, closed, merged and
split, it is hard to maintain each node’s arrival rate to
be less than its departure rate at timescales required by
the EFPHB. Alternatively, it has been proposed [10-12]
that the EFPHB should be redefined as “a forwarding
treatment for a particular Diffserv aggregate where the
node offers to the aggregate a packet scale rate guarantee
R with latency E, where R is a configurable rate and
E is a tolerance that depends on the particular node
characteristics.” In a network providing packet scale rate
guarantees, any EF packet arriving at a node at time ¢ will
leave the node no later than at time ¢ + @ /R + E, where @
is the total backlogged EF traffic at time ¢. Here note that
@ is zero in the original EF configuration since the arrival
rate is less than the departure rate at any node at any
given time.

Several types of queue scheduling schemes (e.g., a
priority queue, a single queue with a weighted round-
robin scheduler, and class-based queue [13]) may be used
to implement the EFPHB.

It is important to understand the QoS delivered
to individual applications by the extra support and
functionality provided by a Diffserv network. In the next
two sections, we present throughput analysis of AFPHB
and delay analysis of EFPHBs.

2. TCP PERFORMANCE WITH AFPHB

Popular transport protocol TCP reacts to a packet loss by
halving the congestion window and increases the window
additively when packets are delivered successfully [14].
This AIMD congestion control policy makes the throughout
of a TCP flow highly dependent on the dropping policy
of the network. With AFPHB, service differentiation is
realized by providing different drop precedences, and
thus, TCP throughput with AFPHB is an interesting
issue.

In Fig. 3, we present a simulation result using ns-2 [15]
to show realized TCP throughput in a simple network
with AFPHB. In this simulation, there are five TCP flows
sharing one 4-Mbps bottleneck link. Each flow contracts
bandwidth {0, 0.1, 0.5, 1, 2} Mbps with network provider.
From the figure, it is shown that flows with higher contract
rates get higher throughput than flows with lower contract
rates. However, it is also shown that the flows with 2 Mbps
contract rate do not reach 2 Mbps while flows with 0- and
0.1-Mbps contract rates exceed their contract rates.

Similar results have been reported in the litera-
ture [9,16,17], and it has been also shown that it is
difficult to guarantee absolute bandwidth with a simple
marking and dropping scheme [18]. There is a clear need
to understand the performance of a TCP flow with the
AFPHB.

2 T ' '
18| Contract rate
- Achieved rate

Achieved rate (Mbps)

0 I I I
0 0.5 1 1.5 2

Contract rate (Mbps)

Figure 3. Realized TCP throughput with AFPHB.

In a steady state, a flow can experience different levels
of congestion on the basis of its contract rate and the
network dynamics. A flow that experiences no N packet
drops is said to observe an undersubscribed path. A flow
that does not transmit any our packets either because
every outr packet is dropped or because the sending rate
is less than the contract profile is said to observe an
oversubscribed path. In a reasonably configured network,
however, IN packets are expected to be protected, and only
out packets may be discarded. In this section, we focus on
the model for undersubscribed path.!

The steady-state TCP throughput, B is given by [19]

3k 2 . w
IRTT ( Do +R) if R > B
B= (1
L ( R? + 6 +R) otherwise
2RTT Pout

where k is the packet size, po is the drop rate of
our packets R is the reservation window defined as
(contract rate/packet size x RTT), and W is the maximum
congestion window size in steady state. From Eq. (1),
B is proportional to the contract rate and inversely
proportional to drop rate.

To illustrate the model described above, we present
Fig. 4, where results from the model are compared with
simulations. In the simulation, there are 50 TCP flows
sharing a 30-Mbps link. Contract rate of each flow is
randomly selected from 0 to 1 Mbps. In the figure, squares
indicate simulation results, and stars indicate estimated
throughput from the model. It is observed that the model
can estimate TCP throughput accurately.

To discuss the interaction between contract rate
and realized throughput more in depth, we define the

1To develop a model for a general situation where both IN and
ouT packets are dropped, a model for an oversubscribed path is
also required. For the general model, please refer to Ref. 19.



excess bandwidth B, as the difference between realized
throughput and its contract rate. It is given by

k [ 2 . w
m(S IE—R) 1fRZ§

R2 + - R) otherwise

2RTT ( DPout

If B. of a flow is positive, this means that the flow
obtains more than its contract rate. Otherwise, it does
not reach its contract rate. From (2) and Fig. 4, we can
observe that

e When a flow reserves relatively higher bandwidth
(R > /2/pout), B, is decreased as the reservation
rate is increased. Moreover, if R is greater than
3/2/Dpout (see line C in Fig. 4), the flow cannot reach
its reservation rate.

e When a flow reserves relatively lower bandwidth
(R < \/2/pout; see line B in Fig. 4), it always realizes
at least its reservation rate. As it reserves less
bandwidth, it obtains more excess bandwidth.
TCP’s multiplicative decrease of sending rate after
observing a packet drop results in a higher loss of
bandwidth for flows with higher reservations. This
explains the observed behavior.

e Equation (2) also shows that as the probability of
our packet drop decreases, the flows with smaller
reservation benefit more than do the flows with
larger reservations. This points to the difficulty in
providing service differentiation between flows of
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Figure 4. Observations from the model.
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different reservations when there is plenty of excess
bandwidth in the network.

e The realized bandwidth is observed to be inversely
related to the RTT of the flow.

e For best-effort flows, R = 0. Hence, B.(= k/6/pout/
2RTT; see line D in Fig. 4) gives the bandwidth likely
to be realized by flows with no reservation.

o Comparing the above mentioned best-effort band-
width when R > ,/2/pou, we realize that the reser-
vation rates larger than 3.5 times the best-effort
bandwidth cannot be met.

e Equation (2) clearly shows that excess bandwidth
cannot be equally shared by flows with different
reservations without any enhancements to basic RIO
scheme or to TCP’s congestion avoidance mechanism.

When several TCP flows are aggregated, the impact
of an individual TCP sawtooth behavior is reduced,
and the aggregated sending rate is stabilized. If the
marker neither maintains per-flow state nor employs
other specific methods for distinguishing individual
flows, an arriving packet is marked v with the
probability, p,,(= contract rate/aggregated_sending rate).
In the steady state, p,, is approximately equal for all the
individual flows. A flow sending more packets then gets
more IN packets, and consequently, the contract rates
consumed by individual flows is roughly proportional
to their sending rates. We call this marking behavior
proportional marking.

With the assumptions that all packets of aggregated
flows are of the same size, &, a receiver does not employ
delayed ack, and the network is not oversubscribed, the
throughput of the ith flow and the aggregated throughput
B, of n flows are given in [19] by

m; 3ra 3k

B= A 2, 3)
> m
j=1

4 4

3k

BA=ZBi=ZZmi 4)
i—1

i=1

where r4 is the contract rate for the aggregated flows, and
m; is (1/RTT;)/(2/p;).

Equation (3) relates the realized throughput of an
individual flow to the aggregated contract rate ro and
the network conditions (RTT; and p;) observed by various
flows within the aggregation. From (4), B, (the excess
bandwidth) of aggregated flows is calculated as follows

BezgrA‘*'Bs_rA:Bs_irA (5)

where B, = % Z m;, and it is approximately the through-
i=1

put which the aggregated flows can achieve with zero

contract rate (r4 = 0). According to the analysis above, the

following observations can be made:

o The total throughput realized by an aggregation is
impacted by the contract rate. The larger the contract
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rate, the smaller the excess bandwidth claimed by the
aggregation.

o When the contract rate is larger than 4 times B;, the
realized throughput is smaller than the contract rate.

o The realized throughput of a flow is impacted by
the other flows in the aggregation (as a result of
the impact on p,) when proportional marking is
employed.

o The total realized throughput of an aggregation is
impacted by the number of flows in the aggregation.

There are two possible approaches for enhancing better
bandwidth differentiation with AFPHB. The first approach
tries to enhance the dropping policy of the core routers [20]
while the second approach tries to enhance the marking
policies of the edge routers [7-9,21]. Below, we briefly
outline one approach of enhancing the edge markers.

2.1. Adaptive Marking for Aggregated TCP Flows

The Diffserv architecture allows aggregated sources as
well as individual sources [2]. When several individual
sources are aggregated, output traffic of the aggregation
is not like traffic of one big single source in the following
respects: (1) each source within the aggregation responds
to congestion individually, and (2) the aggregation has
multiple destinations, and each source within the
aggregation experiences different delays and congestion.
Therefore, when we deal with aggregated sources in the
Diffserv network, we need to consider not only the total
throughput achieved by the aggregated sources but also
the throughput achieved by individual flows.

Given individual target rates for each flow, how does one
allocate a fixed aggregate contract rate among individual
flows within the aggregation under dynamic network
conditions? The most desirable situation is to guarantee
individual target rates for all the flows. However, there
exist situations in which some targets cannot be met:
(1) when there is a severe congestion along the path and
the current available bandwidth is less than the target
and (2) when the contract rate is not enough to achieve
the target. If we try to achieve the target by increasing the
marking rate of an individual flow, the congestion along
that flow’s path may become more severe and result in
wasting contracted resources of the aggregation. This is
undesirable for both customers and service providers.

To solve this problem, an adaptive marking scheme has
been proposed [21]. The proposed scheme achieves at least
one of the following for all the flows in an aggregation:

1. Individual target rate when it is reachable.

2. Maximized throughput without v packet loss when
the current available bandwidth is less than the
individual target rate.

3. Throughput achieved with a fair marking rate M /n,
where M and n are the total marking rate and the
number of flows within the aggregation, respectively.

These three goals correspond to (1) meeting individual
flow’s BW needs, (2) maximization of utility of the

4
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Figure 5. Multihop topology.

aggregated contract rate, and (3) fairness among the flows
within the aggregation.

To observe how the marking rate is adjusted and an
individual flow achieves its target rate, we conducted a set
of simulations. We consider a multihop path as shown in
Fig. 5. There are n routers, and cross traffic is injected to
this network at the ith router and exits at the (i + 1)th
router.

In the simulation, we set the link capacity at 3 Mbps
and use 10 TCP flows for cross traffic. The contract rate
for each TCP flow is randomly selected from O to 1 Mbps,
and the total contract of cross-traffic is 2.7 Mbps, so that
the subscription level is 90%. The number of routers (n) is
5. For the tagged flow, we use a single TCP flow.

First, to observe path characteristics, we use a static
contract rate for the tagged flow. We vary the contract
rate from 0 to 0.8 Mbps. In Fig. 6, the solid line shows the
achieved rate with static marking rate, and the dashed
line indicates that the achieved rate is equal to 75% of the
marking rate. The achieved rate increases as the marking
rate increases up to 0.5 Mbps. However, the achieved rate
does not increase beyond the 0.55-Mbps marking rate.
In this example, the maximum achievable rate is about
0.42 Mbps.

Now the tagged flow is an individual flow within an
aggregation with aggregated contract rate. The marker
for the aggregation employs the adaptive marking. We
vary the target rate for the tagged flow from 0.1 to
0.5 Mbps. Figure 6 shows the results. In each figure, dots
indicate instantaneous marking and achieved rate, and
a square shows the average. In this path, a flow gets
0.15 Mbps with zero contract rate. When the target rate is
0.1 Mbps (Fig. 6a), the marking rate stays around zero.
When the target rate is achievable (<0.42 Mbps), the
adaptive marking scheme finds the minimum marking
rate to realize the target rate (Fig. 6a,b). In Fig. 6¢, the
marking rate stays below 0.55 Mbps to avoid wasting
resources when the target is unachievable.

We present one other experiment to show the utility
of the adaptive marker in reducing bandwidth differences
due to RTTs as described by the model earlier. We use
a topology in which 40 TCP flows are aggregated and
compete in a 25-Mbps bottleneck link. The aggregated
contract rate is 10 Mbps. The RTT (excluding queueing
delay) of each flow is randomly selected from within
50-150 ms. Figure 7 shows the result. The adaptive
marker effectively removes RTT bias of TCP flows
and realizes QoS goals of individual flows within the
aggregation.

The adaptive marker addresses the important prob-
lem of establishing a relationship between per-session
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behavior, aggregate packet marking, and packet differ-
entiation within a differentiated services network. The
adaptive marking algorithm is based on the TCP per-
formance model within Diffserv networks. The adaptive
marker enables reaching specific QoS goals of individual
flows while efficiently managing the aggregate resources.
Moreover, it shows that with appropriate edge devices, it is
possible for applications to realize bandwidth guarantees
utilizing the AFPHB.

3. DELAY ANALYSIS OF THE EFPHB

The EFPHB is proposed to provide low delay, jitter, and
loss rate. Low loss rate is easily achievable with strict
admission control and traffic conditioning. Regarding the
EFPHB, providing low delay and jitter is an important
issue and has been widely studied. In this section, we
introduce studies on delay analysis of the EFPHB and
present some experimental work for practical performance
evaluation of the EFPHB.
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3.1. Virtual Wire Service

Virtual wire (VW) service aims to provide a very low end-
to-end delay jitter for flows subscribing to the EFPHB [22].
More precisely, as the term, virtual wire suggests, VW
service is intended to “mimic, from the point of view of
the originating and terminating nodes, the behavior of a
hard-wired circuit of some fixed capacity [22].”

To provide VW service, the following two conditions
are required: (1) each node in the domain must implement
the EFPHB, and (2) conditioning the aggregate so that it’s
arrival rate at any node is always less than that node’s
departure rate. If the arrival rate is less than the virtual
wire’s configured rate, packets are delivered with almost
no distortion in the interpacket timing. Otherwise, packets
are unconditionally discarded not to disturb other traffic.

In [22], a jitter window is defined as the maximum time
interval between two consecutive packets belonging to a
flow so that the destination cannot detect delay jitter.
Consider a constant-bit rate (CBR) flow with rate R. The
packets of the flow arrive at an egress router through a
link of bandwidth B(= nR) and leave to their destination
through a link of bandwidth R as shown in Fig. 8.

Let’s consider two consecutive packets: Py and P;. To
transmit P; immediately after transmitting Py and to hide
jitter, the last bit of P; should arrive at the node before 7.
T, is the time when the last bit of Py leaves the node and
is calculated by

S
T,=To+ 7 (6)
where S is the packet size. Then, the jitter window, A, is
given by
aoS S8 (1 o
"R B R n

Generally, a packet experiences propagation, transmis-
sion, and queueing delay while traveling a network path.
As long as the path is identical, propagation and transmis-
sion delay are the same. Therefore, as long as the sum of
queueing delays that a packet observes in an EF domain
is less than A, the destination does not observe jitter.

There are three possible sources of queueing delay of a
VW packet: (1) non-EF packets ahead of the packet in a
queue, (2) the previous VW packet of the same flow, and
(3) VW packets of other flows. In a properly configured EF
domain, the arrival rate of the EF traffic should be less
than the departure rate at any node. Then, the queueing
delay caused by the other EF traffic (cases 2 and 3) is zero.

In an EF domain, EF and non-EF packets are separately
queued, and EF packets are serviced at a higher priority.
Therefore, case 1 occurs only when an EF packet arrives

Jitter
0. 1.
n Window n

OOUt 1 out

Time

Figure 8. Jitter window.

at a node that is serving a non-EF packet. The worst-case
delay occurs when the EF packet arrives immediately after
the node begins to send a non-EF packet, and it is S/B,
where S is the packet size. From (7), n should be at least 2
in order to satisfy the jitter window, and which means that
the bandwidth assigned to EF traffic should be configured
to be less than half of the link bandwidth.

3.2. Packet-Scale Rate Guarantee

Packet-scale rate guarantee service has been proposed to
analyze and characterize the delay of the EFPHB more
precisely [10—12]. A node is said to provide packet-scale
rate guarantee R with latency E if, all j > 0, the jth
departure time, d(j), of the EF traffic is less than or equal
to F(j) + E, where F(j) is defined iteratively by

F0)=0,d0)=0 (8a)
Forall j>O0:

F () = max|a(j), min{d(j — 1), FG — 1)}] + LT(]) (8b)

where a(j) is the arrival time of the jth packet of
length L(j).

If a node provides packet-scale rate guarantee, it has
been shown [10] that any EF packet arriving at a node
at time ¢ will leave that node no later than at time
t+ Q/R + E, where @ is the total backlogged EF traffic at
time ¢. This property infers that a single-hop worst delay is
bounded by B/R + E, when all input traffic is constrained
by a leaky-bucket regulator with parameters (R, B), where
R is the configured rate, and B is the bucket size. Note
that E, is the error term for processing individual EF
packets.

If every node in a Diffserv domain regulates its EF
input traffic with the maximum burst size B, then
the worst case delay of each packet crossing A hops
is just h times the single hop delay. However, the
Diffserv architecture performs traffic conditioning only
at the ingress and not in the interior. As a result, it
is possible for bursty traffic larger than B to arrive
at a node in the network even if the EF traffic has
been regulated initially at the ingress. This problem
may be solved by appropriately distributing traffic and
limiting the number of hops traversed by each flow.
Therefore, we need to consider topology constraints as
well as ingress traffic conditioning when designing an
EF service. Topology-independent utilization bounds have
been obtained for providing bounded delay service that
take network diameter into account [23].

3.3. QBone and Practical Performance Evaluation

QBone (Quality of Service Backbone) has been constructed
by Internet2 QoS Working Group to provide an inter-
domain testbed for Diffserv [24]. Currently, the EFPHB
has been implemented, and the QBone Premium Service
(QPS) [25] using the EFPHB is available.

To use the QPS, customers should provide their traf-
fic information, {source, dest, route, startTime,
endTime, peakRate, MTU, jitter}. This information



is required to configure EF nodes [3]. The parameter
route specifies a DS-domain-to-DS-domain route. The
parameters startTime and endTime denote the time
duration of the traffic, peakRate is the peak rate of
the traffic, MTU is the maximum transmission unit, and
jitter is the worst-case jitter required. QPS traffic is
regulated at an ingress node by a token bucket profiler
with token rate of peakRate and bucket depth of MTU.

The QPS provides low loss rate, low queueing delay,
and low jitter as long as the traffic arriving at the ingress
node conforms to its token bucket profile. It is necessary
to discard the nonconformant packets or to reshape them
in order to achieve the desired QoS.

QBone enables us to evaluate and analyze the
Diffserv performance more practically through large scale,
interdomain experiments. An interesting experiment
with video streaming applications has been conducted
for observing end-to-end performance of the Diffserv
network [26]. Here we present a summary of the
experiment and results.

3.3.1. Video Streaming Applications in Diffserv Net-
works. With faster computer networks and improved
compression schemes, video streaming applications are
becoming popular. To improve quality of video playback
on a given network, the applications deploy new technolo-
gies such as FEC (forward error correction) and layered
coding to adjust to network dynamics. However, there is
a limit to improving the quality without any QoS support
from the network. To play back video clips seamlessly, a
certain amount of bandwidth, bounded jitter, and low loss
rate are required. Therefore, video streaming applications
can be good target applications of a Diffserv network.

Experiments with video streaming applications in a
Diffserv network with EFPHB have been performed [26].
A local network with several routers configured for
EFPHB connected to the QBone network was used
as a testbed. Quality index and frame loss rate were
measured with various token rates and bucket sizes
at ingress router policers. Quality index was measured
by a variant of ITS (Institute of Telecommunication
Sciences) video quality measurement (VQM) tool [27].
The VQM captures features of individual and sequence
of frames from both the received and original streams,
and measures the difference between them. The VQM
was originally developed to measure quality of television
and videoconferencing systems. The variant was modified
from the VQM for measuring quality of video stream
transmitted over IP networks.

From the experiments and measurements, interesting
relationship between video quality and token bucket
parameters of EF ingress policer have been observed:
(1) the quality of video stream can be controlled by the
ingress policer, (2) frame loss rate itself does not reflect
the quality of the video stream, (3) the token rate should
be configured to be larger than the video encoding rate
for achieving acceptable quality, and (4) a small increase
of bucket depth may result in substantial improvement of
the video quality.

The first observation confirms that the Diffserv
network can provide service differentiation to real-world
applications.
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4. NOVEL AND OTHER QoS

The Diffserv framework is still in development, and new
services are constantly being proposed. In this section, we
introduce some of the proposals receiving attention.

4.1. A Bulk Handling Per-Domain Behavior

Some applications need to transfer bulk data such as movie
files or backup data over the network without any timing
constraints. These transfers do not need any assurance as
long as they are eventually completed. A bulk-handling
(BH) per-domain behavior (PDB) has been proposed [28]
for supporting such traffic. It is reasonable to exclude
such traffic from best-effort traffic in order to prevent
competition with other valuable traffic.

BHPDB traffic has the lowest priority in a Diffserv
network. A BH packet is transferred only when there is
no other packet. In the presence of other traffic, it may
be discarded or delayed. To implement the BHPDB, only
marking for PDB is enough. Policing or conditioning is
not required since there is no configured rate, reserved
resources or guarantees. BHPDB traffic is different from
best-effort (BE) traffic in that there are at least some
resources assigned to BE traffic.

4.2. An Assured Rate Per-Domain Behavior

An assured rate (AR) PDB has been proposed [29]. The
ARPDB provides assured rate for one-to-one, one-to-few,
or one-to-any traffic. Here one-to-one traffic means traffic
entering a network at one ingress router and exiting at one
egress router, and one-to-few traffic means traffic having
more than one fixed egress routers. One-to-any traffic
refers to traffic entering at one ingress router and exiting
at multiple (any) egress routers. Assured rate can be
implemented using the AFPHB.

The ARPDB is suitable for traffic requiring certain
amount of bandwidth but no delay bounds. A possible
example service with the ARPDB is VPN (virtual private
network) services with one-to-few traffic. One-to-any
service of the ARPDB can be used to deliver multicast
traffic with a single source, but appropriate traffic
measurement should be supported since packets in a
multicast are duplicated in the interior of the network
and the total amount of traffic at the egress routers may
be larger than the amount of traffic at the ingress router.
The ARPDB stipulates how packets should be marked and
treated across all the routers within a Diffserv domain.

4.3. Relative Differentiated Services

Relative differentiated service has been proposed [30] to
provide service differentiation without admission control.
The fundamental idea of the relative differentiated
services is based on the fact that absolute service
guarantees are not achievable without admission control.
In such cases, only relative service differentiation can be
provided since network resources are limited.

A proportional delay differentiation model, which pro-
vides delays to each class on the basis of a proportionality
constraint, has been proposed [30]. Backlog-proportional
rate schedulers and waiting-time priority schedulers [31]
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were proposed as candidate schedulers for such service.
Both schedulers were shown to provide predictable and
controllable delay differentiation independent of the vari-
ations of loads in each class. A proportional loss rate model
has also been proposed and evaluated [32].

5. SUMMARY

We have presented the basic architecture of Diffserv
networks and showed how service differentiation can be
achieved in such networks. The AFPHB has been shown
to enable us to realize service differentiation in TCP
throughput with appropriate edge marking devices. The
EFPHB has been proposed to provide low delay, jitter,
and loss rate. While simple scheduling schemes such as
priority queueing and class-based queueing are enough to
implement the EFPHB in the network core, considerable
work in traffic policing and shaping at the network edge
is required. Initial experience on QBone points to the
possibility that applications can realize the necessary QoS
in Diffserv networks. Much research work is in progress
in identifying and improving various aspects of a Diffserv
network, particularly in traffic management, admission
control and routing.
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DIGITAL AUDIOBROADCASTING

RAINER BAUER
Munich University of
Technology (TUM)
Munich, Germany

1. INTRODUCTION

The history of broadcasting goes back to James Clerk
Maxwell, who theoretically predicted electromagnetic
radiation in 1861; and Heinrich Hertz, who experimentally
verified their existence in 1887. The young Italian
Guglielmo Marconi picked up the ideas of Hertz and
began to rebuild and refine the Hertzian experiments and
soon was able to carry out signaling over short distances
in the garden of the family estate near Bologna. In the
following years the equipment was continuously improved
and transmission over long distances became possible.
The first commercial application of radio transmission
was point-to-point communication to ships, which was
exclusively provided by Marconi’s own company. Pushed
by the promising possibilities of wireless communication
the idea of broadcasting soon also came up. The first
scheduled radio program was transmitted by a 100-W
transmitter at a frequency around 900 kHz in Pittsburgh
late in 1920.

The installation of more powerful transmitters and
progress in receiver technology led to a rapidly increasing
number of listeners. A milestone in broadcasting history
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was the invention of frequency modulation (FM) by
Armstrong in the 1930s and the improvement in audio
quality that came along with the new technology. Because
FM needed higher transmission bandwidths, it was
necessary to move to higher frequencies. While the first FM
radio stations in the United States operated at frequencies
around 40 MHz, today’s FM radio spectrum is located in
the internationally recognized VHF FM band from 88
to 108 MHz. Although the reach of the FM signals was
below that of the former AM programs, due to the shorter
wavelength of the FM band frequencies, broadcasters
adopted the new technology after initial skepticism and
the popularity of FM broadcasting grew rapidly after its
introduction.

The next step toward increased perceived quality was
the introduction of stereobroadcasting in the 1960s. Con-
stant advances in audiobroadcasting technology resulted
in today’s high-quality audio reception with analog trans-
mission technology. So, what is the reason for putting in a
lot of time and effort into developing a new digital system?

In 1982 the compact disk (CD) was introduced and
replaced the existing analog record technology within just
a few years. The advantages of this new digital medium
are constant high audio quality combined with robustness
against mechanical impacts. The new technology also
resulted in a new awareness of audio quality and the
CD signal became a quality standard also for other audio
services like broadcasting.

Using good analog FM equipment, the audio quality
is fairly comparable to CD sound when the receiver
is stationary. However, along with the development of
broadcasting technology, the customs of radio listeners
also changed. While at the beginning, almost all receivers
were stationary, nowadays many people are listening to
audiobroadcasting services in their cars, which creates
a demand for high-quality radio reception in a mobile
environment. This trend also reflects the demand for
mobile communication services, which has experienced
a dramatic boom.

Due to the character of the transmission channel, which
leads to reflections from mountains, buildings, and cars,
for example, in combination with a permanently changing
environment caused by the moving receiver, a number
of problems arise that cannot be handled in a satisfying
way with existing analog systems. The problem here is
termed multipath propagation and is illustrated in Fig. 1.
The transmitted signal arrives at the receiver not only
via the direct (line-of-sight) path but also as reflected and
scattered components that correspond to different path
delays and phase angles. This often results in severe
interference and therefore signal distortion.

Another drawback is interference caused by transmis-
sion in neighboring frequency bands (adjacent-channel
interference) or by transmission of different programs
in the same frequency with insufficient spacial distance
between the transmitters (cochannel interference).

The tremendous progresses in digital signal processing
and microelectronics in the 1980s initiated a trend to
supplement and even substitute existing analog systems
with digital systems. Introduction of the compact disk
was already mentioned above, but a change from analog
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Figure 1. Scenario with multipath propagation.

to digital systems also took place in the field of
personal communications. This was seen, for example,
in the introduction of ISDN (Integrated Services Digital
Network) in wireline communications and also in GSM
(Global System for Mobile Communications) for personal
mobile communications. The latter system caused a
rapidly growing market for mobile communications
systems and drove the development of new high-
performance wireless communication techniques.

Several advantages of digital systems suggest the appli-
cation of digital techniques also in broadcasting, which
is still dominated by analog systems [1]. For instance,
advanced digital receiver structures and transmission and
detection methods are capable of eliminating the distor-
tions caused by multipath propagation, which enables
high-quality reception also in mobile environments.

To use the available frequency spectrum in an efficient
way, the digitized audio signals can be compressed
with powerful data reduction techniques to achieve
a compression factor of up to 12 without perceptible
degradation of audio quality compared to a CD signal.

Techniques such as channel coding to correct trans-
mission errors are applicable only to digital signals. These
methods allow an error free transmission even when errors
occur on the transmission channel.

With advanced signal detection and channel coding
techniques, a significantly lower signal to noise ratio is
sufficient in producing a particular sound quality when
compared to equivalent analog transmission systems. This
results in lower transmission power and therefore reduced
costs and also less “electromagnetic pollution,” which has
recently become a topic of increasing importance and
relevance.

Another advantage of a digital broadcasting system
is its flexibility. While conventional analog systems are
restricted to audio transmission, a digital system can
also provide other services besides audio transmission
and is therefore open to trends and demands of
the future. In combination with other digital services
such as Internet or personal communications, a digital
broadcasting technology further supports the convergence
of information and communication techniques. Also
there is a change of paradigm in the way we obtain
information in everyday life. The growing importance of
the Internet obliterates the boundaries between individual

and mass communications. Broadcasting will have to face
competition with other communication networks that have
access to the consumer. To meet future demands, it is
necessary to introduce digital broadcasting systems.

2. SYSTEM ASPECTS AND DIFFERENT APPROACHES

Besides technical aspects, the introduction of a digital
audiobroadcasting system must also meet market issues.
The transition from an analog to a digital system has
to take place gradually. Users have to be convinced
that digital audiobroadcasting has significant advantages
compared to analog systems in order to bring themselves
to buy new digital receivers instead of conventional
analog ones. This can be obtained only by added value
and new services. On the other hand, the situation
of the broadcasters and network operators must be
considered. Simultaneous transmission of digital and
analog programs results in increasing costs that have
to be covered. Standards have to be adopted to guarantee
planning reliability to broadcasters, operators, and also
manufacturers [2].

2.1. An Early Approach Starts Services Worldwide

An early approach to standardize a digital audiobroad-
casting system was started in the 1980s by a European
telecommunication consortium named Eureka. In 1992
the so-called Eureka-147 DAB system was recommended
by the International Telecommunication Union (ITU) and
became an ITU standard in 1994. The standard is aimed at
terrestrial and satellite sound broadcasting to vehicular,
portable and fixed receivers and is intended to replace the
analog FM networks in the future. The European Telecom-
munications Standard Institute (ETSI) also adopted this
standard in 1995 [3].

The terrestrial service uses a multicarrier modulation
technique called coded orthogonal frequency-devision
multiplex (COFDM), which is described later in this article
along with other technical aspects of this system. With
this multiplexing approach up to six high-quality audio
programs (called an ensemble) are transmitted via closely
spaced orthogonal carriers that allocate a total bandwidth
of 1.536 MHz. The overall net data rate that can be
transmitted in this ensemble is approximately 1.5 Mbps



(megabits per second) [4]. Although originally a sound
broadcasting system was to be developed, the multiplex
signal of Eureka-147 DAB is very flexible, allowing the
transmission of various data services also. Because of the
spreading in frequency by OFDM combined with channel
coding and time interleaving, a reliable transmission can
be guaranteed with this concept. A further advantage
of the Eureka-147 system is the efficient use of radio
spectrum by broadcasting in a single-frequency network
(SFN). This means that one program is available at
the same frequency across the whole coverage area of
the network. In a conventional analog audiobroadcasting
environment, each program is transmitted on a separate
carrier (in FM broadcasting with a bandwidth of
300-400 kHz). If the network offers the same program
outside the coverage area of a particular transmitter
another frequency is usually used to avoid cochannel
interference. On the other hand, adjacent channels within
the coverage area of one transmitter are not used in order
to reduce adjacent-channel interference. This leads to a
complex network and requires a sophisticated frequency
management, both of which can be avoided with a single-
frequency network. The basic structures of a single-
frequency network and a multiple frequency network
are compared in Fig. 2. A further advantage of a single-
frequency network is the simple installation of additional
transmitters to fill gaps in the coverage.

To operate a system like Eureka-147 DAB dedicated
frequency bands have to be reserved because it cannot
coexist with an analog system in the same frequency
band. In 1992 the World Administrative Radio Conference
(WARC) reserved almost worldwide a 40-MHz wide
portion (1452—1492 MHz) of the L band for this purpose.
In several countries a part of the spectrum in the VHF
band III (in Germany, 223—240 MHz) is also reserved for
Eureka-147 DAB.

At present, the Eureka-147 DAB system is in operation
or in pilot service in many countries worldwide [5].

2.2. A System for More Flexibility

The strategy to merge several programs into one
broadband multiplex signal prior to transmission has

Figure 2. Conventional FM networks (a) and single-frequency
network (b).
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several advantages with respect to the received signal
quality. However, the ensemble format also shows
drawbacks that aggravate the implementation of Eureka-
147 DAB in certain countries. The broadcasting market
in the United States for example is highly commercial
with many independent private broadcasters. In this
environment it would be almost impossible to settle on
a joint transition scenario from analog to digital. Also, the
reserved frequency spectrum in the L band is not available
in the United States [6]. Therefore, a different system was
considered by the U.S. broadcasting industry. The idea was
that no additional frequency spectrum (which would cause
additional costs, because spectrum is not assigned but
auctioned off in the United States) should be necessary,
and the broadcasters should remain independent from
each other and be able to decide on their own when
to switch from analog to digital. A concept that fulfills
all these demands is in-band/on-channel (IBOC) digital
audiobroadcasting. In this approach the digital signal is
transmitted in the frequency portion to the left and the
right of the analog spectrum, which is left free to avoid
interference from nearby signals. The basic concept is
shown in Fig. 3. The spectral position and power of the
digital signal is designed to meet the requirements of the
spectrum mask of the analog signal. The IBOC systems
will be launched in an “hybrid IBOC” mode, where the
digital signal is transmitted simultaneously to the analog
one. When there is sufficient market penetration of the
digital services, the analog programs can be switched off
and the spectrum can be filled with a digital signal to
obtain an all-digital IBOC system.

After the merger of USA Digital Radio (USADR) and
Lucent Digital Radio (LDR) to iBiquity Digital Corp. there
is currently a single developer of IBOC technology in the
United States.

2.3. Digital Sound Broadcasting in Frequency Bands Below
30 MHz

The first radio programs in the 1920s were transmitted
at frequencies around 900 kHz using analog amplitude
modulation (AM). Although frequency modulation (FM),
which was introduced in the late 1930s and operated at
higher frequencies, allows a better audio quality, there
are still many radio stations, particularly in the United
States, that use the AM bands for audiobroadcasting. One
advantage of these bands is the large coverage area that

Power-
spectrum

Analog host
Digital sidebands

f

Figure 3. In-band/on-channel signaling.
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can be obtained because of the propagation conditions of
these frequencies. A major drawback, however, is the poor
sound quality, due to the limited bandwidth available in
these low-frequency bands.

On the other hand, the coverage properties still make
this frequency band attractive for audiobroadcasting. With
state-of-the-art audio compression technology and digital
transmission methods, the sound quality can be increased
to near FM quality.

In 1994 the European project (Narrow Band Digital
Broadcasting (NADIB)) started to develop concepts for a
digital system operating in the AM band. The international
consortium Digital Radio Mondiale (DRM) [7], which
was officially founded in 1998, began to develop an
appropriate system. Together with a second approach
proposed by iBiquity Digital Corp., the ITU finally gave
a recommendation that encompasses both systems for
digital sound broadcasting in the frequency bands below
30 MHz [8].

One major difference between both approaches is the
strategy to deal with existing analog AM signals. While
the DRM scheme is an all-digital approach that occupies
all frequencies within the channels with a bandwidth of 9
or 10 kHz or multiples of these bandwidths, the iBiquity
system applies the IBOC strategy described above for FM
systems.

2.4. Mobile Satellite Digital Audio Radio Services (SDARS)

While the intention of terrestrial digital audio broadcast-
ing technology is to replace existing analog radio in the
AM and FM bands, new satellite platforms are emerging
that are intended for mobile users. Previous satellite ser-
vices such as ASTRA Digital (a proprietary standard of
the satellite operator SES/ASTRA) or DVB-S, the satel-
lite distribution channel of the European DVB (Digital
Video Broadcasting) system, were designed to serve sta-
tionary users with directional satellite dishes. In 1999 the
WorldSpace Corp. started its satellite service to provide
digital high quality audio to emerging market regions such
as Africa, Asia, and South and Central America [9]. Orig-
inally developed to serve portable receivers, the system is
about to be expanded to mobile receivers as well.

Two systems that are targeting mobile users from the
beginning are the two U.S. satellite systems operated
by Sirius Satellite Radio Inc. and XM Satellite Radio Inc.,
which intended to launch their commercial service in 2001.
Both systems are based on proprietary technology [10].

The three systems differ in the orbital configurations
of their satellites. The complete WorldSpace network will
consist of three geostationary satellites (each using three
spot beams and serving one of the intended coverage areas
Africa, parts of Asia, and South and Central America). The
XM system uses only two geostationary satellites located
to guarantee optimum coverage of the United States. A
completely different approach was chosen for the Sirius
system, where three satellites in a highly elliptical orbit
rise and set over the coverage area every 16 h. The orbit
enables the satellites to move across the coverage area at
a high altitude (even higher than a geostationary orbit)
and therefore also provide a high elevation angle. Two of
the three satellites are always visible to provide sufficient

diversity when a direct signal to one of the satellites is
blocked.

To guarantee reception even in situations when the
satellite signal is totally blocked, for example, in tunnels or
in urban canyons, Sirius and XM use terrestrial repeaters
that rebroadcast the signal.

One major advantage of a satellite system is the
large coverage area. Regions with no or poor terrestrial
broadcasting infrastructure can be easily supplied with
high-quality audio services. On the other hand, it is
difficult to provide locally oriented services with this
approach.

2.5. Integrated Broadcasting Systems

Besides systems that are designed primarily to broadcast
audio services, approaches emerge that provide a technical
platform for general broadcasting services. One of these
systems is the Japanese Integrated Services Digital Broad-
casting (ISDB) approach, which covers satellite, cable, and
terrestrial broadcasting as distribution channels. ISDB is
intended to be a very flexible multimedia broadcasting
concept that incorporates sound and television and data
broadcasting in one system. The terrestrial component
ISDB-T, which is based on OFDM transmission technol-
ogy, will be available by 2003—-2005. A second scheme that
should be mentioned here is DVB-T, the terrestrial branch
of the European digital video broadcasting (DVB) system,
which is also capable of transmitting transparent services
but is not optimized for mobile transmission.

2.6. Which Is the Best System?

To summarize the different approaches in sound broad-
casting to mobile receivers, we have to consider the basic
demands of the respective market (both customer and
broadcaster aspects).

If the situation among the broadcasters is sufficiently
homogeneous, which allows the combination of several
individual programs to ensembles that are jointly
transmitted in a multiplex, then the Eureka-147 system
provides a framework for spectrally efficient nationwide
digital audiobroadcasting. By adopting this system, a
strategy for the transition from analog to digital that
is supported by all parties involved must be mapped out.

A more flexible transition from analog to digital with
no need for additional frequency bands is possible with
the IBOC approach. Also, small local radio stations can be
more easily considered using this approach.

However, if the strategy is to cover large areas with the
same service, then satellite systems offer advantages over
the terrestrial distribution channel.

3. THE EUREKA-147 DAB SYSTEM

Several existing and future systems have been summa-
rized in the previous section. In this section we focus on
Eureka-147 DAB as it was the first digital audiobroad-
casting system in operational service.

Eureka-147 DAB is designed to be the successor of
FM stereobroadcasting. It started as a proposal of a
European consortium and is now in operational or pilot



service in countries around the world [5]. Although several
alternative approaches are under consideration, right now
Eureka-147 DAB is the first all-digital sound broadcasting
system that has been in operation for years. When we refer
to DAB below, we mean Eureka-147 DAB. Some features
of the system are

e Data compression with MPEG-Audio layer 2
(MPEG — Moving Picture Experts Group) according
to the standards ISO-MPEG 11172-3 and ISO-MPEG
1318-3 (for comparison with the well-known audio
compression algorithm MP3, which is MPEG-Audio
layer 3).

e Unequal error protection (UEP) is provided to the
compressed audio data where different modes of pro-
tection are provided to meet the requirements of
different transmission channels, namely, radiofre-
quency transmission for a variety of scenarios or
cable transmission.

e The concept of (coded orthogonal frequency-devision
multiplex (COFDM)) copes very well with the
problem of multipath propagation, which is one of
the major problems in mobile systems. Furthermore,
this transmission scheme allows the operation of a
single-frequency network (SFN).

e The DAB transmission signal carries a multiplex
of several sound and data services. The overall
bandwidth of one ensemble is 1.536 MHz and
provides a net data rate of approximately 1.5 Mbps.
The services can be combined very flexibly within one
ensemble. Up to six high-quality audio programs or a
mixture of audio and data services can be transmitted
in one ensemble.

3.1.  General Concept

The basic concept of signal generation in a DAB system
is shown in Fig. 4. The input to the system may either
be one or several audio programs or one or several data

FIC data service
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services together with information about the multiplex
structure, service information, and so on. Audio and data
services form the main service channel (MSC), while
service and multiplex information are combined in the fast
information channel (FIC). Every input branch undergoes
a specific channel coding matched to the particular
protection level required by the channel. Data compression
is specified only for audio signals in the DAB standard.
Data services are transparent and are transmitted in
either a packet mode or a stream mode.

After additional time interleaving, which is skipped
in Fig. 4, audio and data services form the MSC, which
consists of a sequence of so-called common interleaved
frames (CIFs) assembled by the main service multiplexer.
The final transmission signal is generated in the
transmission frame multiplexer, which combines the MSC
and the FIC. Together with the preceding synchronization
information, OFDM symbols are formed and passed to the
transmitter.

In the following the main components of the block
diagram (flowchart) in Fig. 4 are explained in more detail.

3.2. Audio Coding

Since the bit rate of a high-quality audio signal (e.g., a CD
signal with 2 x 706 kbps) is too high for a spectral efficient
transmission, audio coding according to the MPEG Audio
layer 2 standard is applied. For a sampling frequency of
48 kHz the resulting bitstream complies with the ISO/TEC
11172-3 layer 2 format, while a sampling frequency of
24 kHz corresponds to ISO/IEC 13818-3 layer 2 LSF
(low sampling frequency). The main idea behind the
compression algorithms is utilization of the properties
of human audio perception, which are based on spectral
and temporal masking phenomena. The concept is shown
in Fig. 5, where the sound pressure level is plotted as
a function of frequency. The solid curve indicates the
threshold in quiet, which is the sound pressure level of a
pure tone that is barely audible in a quiet environment.
The curve shows that a tone has to show a higher level

Multiplex control data ”| Channel-
——f encoder
Sync.
channel
i genera
SN Channel-|__
encoder [~

; ; Main || \| Transmission OFDM
Audio- |:> Audio- Channel-|___ : ;

; > ——) service frame signal
service encoder encoder MUX MUX generator
Data- Packet , Channel- |
service |:> MUX encoder [~

Figure 4. Generation of the transmission signal.
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Sound pressure level L in dB

Threshold in quiet

Figure 5. Example for masking.

at very low and very high frequencies to be perceivable
than at medium frequencies around 3 kHz, where the
human auditory system is very sensitive. Besides the
threshold in quiet, each additional sound also creates
a masking pattern that is also depicted in the figure.
The shape of the pattern depends on the level and the
frequency of the underlying sound. A general observation
is that the slope of the masking pattern is steeper toward
lower frequencies than in the opposite direction. All sound
events that lie below this masking pattern (also indicated
in Fig. 5) are not perceivable by the human ear and
therefore do not have to be transmitted. Since a general
audio signal consists of a more complex spectrum, the
first step in audio coding is a transformation from the
time domain into the frequency domain. Each frequency
component creates a masking pattern by itself, and the
masking pattern of the overall signal can be calculated
by a superposition of the individual patterns. The signal
is divided into frequency bands in the spectral domain,
and each band is coded (quantized) separately in such a
way that the quantization noise lies below the masking
threshold in this band. By this technique the quantization
noise can be shaped along the frequency axis, and the
overall bit rate that is necessary to represent the signal
can be reduced.

A simplified block diagram of the audio encoder is
shown in Fig. 6. For processing, the sampled signal is
divided into segments of length 24 or 48 ms, respectively.

.05 0.1 0.2 0.5 1 2 5 10 20

Frequency f in kHz

Each segment is then transformed from the time domain
into the frequency domain by a filter bank with 32
subbands. In parallel, the masking threshold is calculated
for each segment in a psychoacoustic model. The subband
samples undergo a quantization process in which the
number of quantization levels are controlled by the
requirements given by the psychoacoustic model. Finally,
the quantized samples together with the corresponding
side information that is necessary to reconstruct the signal
in the decoder are multiplexed into an audio frame. The
frame also contains program-associated data (PAD).

The bit rates available for DAB are between 8 and
192 kbps for a monophonic channel. To achieve an audio
quality that is comparable to CD quality, approximately
100 kbps are necessary per monochannel, which means
a data reduction of a factor of ~7. Since the Eureka-147
DAB standard was fixed in the early 1990s, MPEG Audio
layer 2 was chosen for audio coding because it combines
good compression results with reasonable complexity.

With today’s leading-edge audio compression algo-
rithms such as MPEG2-AAC (advanced audiocoding) or
the Lucent PAC (perceptual audiocoder) codec, compres-
sion gains of a factor of 12 can be realized without
noticeable differences in a CD signal. The AAC codec,
for example, is proposed for audiocoding in the Digital
Radio Mondiale approach as well as in the Japanese ISDB
system, while the PAC technology is applied in the Sirius
and XM satellite services, for example.

PCM 32 DAB
audio Filter bank // Quantization Frame | ____ o
samples 32 sub-bands and coding packing Audio frame
Psychoacoustic Bit
model allocation PAD

Figure 6. Simplified block diagram of an DAB audio encoder.



3.3. Channel Coding

Between the components for audioencoding and channel
encoding an energy dispersal is performed by a pseudo
random scrambling that reduces the probability of
systematic regular bit patterns in the data stream.

The basic idea of channel coding is to add redundancy
to a digital signal in such a way, that the redundancy
can be exploited in the decoder to correct transmission
errors. In DAB, a convolutional code with memory six
and rate i is applied. The encoder is depicted in Fig. 7.
The code rate 2 means that for every information bit
that enters the encoder, 4 coded bits are produced. In
the case of an audio signal not every part of the source
coded audio frame has the same sensitivity to transmission
errors. Very sensitive segments have to be protected by
a strong code, while a weaker code can be applied to
other parts. This concept, called unequal error protection
(UEP), can easily be realized by a technique termed
puncturing, which means that not every output bit of
the convolutional encoder is transmitted. According to a
defined rule, some of the bits are eliminated (punctured)
prior to transmission. This technique is also shown in
Fig. 7. A binary 1 in the puncturing pattern means that

—rLh

4
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the corresponding bit at the output of the convolutional
encoder is transmitted, while a binary 0 indicates that
the bit is not transmitted (punctured). In the DAB
specification, 24 of these puncturing patterns are defined,
which allows a selection of code rates between g and
%. A code rate of g means that for every 8 bits that
enter the encoder, 9 bits are finally transmitted over the
channel (depicted in the upper pattern in Fig. 7). On the
other hand, with a code rate of %, all output bits are
transmitted as indicated by the lower pattern in Fig. 7.
To apply unequal error protection, the puncturing pattern
can be changed within an audio frame. This is shown
in Fig. 8. While header and side information is protected
with the largest amount of redundancy, the scale factors
are protected by a weaker code, and the subband samples
finally have the least protection. The program-associated
data (PAD) at the end of an audio frame are protected
roughly by the same code rate as the scale factors. Besides
the different protection classes within an audio frame, five
protection levels are specified to meet the requirements of
the intended transmission scenario. A cable transmission
for example needs far less error protection than a very
critical mobile multipath environment. Therefore, the
DAB specifications contain 64 different protection profiles

Selection of protection
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Figure 7. Channel encoder and puncturing.
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for different combinations of audio bit rate (32—384 kbps)
and protection level.

3.4. Modulation and Transmission Format

As shown in Fig. 4, the channel coded data are multiplexed
in the main service multiplexer. The structure of the
frames that are finally transmitted across the air
interface depends on the chosen transmission mode. DAB
provides four different modes depending on the intended
radiofrequency range. The duration of a transmission
frame is either 24, 48, or 96 ms, and each frame consists
of data from the fast information channel (FIC) and the
main service channel (MSC) preceded by synchronization
information.

The transmission scheme for DAB is orthogonal
frequency-devision multiplex (OFDM), the motivation for
which will be illustrated in a brief example.

A main problem of the mobile radio channel is
multipath propagation. Let us consider a system that
transmits at a symbol rate of » = 1 Msps (million symbols
per second) (with QPSK modulation, this means a bit
rate of 2 Mbps) on a single-carrier system. Hence, one
symbol has a duration of T, =1 s (where subscript
“sc” indicates single carrier), and the bandwidth of the
system is 1/Ts. = 1 MHz. We further assume a maximum
channel delay tp.x of 80 ws. This means a difference in
length between the direct path and the path with the
largest delay of 24 km, which is a reasonable value for
a terrestrial broadcasting channel. If we consider the
relation between the symbol duration and the maximal
path delay tnax/Ts. = 80, we see that this approach leads
to heavy intersymbol interference since a received signal
is still influenced by the 80 previously sent symbols.
We can cope with this problem more easily if we do
not transmit the datastream on a single carrier but
multiplex the original datastream into N parallel steams
(e.g.,N = 1000) and modulate a separate carrier frequency
with each individual stream. With the overall symbol rate
given above, the symbol rate on each carrier is reduced
to r/N = 1000 sps, which means a symbol duration of
only Ty = 1 ms (where subscript “mc” denotes multiple
carriers). If we compare again the symbol duration with
the maximal channel delay, a received symbol overlaps
with only an 8% fraction of the previous symbol.

But what does this mean for the bandwidth that
is necessary to transmit the large number of carriers?
A very elegant way to minimize the carrier spacing
without any interference between adjacent carriers is
to use rectangular pulses on each subcarrier and
space the resulting sin(x)/x-type spectra by the inverse
of the pulse (symbol) duration Ty,.. This results in
orthogonal carriers, and the overall bandwidth of the
system with the parameters given above is N x 1/Tp,. =
1000 x 1 kHz = 1 MHz, which is the same as for the
single-carrier approach. This multicarrier approach with
orthogonal subcarriers, called orthogonal frequency-
devision multiplex (OFDM), is used as the transmission
scheme in Eureka-147 DAB. Another advantage of OFDM
is the simple generation of the transmission signal by an
inverse discrete Fourier transform (IDFT), which can be
implemented with low complexity using the fast fourier

transform (FFT). Therefore, the modulation symbols of
a transmission frame are mapped to the corresponding
carriers before an IFFT generates the corresponding time-
domain transmission signal. The individual carriers of the
DAB signal are DQPSK-modulated, where the “D” stands
for differential, meaning that the information is carried
in the phase difference between two successive symbols
rather than in the absolute phase value. This allows an
information recovery at the receiver by just comparing
the phases of two successive symbols. To initialize this
process, the phase reference symbol has to be evaluated,
which is located at the beginning of each transmission
frame.

One essential feature of OFDM we did not mention yet
is the guard interval. Since each overlapping of received
symbols disturbs the orthogonality of the subcarriers and
leads to a rapidly decreasing system performance, this
effect has to be avoided. By introduction of a guard interval
at the beginning of each OFDM symbol, this interference
can be avoided. This guard interval is generated by
periodically repeating the tail fraction of the OFDM symbol
at the beginning of the same symbol. As long as the path
delay is not longer than the guard interval, only data
that belong to the actual symbol fall into the receiver
window. By this technique all information of delayed
path components contribute constructively to the received
signal. This concept is sketched in Fig. 9.

The length of the guard interval specifies the maximal
allowed path delay. In order to fix the parameters of
an OFDM system, a tradeoff between two elementary
properties of the mobile radio channel has to be made.

On one hand, the guard interval has to be sufficiently
large to avoid interference due to multipath effects. This
can be obtained by a large symbol duration. Because the
carrier spacing is the inverse of the symbol duration, this
results in a large number of closely spaced carriers within
the intended bandwidth. On the other hand, a small carrier
spacing means a high sensitivity to frequency shifts caused
by the Doppler effect when the receiver is moving. This, in
turn, depends on the used radiofrequency and the speed
of the vehicle.

In Table 1 four sets of transmission parameters are
given for the different scenarios (transmission modes).
Mode I is suitable for terrestrial single frequency networks
in the VHF frequency range. Mode Il is suitable for
smaller single-frequency networks or locally oriented
conventional networks because of the rather small
guard interval. Mode III has an even smaller guard
interval and is designed for satellite transmission on
frequencies up to 3 GHz where path delay is not the
dominating problem. Mode IV is designed for single-
frequency networks operating at frequencies higher than
those of Mode I, and the parameters are in between those
of Mode I and Mode II.

3.5. DAB Network

As mentioned before, DAB allows the operation of single-
frequency networks. Several transmitters synchronously
broadcast the same information on the same frequency.
This becomes possible because of the OFDM transmission
technique. For the receiver, it makes no difference whether
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Table 1. DAB Parameters for Transmission Modes I-1IV [4]

Parameter Mode I Mode II Mode IIT Mode IV
Number of carriers 1536 384 192 768
Frame duration 96 ms 24 ms 24 ms 48 ms
Carrier spacing 1 kHz 4 kHz 8 kHz 2 kHz
Useful symbol duration (inverse 1 ms 250 ps 125 ps 500 ps
carrier spacing)

Guard interval duration 246 ps 62 us 31 ps 123 ps
Maximal transmitter separation 96 km 24 km 12 km 48 km
Frequency range for mobile <375 MHz <15 GHz <3 GHz <1.5 GHz

transmission

the received signal components all come from the same
transmitter or stem from different transmitters. Each
component contributes constructively to the received
signal as long as the path delays stay within the guard
interval. Therefore, the maximal distance between the
transmitters is determined by the length of the guard
interval specified by the used transmission mode. To
ensure synchronous transmission within the network,
a time reference is necessary, which can be provided,
for example, by the satellite-based Global Positioning
System (GPS).
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1. INTRODUCTION

The omnipresence of noise and interference in communi-
cation systems makes it necessary to employ filtering to
suppress the effects of such unwanted signal components.
As the cost, size, and power consumption of digital hard-
ware continue to drop, the superiority of digital filters
over their analog counterparts in meeting the increas-
ing demands of modern telecommunication equipment
becomes evident in a wide range of applications. Moreover,
the added flexibility of digital implementations makes
adaptive digital filtering a preferred solution in situations
where time-invariant filtering is found to be inadequate.

The design of linear time-invariant digital filters is by
now a mature discipline, with methodological roots reach-
ing back to the first half of the twentieth century. Digital
filter design combines the power of modern computing with
the fundamental contributions to the theory of optimized
(analog) filter design, made by Chebyshev, Butterworth,
Darlington, and Cauer. In contrast, the construction of
adaptive digital filters is still an evolving area, although
its roots can be traced back to the middle of the twentieth
century, to the work of Kolmogorov, Wiener, Levinson, and
Kalman on statistically optimal filtering. Adaptive filter-
ing implementations became practical only after the early
1980s, with the introduction of dedicated digital signal
processing hardware.

The practice of digital filter design and implementation
relies on two fundamental factors: a well-developed
mathematical theory of signals and systems and the
availability of powerful digital signal processing hardware.

The synergy between these two factors results in an ever-
widening range of applications for digital filters, both fixed
and adaptive.

1.1. Signals, Systems, and Filters

Signals are the key concept in telecommunications — they
represent patterns of variation of physical quantities such
as acceleration, velocity, pressure, and brightness. Com-
munication systems transmit the information contained in
a signal by converting the physical pattern of variation into
its electronic analogue —hence the term “analog signal.”
Systems operate on signals to modify their shape. Filters
are specialized systems, designed to achieve a particular
type of signal shape modification. The relation between the
signal that is applied to a filter and the resulting output
signal is known as the response of the filter.

Most signals encountered in telecommunication sys-
tems are one-dimensional (1D), representing the variation
of some physical quantity as a function of a single indepen-
dent variable (usually time). Multidimensional signals are
functions of several independent variables. For instance, a
video signal is 3D, depending on both time and (x, y) loca-
tion in the image plane. Multidimensional signals must be
converted by scanning to a 1D format before transmission
through a communication channel. For this reason, we
shall focus here only on 1D signals that vary as a function
of time.

Filters can be classified in terms of the operation
they perform on the signal. Linear filters perform linear
operations. Offline filters process signals after they have
been acquired and stored in memory; online filters process
signals instantaneously, as they evolve. The majority of
filters used in telecommunication systems are online and
linear. Since the input and output of an online filter
are continuously varying functions of time, memory is
required to store information about past values of the
signal. Analog filters use capacitors and inductors as their
memory elements, while digital filters rely on electronic
registers.

1.2. Digital Signal Processing

Digital signal processing is concerned with the use of
digital hardware to process digital representations of
signals. In order to apply digital filters to real life (i.e.,
analog) signals, there is a need for an input interface,
known as analog-to-digital converter, and an output
interface, known as digital-to-analog converter. These
involve sampling and quantization, both of which result
in some loss of information. This loss can be reduced by
increasing the speed and wordlength of a digital filter.

Digital filters have several advantages over their analog
counterparts:

o Programmability—a time-invariant digital filter
can be reprogrammed to change its configuration
and response without modifying any hardware. An
adaptive digital filter can be reprogrammed to change
its response adaptation algorithm.

o Flexibility — digital filters can perform tasks that are
difficult to implement with analog hardware, such as



large-scale long-term storage, linear phase response,
and online response adaptation.

e Accuracy and robustness —the accuracy of digital
filters depends mainly on the number of bits
(wordlength) used, and is essentially independent
of external factors such as temperature and age.

o Reliability and security — digital signals can be coded
to overcome transmission errors, compressed to
reduce their rate, and encrypted for security.

o Cost/performance tradeoff — the cost, size, and power
consumption of digital hardware continue to drop,
while its speed keeps increasing. As a result,
a digital implementation often offers a better
cost/performance trade-off than its analog counter-
part.

Still, digital hardware is not entirely free from limitations,
and the choice between digital and analog has to be made
on a case-by-case basis.

1.3. Telecommunication Applications of Digital Filters

Among the many application areas of digital filters, we
focus only on those applications that are directly related
to communication systems. Our brief summary (Section 7)
distinguishes between two main types of applications:

e Time-invariant digital filters—used as an alterna-
tive to analog filters in applications ranging from
frequency-selective filtering and symbol detection in
digital communication systems, through speech and
image coding, to radar and sonar signal processing

e Adaptive digital filters—used in applications that
require continuous adjustment of the filters response,
such as channel equalization, echo cancellation in
duplex communication systems, sidelobe cancellation
and adaptive beamforming in antenna arrays, and
linear predictive speech coding

2.  FUNDAMENTALS OF DISCRETE-TIME SIGNALS AND
SYSTEMS

2.1. Discrete-Time Signals

A discrete-time signal is a sequence of numbers (real or
complex). As explained in the introduction (Section 1),
such a sequence represents the variation of some physical
quantity, such as voltage, pressure, brightness, and
speed. Because discrete-time signals are often obtained
by sampling of continuous-time signals, their elements
are known as samples.

The samples of a discrete-time signal x(n) are labeled
by a discrete index n, which is an integer in the range
—o00 < n < oo. For instance, the signal

2n+1 0<n<2
0 else

x(n) = [

consists of three nonzero samples preceded and followed
by zero samples (Fig. 1).

Because signals represent physical quantities, they are
subject to various constraints:

o Asignal x(-) is called bounded if there exists a positive
constant B such that |x(n)| < B for all n.
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2 0 1 2 3 4 n

Figure 1. Graphical representation of a discrete-time signal.

e A signal x(-) is said to have finite energy if the infinite

sum Z |x(n)|? converges to a finite value.
e A signal x(-) is said to have finite average power if
the limit

1 N
: 2
a2 )

exists and is finite.

Here, and in the sequel, we use the shorthand notation x(-),
which is equivalent to {x(n); —oco < n < oo}, to refer to the
entire signal sequence, rather than to a particular sample.
From a mathematical standpoint, a bounded signal has
finite £, norm, while a finite-energy signal has finite ¢o
norm [2].

Certain elementary signal models are essential to the
characterization and analysis of discrete-time systems.
These include

e The discrete-time unit impulse, also known as the
Kronecker delta:!

1 =0
) = { 0 n £0
o The discrete-time unit step
_[1 n=>0
un) = { 0 n<O

e A two-sided sinusoid, x(-) = {cos2nf,n;—0c0 <n <
o0}.

o A one-sided exponential, a"u(n). A decaying exponen-
tial is obtained by choosing |a| < 1; in this case the
parameter a is known as a “forgetting factor” [3].

We observe that the discrete-time unit impulse §(n) sat-
isfies all three constraints —boundedness, finite energy,
and finite power —while the discrete-time step u(n) and
the sinusoid cos 27fyn are both bounded and have finite
power, but infinite energy. Finally, the exponential a"u(n)
satisfies all three constraints when |a| < 1, but it vio-
lates all three when |a| > 1. In general, every finite-energy

I The Krénecker delta should not be confused with the continuous-
time impulse, namely, the Dirac delta function.
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signal is bounded, and every bounded signal must have
finite power:

Finite energy = boundedness = finite power

Also, since finite-energy signals have the property
lim,_, 1 x(n) = 0, they represent transient phenomena.
Persistent phenomena, which do not decay with time, are
represented by finite-power signals.

2.2. Discrete-Time Systems

A discrete-time system is a mapping namely, an operation
performed on a discrete-time signal x(-) that produces
another discrete-time signal y(-) (Fig. 2). The signal x(-) is
called the input or excitation of the system, while y(.) is
called the output or response.

Most synthetic (human-made) systems are relaxed,
in the sense that a zero input [i.e., x(n) =0 for all n]
produces a zero output. Nonrelaxed systems, such as a
wristwatch, rely on internally stored energy to produce
an output without an input. In general every system can
be decomposed into a sum of two components: a relaxed
subsystem, which responds to the system input, and an
autonomous subsystem, which is responsible for the zero-
input response (Fig.3). Since every analog and every
digital filter is a relaxed system, we restrict the remainder
of our discussion to relaxed systems only.

Relaxed systems can be classified according to certain
input—output properties:

o A relaxed system is called memoryless or static if its
output y(n) at any given instant n depends only on
the input sample x(n) at the same time instant, and
does not depend on any other input sample. Such a
system can be implemented without using memory;
it maps every input sample, as it becomes available,
into a corresponding output sample.

o A relaxed system is called dynamic if its output y(n)
at any given instant n depends on past and/or future
samples of the input signal x(-). This means that

x() —— System — ¥()

Figure 2. Block diagram representation of a discrete-time
system.

Forced response

x(n) —{ Relaxed

y(n)

Autonomous -
Zero-input response

Figure 3. The decomposition of a nonrelaxed system.

memory is required to store each input sample as
it becomes available until its processing has been
completed, and it is no more needed by the system.
The number of input samples that need to be kept in
memory at any given instant is known as the order
of the system, and it is frequently used as a measure
of system complexity.

e A relaxed system is called causal if its output
y(n) at any given instant n does not depend on
future samples of the input x(-). In particular, every
memoryless system is causal. Causality is a physical
constraint, applying to systems in which n indicates
(discretized) physical time.

e A relaxed system is called time-invariant if its
response to the time-shifted input x(n —n,) is a
similarly shifted output y(n —n,), for every input
signal x(-) and for every integer n,, positive or
negative. In the context of (digital) filters, time-
invariance is synonymous with fixed hardware,
while time variation is an essential characteristic
of adaptive filters.

e A relaxed system is called stable if its response to
any bounded input signal x(-) is a bounded output
signal y(-). This is known as bounded-input/bounded-
output (BIBO) stability, to distinguish it from other
definitions of system stability, such as internal (or
Lyapunov) stability.

e A relaxed system is called linear if its response to the
input x(-) = @121(-) + agx2(-) is y() = a1y1(-) + azy2(-)
for any ai,a; and any x1(-),x2(-). Here yi(-) (resp.
y2(-)) is the system’s response to the input x;(-) [resp.

x2()].

As explained in the introduction, digital filters can be
either fixed or adaptive. Fixed digital filters are time
invariant and most often linear, while adaptive digital
filters usually consist of a linear time-variant module and
a nonlinear time-invariant module.

Our definitions of fundamental system properties make
use of several basic building blocks of discrete-time
systems in general, and digital filters in particular:

e Unit-delay element — delays a signal by one sample
(Fig. 4).

o Adder —forms the sum of two signals, such that
each output sample is obtained by adding the
corresponding input samples (Fig. 5).

o Signal scaler —multiplies each sample of the input
signal by a constant (Fig. 6). It is the discrete-time
equivalent of an (wideband) amplifier.

These three basic building blocks —unit delay, addition,
and signal scaling—are relaxed, linear, time-invariant,

x(n) ———» D (——— x(n-1)

Figure 4. Block diagram representation of a unit-delay element.



x1(n)
x1(n) + x3(n)

Xa(n)

Figure 5. Block diagram representation of an adder.

x(n) —I>— ax(n)

Figure 6. Block diagram representation of a signal scaler.

causal, and stable systems. In fact, every linear, time-
invariant, and causal system can be implemented as
a network of interconnected delays, scalers and adders
(see Section 3.2). Notice that the adder and scaler are
memoryless, while the unit delay is dynamic.

In reality, scalers are implemented using digital
multipliers (Fig. 7). Multipliers can also be used to form
the pointwise product of two signals (Fig. 8), and they
serve as a fundamental building block in adaptive digital
filters and other nonlinear systems.

2.3. Discrete-Time Sinusoidal Signals

A discrete-time signal of the form
x(n) = A cos2nfon + ¢) (1a)

is called sinusoidal. The amplitude A, frequency fy, and
phase shift ¢ are all real and, in addition

A>0, 0<fo<i  —nm<¢=<m (1b)

The radial frequency wo = 2nfy (0 < wy < 7) is often used
as an alternative to fy. The dimensions of f; are cycles
per sample, and those of wy, are radians per sample.

x(n) ax(n)

a

Figure 7. Implementing a signal scaler using a multiplier.

x(n) K

Xo(N)

X1(n) - xx(n)

Figure 8. Block diagram representation of a signal multiplier.
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The restriction imposed on the range of the frequency
fo stands in sharp contrast to the continuous-time case,
where sinusoids can have unlimited frequencies. However,
in the discrete-time context this restriction is necessary in
order to avoid aliasing.

Aliasing occurs because the two discrete-time sinu-
soidal signals

x1(n) = cos 27 fin, x2(n) = cos 2rfen

are indistinguishable when f; —f; is an integer. For

instance, cos(3n) = cos(—%n), so that the frequency

f1 = 2 cannot be distinguished from its alias f = —1. From
a mathematical standpoint, we observe that the sinusoidal
signal of (1) is periodic in f; with a period of 1. In order
to avoid ambiguity, we must therefore restrict fy to its
fundamental (or principal) range —% <fo < % In addition,
by using the symmetry property cos(—x) = cosx, we can
avoid using negative frequencies altogether, which leads
to the frequency range specified in Eq. (1b).

The constraint on fj is closely related to the well-known
Nyquist condition: the range of frequencies allowed at
the input of a sampler cannot exceed half the sampling
rate. In particular, when the continuous-time sinusoid
cos 2rfot is sampled at a rate of F; samples per second,
the resulting sequence of samples forms a discrete-time
sinusoid, x(n) = cos 2 fon, where fy = fo/Fs. According to
the Nyquist condition we must have fy < F,/2 in order to
avoid aliasing: the equivalent restriction on f; is fo < 1.
Anti-aliasing filters must be used to avoid the presence of
aliased components in sampled signals.

2.4. Relaxed Linear Time-Invariant (LTI) Systems

The input—output characterization of relaxed discrete-
time LTI systems relies on the notion of impulse response,
namely the response of the system to the discrete-time
unit impulse §(-) (Fig. 9).

The response of such a system to an arbitrary input x(-)
is determined by a linear convolution between the input
signal and the impulse response of the system:

ym)y= Y h(kxn—k) @)
k=—00
This is usually expressed using the shorthand notation
y() =h() ®x()

Thus, a relaxed LTI system is completely characterized
by its impulse response. In particular, such a system is
causal if, and only if

h(n)=0 for n<O0

Relaxed
8(-) ——— LTI

System

— h()

Figure 9. The impulse response of a relaxed LTI system.
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As a result the convolution sum (2) for a causal system
ranges only over 0 < k& < co. Also, an LTI system is BIBO
stable if, and only if

> Ikl < oo

k=—00

The response of an LTI system to a sinusoidal input is
of particular interest. The input signal x(n) = exp{jwon}
produces the output

y(n) = H(@E@*)e/ " = H(e'™)x(n) (3a)
where .
HE”) = Z h(k)e ok (3b)
k=—c0

is known as the frequency response of the LTI system.
We observe that the response to the complex sinusoid
x(n) = exp{jwon} is H(€*0)x(n), namely, a scaled version
of the input signal. From a mathematical standpoint, this
means that complex sinusoids are eigenfunctions of LTI
systems.

The infinite sum (3b) that defines the frequency
response H(e/®) converges for all w if, and only if,
Z |h(k)| < oo, which is also the necessary and sufficient

cénditions for BIBO stability. Thus, an unstable system
does not have a frequency response —exciting it with a
sinusoidal input produces an unbounded output signal.
Unstable systems can be characterized by their response
to exponentially decaying sinusoids, which leads us to the
more general concept of a Z transform (see Section 3.1).

A real-life LTI system has a real-valued impulse
response. The response of such a system to the real-
valued sinusoid x(n) cos won is given by the real part of
the response in (3)

y(n) = Re{H ()e/*0"} = |H (/)| coslwon + 6 (wp)]

where 6 (wy) = arg H(e*0). The effect of an LTI system on
a real sinusoid is to scale its amplitude by |[H(e/*?)|, and to
increase its phase by arg H(e/0). For this reason, |H(e/*)|
is known as the magnitude response of the system, and
arg H(e’®) is known as its phase response.

3. TRANSFORM DOMAIN ANALYSIS OF SIGNALS AND
SYSTEMS

Transform-domain analysis is a powerful technique for
characterization and design of (fixed) digital filters. The
role of the Z transform in the context of discrete-time
signals and systems is similar to the role of the Laplace
transform in the context of continuous-time signals and
systems. In fact, the two are directly related via the process
of sampling and reconstruction. Recall that interpolation,
specifically the process of reconstructing a continuous-
time signal from its samples, produces the continuous-time

signal

o]

%)= ) xmgt—nT)

n=-—0oo

where g(-) is the impulse response of the interpolating filter
and T is the sampling interval. The Laplace transform of
this signal is

X,.(s) = [ Z x(n)esnT:| G(s)

n=-—o00

namely, a product of the transfer function G(s) of the
interpolating filter with a transform-domain characteri-
zation of the discrete-time sequence of samples x(-). This
observation motivates the introduction of the Z transform

o0

X@) =Y xmz™" 4)

n=-—0oo

s0 that X,(s) = G(8)X(2)],_yr.

The Z transform converts difference equations into
algebraic equations, which makes it possible to character-
ize every discrete-time LTI system in terms of the poles
and zeros of its transfer function, namely, the Z transform
of its impulse response. This is entirely analogous to the
role played by the Laplace transform in the context of
continuous-time LTI systems.

3.1. The Z Transform and the Discrete-Time Fourier
Transform

From a mathematical standpoint, the Z transform (4) is

the sum of two power series, viz., X(z) = Z x(n)z™" =
X, (2) + X _(2), where -
X, (2) = Zx(n)z’", X (2= Z x(n)z™"
n=0 n=-1

The Z transform X (z) is said to exist only if both X (z) and
X_(2) converge absolutely and uniformly. This implies that
the region of convergence (RoC) of X(2) is {z;r < |z| < R},
where r is the radius of convergence of X, (z) and R is the
radius of convergence of X_(z). Thus a Z transform exists
if, and only if, r < R. When it does exist, it is an analytic
function within its RoC.

The Z transform converts time-domain convolu-
tions into transform-domain products. In particular, the
input—output relation of a relaxed LTI system, specif-
ically, y(:) = h(:) ® x(-) transforms into Y (z) = H(2)X(2),
where X(z), Y(z), and H(z) are the Z transforms of x(.),
y(-), and A(-), respectively. Thus, specifying the transfer
function

He) = Z h(k)z*

k=—00

along with its RoC provides the same information about
the input—output behavior of a relaxed LTI system as the
impulse response A(-). In particular

o The system is causal if, and only if, the RoC of H(z)
is of the form |z| > r for some r > 0.

o The system is (BIBO) stable if, and only if, the unit
circle is within the RoC of H(2).



Thus the transfer function of a stable system is always well
defined on the unit circle T = {z; |z| = 1}, and we recognize
H2)|,_s» as the frequency response of the system [as
defined in (3)]. More generally, if x(:) is a discrete-time
sequence, whether a signal or an impulse response, such

that Z |x(n)| < oo, then the unit circle T is included in

the Rn(?(_f%f the Z transform X(z), and so X (2)|,_,» is well
defined. The resulting function of w, that is

00

X (@) = Z x(n)en (5a)

n=—oo

is called the discrete-time Fourier transform (DTFT) of x(-).

From a mathematical standpoint, relation (5) is a
complex Fourier series representation of the periodic
function X (¢/°), and we recognize the samples x(n) as the
Fourier coefficients in this representation. The standard
expression for Fourier coefficients

x(n) = % f ) X (@) " dw (5b)

is known as the inverse DTFT. The DTFT (5) converges
absolutely (and uniformly) for ¢; sequences, and the
resulting limit is a continuous function of w. The DTFT
can be extended to other types of sequences by relaxing
the notion of convergence of the infinite sum in (5a). For
instance, the DTFT of ¢5 sequences is defined by requiring
convergence in the £2(T) norm, and the resulting limit
is a square-integrable function on the unit circle T. A
further extension to ¢, sequences (= bounded signals)
results in limits that are £1(T) functions, and thus may
contain impulsive components. For instance, the DTFT
of the bounded signal x(n) = /0" is X (¢/*) = 28 (w — wy),
where §(-) is the Dirac delta function. The convergence
of (5) in this case is defined only in the distribution sense.
Also, notice that this signal has no Z transform.

3.2. Transfer Functions of Digital Filters

A fixed digital filter implements a realizable discrete-time
linear time-invariant system. Realizability restricts us to
causal systems with rational transfer functions

H@ = @ (6a)
a(2)
where a(z) and b(z) are finite-order polynomials in z~:
a@)=14a1z '+asz 2+ +ayz™V (6b)
b(z) = b, + b1zt +bgz 2+ -+ byz (6c)

The roots of the numerator polynomial 6(z) are known as
the zeros of the transfer function H(z), and the roots of
the denominator polynomial a(z) are known as the poles
of H(z). A digital filter with N = 0 is known as a finite-
impulse response (FIR) filter, while one with N > 0 is
known as an infinite-impulse response (IIR) filter. In view
of our earlier statements about causality and stability in
terms of the region of convergence, it follows that a digital
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filter is stable if all its poles have magnitudes strictly less
than unity. Thus, FIR filters are unconditionally stable,
because all of their poles are at z = 0.

In view of (6), the input—output relation of a digital
filter can be written as a(2)Y(2) = b(2)X(z), which
corresponds to a difference equation in the time domain

yn) +ay(n—1)+---+any(n —N)
=byx(n) +bix(n — 1)+ -+ byx(n — M) @)

The same input—output relation can also be represented
by a block diagram, using multipliers (actually signal
scalers), adders, and delay elements (Fig.10). Such a

block diagram representatéon is called a realization of the
transfer function H(z) = % Digital filter realizations
a(z

are not unique: the one shown in Fig. 10 is known as
the direct form type 2 realization. Other realizations are
described in Section 5.

A hardware implementation (i.e., a digital filter) is
obtained by mapping the realization into a specific
platform, such as a DSP chip or an ASIC (see Section 5).
A software implementation is obtained by mapping the
same realization into a computer program.

3.3. The Power Spectrum of a Discrete-Time Signal

The power spectrum of a finite-energy signal x(-) is defined
as the square of the magnitude of its DTFT X(e/®).
Alternatively, it can be obtained by applying a DTFT
to the autocorrelation sequence

oo

Cex(m) = Y x(n+m)x"(n) = x(m) ®x"(—m)

n=-—0oo

where the asterisk (%) denotes complex conjugation.
For finite-power signals the DTFT X(¢/°) may contain
impulsive components, so that the square of its magnitude
cannot be defined. Instead, the autocorrelation is defined
in this case as

N
Cy(m) = lim L Z x(n + m)x*(n)
=N

N—-oo 2N + 1 e
bO
x(n) (*) ) y(n)
D
-a b
~ 1 1 s
CU @)
D
-a b.
~ 2 2
®
D

Figure 10. Direct-form type 2 realization of a digital filter with
M =2and N =3.
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and the power spectrum is defined as the DTFT of the
autocorrelation C,,(-). Similarly, the autocorrelation of a
random stationary signal is defined as

Cix(m) = E {x(n + m)x*(n)}

where E{} denotes expectation (i.e., probabilistic mean).
Thus, in all three cases the power spectrum is

Se(@) = Y Culm)e ™ (8a)

m=-—0o0

and can be viewed as a restriction to the unit circle of the
so-called complex power spectrum

Su@ = ) Culmz™ (8b)

m=—-00

The complex power spectrum is used in the design of
optimal (Wiener) filters (see Section 6.1).

Similarly, the cross-correlation of two signals is defined
as

Y yn+mut(n)
) finite-energy signals
N
C,.(m) = Jim S ,Z:Ny(n + m)x*(n)
finite-power signals
E{y(n + m)x*(n)}
jointly stationary random signals

(9a)
and the (complex) cross spectrum is the transform of the
cross-correlation:

Syx(z)z Z ny(m)zim (9b)

m=—o00

When y(-) is the response of a stable LTI system to the
input x(-), then

where H(z) is the transfer function of the system, and

S,y (@) = H(z)S, [H (lﬂ (11)

z*

In particular, by using a unit-power white noise [i.e., one
with S,.(z) = 1] input, we find that

1 *
Syy(2) = H(2) [H (;)] (12)

This expression is called a spectral factorization of the
complex power spectrum S,,(z) and the transfer function
H(z) is called a spectral factor.

4. DESIGN OF FREQUENCY-SELECTIVE DIGITAL FILTERS

The complete process of designing a digital filter consists
of seven stages:

1. Problem analysis—determine what the filter is
supposed to accomplish.

2. Filter specification —select a desired (ideal) fre-
quency response for the filter, and decide how
accurately it should be approximated.

3. Filter design — obtain the coefficients of a realizable
transfer function H(z) that approximates the desired
frequency response within the specified tolerance.

4. Filter realization — determine how to construct the
filter by interconnecting basic building blocks,
such as delays, adders, and signal scalers (i.e.,
multipliers).

5. Implementation choices—select the specific hard-
ware/software platform in which the building blocks
will be implemented.

6. Performance analysis —use the physical parameters
of the selected platform (accuracy, cost, speed,
etc.) to evaluate the compliance of the selected
implementation with the specification of the filter.

7. Construction —implement the specific choices made
in the design and realization stages into the selected
hardware/software platform.

In the problem analysis stage the designer uses specific
information about the application to determine a desired
frequency response, say, D(w), for the filter. The
desired magnitude response |D(w)| is often a classical
(ideal) frequency-selective prototype —lowpass, highpass,
bandpass, or bandstop—except in specialized filter
designs such as Hilbert transformers, differentiators,
notch filters, or allpass filters. This means that |D(w)| is
piecewise constant, so that the frequency scale decomposes
into a collection of bands. The desired phase response
arg D(w) could be linear (exactly or approximately),
minimum-phase, or unconstrained.

The designer must also define the set of parameters
that determine the transfer function of the filter to be
designed. First a choice has to be made between FIR and
IIR, considering the following facts:

o Exact linear phase is possible only with FIR filters.

e FIR filters typically require more coefficients and
delay elements than do comparable IIR filters, and
therefore involve higher input—output delay and
higher cost.

e Currently available design procedures for FIR filters
can handle arbitrary desired responses (as opposed to
ideal prototypes) better than IIR design procedures.

e Finite precision effects are sometimes more pro-
nounced in IIR filters. However, such effects can be
ameliorated by choosing an appropriate realization.

e Stability of IIR filters is harder to guarantee in
adaptive filtering applications (but not in fixed
filtering scenarios).



Additional constraints, such as an upper bound on the
overall delay (e.g., for decision feedback equalization),
or a requirement for maximum flatness at particular
frequencies, serve to further reduce the number of
independent parameters that determine the transfer
function of the filter.

On completion of the problem analysis stage, the
designer can proceed to formulate a specification and
determine a transfer function that meets this specification,
as described in the remainder of Section 4. The remaining
stages of the design process (realization, implementation,
performance analysis, and construction) are discussed in
Section 5.

4.1. Filter Specification

Once the desired frequency response D(w) has been
determined along with a parametric characterization of
the transfer function H(z) of the designed filter, the next
step is to select a measure of approximation quality and a
tolerance level (i.e., the highest acceptable deviation from
the desired response). The most commonly used measure
is the weighted Chebyshev (or £>°) norm

max W(w)|H(@®) — D(w)|

where W(w) is a nonnegative weighting function. Alter-
native measures include the weighted mean-square (or
£?) norm .

/ W2(w)|H () — D(w)|*dw

-

and the truncated time-domain mean-square norm

L
> lh(n) —d@)?

n=0

where h(n) is the impulse response of the designed filter
and d(n) is the inverse DTFT of the desired frequency
response D(w).

The mean-square measures are useful mainly when
the desired response D(w) is arbitrary, since in this
case optimization in the Chebyshev norm can be
quite demanding. However, the approximation of ideal
prototypes under the Chebyshev norm produces excellent
results at a reasonable computational effort, which makes
it the method of choice in this case.

The approximation of ideal prototypes is usually carried
out under the modified Chebyshev norm

max W(w)||H(E*)| — ID()]|

The elimination of phase information from the norm
expression reflects the fact that in this case phase is either
completely predetermined (for linear-phase FIR filters) or
completely unconstrained (for IIR filters). Furthermore,
the desired magnitude response is constant in each
frequency band (e.g., unity in passbands and zero in
stopbands), so it makes sense to select a weighting
function W(w) that is also constant in each frequency
band. As a result, constraining the Chebyshev norm to
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a prescribed tolerance level is equivalent to providing a
separate tolerance level for each frequency band, say

|HE®)| —D;| <§; forall weB; (13)

where B; is the range of frequencies for the ith band,
D; is the desired magnitude response in that band, and
8; is the prescribed level of tolerance. For instance, the
specification of a lowpass filter is

Passband: 1-36, < |H(E®)|<1+56, for|ow| < w,
Stopband: |[H ()| < 8 for w, < |w| <7

as illustrated by the template in Fig. 11. The magni-
tude response of the designed filter must fit within the
unshaded area of the template. The tolerance §, charac-
terizes passband ripple, while §, characterizes stopband
attenuation.

4.2. Design of Linear-Phase FIR Filters
The transfer function of an FIR digital filter is given by (6)
M

with N =0, so that a(z) =1 and H@) =b) = ) bz

The design problem is to determine the Valuels 0of the
coefficients {b;} so that the phase response is linear, and
the magnitude response |H(e¢/*)| approximates a specified
|D(w)|. In order to ensure phase linearity, the coefficients
{b;} must satisfy the symmetry constraint

by_;=sb, for 0<i<M, where s==+1 (14)

As a result, the frequency response satisfies the constraint
H*(e°) = sH(e’*)e’™*, so that the phase response is indeed
linear: arg H(e’®) = (Mw + sm)/2. Another consequence of
the symmetry constraint (14) is that the zero pattern
of H(z) is symmetric with respect to the unit circle:
H(z,) =0 < H(1/z}) = 0.

The design of a linear-phase FIR filter is successfully
completed when we have selected values for the filter coef-
ficients {b;} such that (1) the symmetry constraint (14) is
satisfied and (2) the magnitude tolerance constraints (13)
are satisfied. A design is considered optimal when the
order M of the filter H(z) is as small as possible under
the specified constraints. It is customary to specify the
magnitude tolerances in decibels — for instance, a lowpass
filter is characterized by

1+ 4
Rp=2010g1+ Ld

)

4

1
A; =20log P

The most popular techniques for linear-phase FIR
design are

e Equiripple—optimal in the weighted Chebyshev
norm, uses the Remez exchange algorithm to optimize
filter coefficients. The resulting magnitude response
is equiripple in all frequency bands (as in Fig. 11).
The weight for each band is set to be inversely
proportional to the band tolerance. For instance,
to design a lowpass filter with passband ripple
R, = 1dB and stopband attenuation A; = 40 dB, we
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0 @p

Wg T

Figure 11. Specification for FIR lowpass filter design.

calculate first §, = 0.0575 and &, = 0.01 and then
set W, =6, =17.39 and W, = §;' = 100. While, in
principle, the Remez exchange algorithm can be
applied to any desired magnitude response |D(w)|,
most filter design packages (such a the signal
processing toolbox in Matlab) accept only piecewise
constant gain specifications.

Least squares—optimal in the weighted mean-
square norm, uses closed-form expressions for the
optimal filter coefficients. As in the equiripple
method, the weight for each band is set to be inversely
proportional to the band tolerance. Because of the
availability of a simple closed-form solution, the least-
squares method is most frequently used to design
filters with arbitrarily shaped magnitude responses.

Truncation and windowing —optimal in the time-
domain mean-square norm (when L = M) but not
in any frequency-domain sense. The resulting filter
usually has many more coefficients than the one
designed by the equiripple method. The filter
coefficients are obtained by (1) applying the inverse
DTFT (5b) to the desired response D(w) (which
contains the appropriate linear phase term) to obtain
the impulse response d(n), and (2) multiplying this
impulse response by a window function w(n), which
vanishes outside the range 0 <n < M. The window
function is selected to control the tradeoff between

the passband attenuation of the filter, and the width
of the transition band. The Kaiser window has a
control parameter that allows continuous adjustment
of this tradeoff. Other popular windows (e.g., Bartlett,
Hamming, Von Hann, and Blackman) are not
adjustable and offer a fixed tradeoff. The simplicity
of the truncation and windowing method makes it
particularly attractive in applications that require an
arbitrarily shaped magnitude response (and possibly
also an arbitrarily shaped phase response).

Specialized design methods are used to design nonstan-
dard filters such as maximally flat or minimum-phase FIR
filters, Nyquist filters, differentiators, Hilbert transform-
ers, and notch filters [5,6].

4.3. IR Filter Design

The transfer function of an IIR digital filter is given by (6)
with N > 0, so that H(z) = b(z)/a(z). The design problem
is to determine the values of the coefficients {a;} and
{b;} so that the magnitude response |H(e/”)| approximates
a specified |D(w)|, with no additional constraints on
the phase response. The design of an IIR filter is
successfully completed when we have selected values for
the filter coefficients such that the magnitude tolerance
constraints (13) are satisfied. A design is considered
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Figure 12. Specification for IIR lowpass filter design.

optimal when the filter order N is as small as possible
under the specified constraints.

There exist a number of techniques for the design of IIR
filters with an arbitrarily shaped D(w), some based on the
weighted (frequency-domain) £2 and £* norms [5], and
others on the truncated time-domain mean-square norm
(with L =M + N + 1) [6]. Here we shall discuss only the
design of classical (ideal) frequency-selective prototypes,
which is the most common application for IIR digital
filters. The most popular IIR design technique relies on a
well-developed theory of analog filter design from closed-
form (analytical) formulas. This means that the design of
an IIR digital filter decomposes into three steps:

1. The specification of the desired classical frequency
selective digital filter (lowpass, highpass, bandpass,
or bandstop) is translated into a specification of an
equivalent analog filter.

2. An analog filter H,(s) that meets the translated
specification is obtained by (a) designing a lowpass
analog filter Hip(s) from closed-form formulas and
(b) transforming Hyp(s) into a highpass, bandpass,
or bandstop filter, as needed, by a complex variable
mapping s — g(s), namely, H,(s) = Hrp[g(s)].

3. The analog filter H,(s) is transformed into a digital
filter H(z) by (another) complex variable mapping.

The analog filter Hyp(s) is one of four standard prototypes:
Butterworth, Chebyshev type 1 or 2, or elliptic (also known
as Chebyshev—Cauer). Since the magnitude response
of such prototypes is always bounded by unity, the
specification template has to be modified accordingly (see
Fig. 12). As a result, the decibel scale characterization of
tolerances for IIR design is also modified:

R, = 20log

1 1

, Ay =201og —

1-35 Olog
The variable transformation s — g(s) that converts the
analog lowpass filter Hyp(s) into a highpass, bandpass, or
bandstop filter H,(s) is described in Table 1. It involves
Q, Lp, the passband edge frequency of the prototype Hip(s),

Table 1. Frequency Transformations for Analog Filters

Band-Edge
Frequency of
Type of Transformation 2(s) Target Filter
Q Q
Lowpass to highpass % %
2
S° + Q2,122
Lowpass to bandpass Q S A L3 1, 22
P P P 5@ — Bp1) v
$(2p2 — Qp1)
Lowpass to bandsto Q N B 224 1,
P P p, LP Po 12 p1, S2p2
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as well as the passband edge frequencies of the target
analog filter H,(s).

Several methods —including the impulse invariance,
matched Z, and bilinear transforms — can be used to map
the analog transfer function H,(s), obtained in the second
step of IIR design, into a digital transfer function H(z).
The most popular of these is the bilinear transform: the
transfer function H(z) is obtained from H,(s) by a variable
substitution

1
H(z):Ha< 1-2 ) (15a)

011—{-2*1

where « is an arbitrary constant. The resulting digital
filter has the same degree N as the analog prototype H,(s)
from which it is obtained. It also has the same frequency
response, but with a warped frequency scale; as a result of
the variable mapping (15a), we have

H(@") = H, (/) |aatan(/2) (15b)

Here we use ©Q to denote the frequency scale of the
analog filter H,(s) in order to distinguish it from the
frequency scale w of the digital filter H(z). The frequency
mapping Q2 = « tan(w/2) governs the first step of the IIR
design process —the translation of a given digital filter
specification into an equivalent analog filter specification.
While the tolerances R, and A, are left unaltered, all
critical digital frequencies (such as w, and w; for a
lowpass filter) are prewarped into the corresponding
analog frequencies, using the relation

Q =oatan g =atannf (15¢)

For instance, in order to design a lowpass digital filter with
passband If| < f, = 0.2 with ripple R, = 1 dB and stopband
0.3 =f; <|fl < 0.5 with attenuation A; = 40 dB, we need
to design an analog filter with the same tolerances, but
with passband || < Q, and stopband |2| > €, where
Q, = atan(0.27), Qs = atan(0.37)

Since the value of « is immaterial, the most common choice
is @ = 1 (sometimes o = 2 is used). The value of o used
in the prewarping step must also be used in the last step
when transforming the designed analog transfer function
H,(s) into its digital equivalent H(z) according to (15a).

Once the complete specification of the desired analog
filter is available, we must select one of the four standard
lowpass prototypes (Fig. 13):

e Butterworth—has a monotone decreasing passband
and stopband magnitude response, which is maxi-
mally flat at @ = 0 and Q = oo

e Chebyshev 1—has an equiripple passband magni-
tude response, and a monotone decreasing stopband
response, which is maximally flat at Q = co

o Chebyshev 2—has a monotone decreasing passband
magnitude response, which is maximally flat at
Q = 0, and an equiripple stopband response

e Elliptic—has an equiripple magnitude response in
both the passband and the stopband

All four prototypes have a maximum gain of unity,
which is achieved either at the single frequency Q =
0 (for Butterworth and Chebyshev 2), or at several
frequencies throughout the passband (for Chebyshev 1 and
elliptic). When the Butterworth or Chebyshev 1 prototype
is translated into its digital form, its numerator is
proportional to (1 +z1)Y. Thus only N + 1 multiplications
are required to implement these two prototypes, in
contrast to Chebyshev 2 and elliptic prototypes, which
have nontrivial symmetric numerator polynomials, and
thus require N + ceil(N + 1/2) multiplications each.

As an example we present in Fig. 13 the magnitude
response of the four distinct digital lowpass filters,
designed from each of the standard analog prototypes to
meet the specification f, = 0.23, f; = 0.27, R, = 1 dB, and
A; = 20 dB. The order needed to meet this specification is
12 for the Butterworth, 5 for Chebyshev (both types), and
4 for the elliptic. Thus the corresponding implementation
cost (=number of multipliers) is in this case 13 for
Butterworth, 6 for Chebyshev 1, 11 for Chebyshev 2, and
9 for elliptic.

5. REALIZATION AND IMPLEMENTATION OF DIGITAL
FILTERS

The preceding discussion of digital filters has concentrated
solely on their input—output response. However, in order
to build a digital filter, we must now direct our attention
to the internal structure of the filter and its basic building
blocks. The construction of a digital filter from a given
(realizable) transfer function H(z) usually consists of
two stages:

e Realization—in this stage we construct a block
diagram of the filter as a network of interconnected
basic building blocks, such as unit delays, adders,
and signal scalers (i.e., multipliers).

e Implementation—in this stage we map the filter real-
ization into a specific hardware/software architec-
ture, such as a general-purpose computer, a digital
signal processing (DSP) chip, a field-programmable
gate array (FPGA), or an application-specific inte-
grated circuit (ASIC).

A realization provides an idealized characterization of
the internal structure of a digital filter, in the sense
that it ignores details such as number representation
and timing. A given transfer function has infinitely
many realizations, which differ in their performance,
as explained in Section 5.3. The main distinguishing
performance attributes are numerical accuracy and
processing delay. These and other details must be
addressed as part of the implementation stage, before
we can actually put together a digital filter.

5.1. Realization of FIR Filters

FIR filters are always realized in the so-called transversal
(also tapped-delay-line) form, which is a special case of
the direct-form realization described in Section 3.2. Since



Butterworth
I I I I

0.8

T
I
i
I
I
I
I
I
Do
D
0.6 :
I
I
I
I
I
I
I

02  RCRE T

0 0.1 0.2 0.3 0.4 0.5

Chebyshev 2
I I

0.8

0.6

T
|
1
|
|
|
|
|
|
|
|
1
|
I
0.4+ !
|
|
|

I I
0 0.1 0.2 0.3 0.4 0.5
f

0.8
0.6
0.4

0.2 =t

DIGITAL FILTERS 697

Chebyshev 1
I I

Elliptic

I
0 0.1 0.2 0.3 0.4 0.5
f

0 ! !

Figure 13. The four standard lowpass prototypes for IIR filter design.
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Figure 14. Transversal (direct-form) realization of an FIR digital
filter.

a(z) = 1 for FIR filters, the direct form realization reduces
to the configuration shown in Fig. 14.

The realization requires M delay elements, M + 1,
multipliers and M adders. However, since FIR filters
usually satisfy the symmetry constraint b; = £by ; in
order to achieve linear phase, we can save about half of
the number of multipliers.

5.2. Realization of IIR Filters

The transfer function of most practical IIR filters,
such as those obtained from analog prototypes, have
the same numerator and denominator degrees: N =
dega(z) = degb(z) = M. Consequently, their direct-form
realization requires N delay elements, 2N + 1 multipliers,

and N adders (see Fig.10). We now describe two
alternative realizations that require the same number
of delays, multipliers, and adders as the direct-form
realization.

The parallel realization of a rational transfer function
H(z) is obtained by using its partial fraction expansion

H A 3 4 16
(2) =Ao + Z TW (16)
Jj=1
where p; are the poles of H(z) and where we assumed that
(1) M < N and (2) all poles are simple. Both assumptions
hold for most practical filters, and in particular for those
obtained from the standard analog prototypes.

Since the denominator polynomial a(z) has real
coefficients, its roots (i.e., the poles p;) are either real
or conjugate pairs. In order to avoid complex filter
coefficients, the two terms representing a conjugate pair
of poles are combined into a single second-order term:

(ReA) — (Repg)z ™
1 — (2Repg)z~! + |po|?2~2

A N A* _
1-poz!  1-pizt ™~
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Figure 15. Parallel realization of an IIR digital filter.

Thus we obtain an additive decomposition

K
H(z) =Ao + ZGk(Z)

k=1

where each Gy (2) is a strictly proper IIR filter or order 2
(for conjugate pairs of poles) or order 1 (for real poles).
This results in a parallel connection of the subsystems
G (2) (Fig. 15). Finally, each individual G} (z) is realized in
direct form.

The cascade realization is obtained by using the
pole—zero factorization of the transfer function

(1-zz1)

—

1

H(Z)E@—bol

a(z) - an

(1-pz™)

—

Il
—

J

where we recall again that the zeros z; are the roots of
the numerator polynomial b(z) and the poles p; are the
roots of the denominator polynomial a(z). Since these
polynomials have real coefficients, their roots are either
real or conjugate pairs. For each conjugate pair, the
corresponding first-order factors are combined into a single
second-order term:

1 —-z0z27H1 = 2’62_1) =1— (2Rezo)z" ! + |zo|%2 72

Thus we obtain a multiplicative factorization
K
He) =[[He@ (18)
k=1

where each Hj(z) is a proper IIR filter or order 2 (for
conjugate pairs of poles) or order 1 (for real poles).
This results in a cascade connection of the subsystems
H,(z) (Fig. 16). Again, each individual H}(z) is realized in
direct form.

X() = Hi(2) o Ho(2) [ eee —f Hk(2) (= y()

Figure 16. Cascade realization of an IIR digital filter.

There are multiple ways to form the factors Hy(z) in
(18), all requiring the same number of delays, multipliers,
and adders as the direct-form realization. There are,
however, differences in performance between these
alternative factorizations, as explained in Section 5.3.

A unified algebraic framework for all possible real-
izations of a given finite-order transfer function H(z) is
provided by the theory of factored state variable descrip-
tions (FSVD) [7]. The FSVD is a refinement of the
well-known state-space description, which describes the
relations between the input signal x(-), output signal y(-),
and a state vector s(n):

sm+1)\ (A B s(n)
("e")=(c p) () s
The FSVD refines this characterization by specifying a
multiplicative factorization

(& 5)=scrcrmn (19b)
that captures the decomposition of the realization into
interconnected modules, as in the cascade or parallel
realizations. Each F, describes a single module, and each
module is associated with a subset of the state vector
s(n). The totality of all possible minimal realizations
of a given H(z) is captured by the notion of similarity
transformations, combined with the added flexibility of
factoring the (A, B, C, D) matrix as in (19b).

5.3. Implementation and Performance Attributes

The next stage in the design of a digital filter is imple-
mentation, that is, the mapping of a selected realization
into a specific hardware/software architecture. Since a
given transfer function has multiple implementations,
which differ in their performance, the choice of a specific
implementation should be based on objective performance
criteria. Commonly used performance attributes for eval-
uating implementations include

e Processing speed —can be quantified in terms of
two distinct attributes: (1) throughput, which is the
number of input samples that can be processed by the
digital filter in a unit of time, and (2) input—output
delay, which is the duration between the instant a
given input sample x(n,) is applied to the digital filter,
and the instant the corresponding output sample
y(n,) becomes available.

o Numerical accuracy — the level of error due to finite
precision number representation.

e Hardware cost—the total number of each kind of
basic building blocks, such as delays, multipliers,
and adders.

o Implementation effort—the amount of work required
to map a given realization into a specific hard-
ware/software architecture. Structural attributes of
the realization, such as modularity and/or regularity,
contribute to the reduction of this effort.



The same attributes can be also used to evaluate the
performance of realizations [6,7]. For instance, the direct
realization of an IIR digital filter has much poorer
numerical accuracy than does either the parallel or
the cascade realizations. Similarly, the input—output
delay of the parallel realization is somewhat shorter
than that of the cascade or direct realizations. Such
observations make it possible to optimize the selection
of a realization, and to quantify the relative merits of
alternative implementations.

6. OPTIMAL AND ADAPTIVE DIGITAL FILTERS

The desired response of classical frequency-selective filters
is completely specified in terms of passbands, stopbands,
and transition bands. In contrast, optimal filters use
detailed information about the frequency content of the
desired signal and the interference in achieving maximal
suppression of the latter, along with minimal distortion of
the former. Since the information needed to construct an
optimal filter is typically not available a priori, it is usually
estimated online from measurements of the available
signals. When this process of frequency content estimation
is carried out simultaneously with signal filtering, and
the coefficients of the optimal filter are continuously
updated to reflect the effect of new information, the
resulting linear time-variant configuration is known as
an adaptive filter.

Fixed frequency-selective filters are appropriate in
applications where (1) the desired signal is restricted
to known frequency bands (e.g., AM and FM radio,
television, frequency-division multiplexing) or (2) the
interfering signal is restricted to known frequency bands
(e.g., stationary background in Doppler radar, fixed
harmonic interference). On the other hand, in numerous
applications the interference and the desired signal share
the same frequency range, and thus cannot be separated
by frequency selective filtering. Adaptive filters can
successfully suppress interference in many such situations
(see Section 7.2).

6.1. Optimal Digital Filters

Optimal filtering is traditionally formulated in a prob-
abilistic setting, assuming that all signals of interest
are random, and that their joint statistics are avail-
able. In particular, given the second-order moments of two
discrete-time (zero-mean) random signals x(-) and y(-), the
corresponding mean-square optimal filter, also known as
a Wiener filter, is defined as the (unique) solution Ay (-) of
the quadratic minimization problem

min Ely(n) — h(n) ® x(n)|? (20)

where E denotes expectation. If x(-) and y(-) are jointly
stationary, the Wiener filter A,y (-) is time-invariant;
otherwise it is a linear time-variant (LTV) filter. The
Wiener filter can be applied in two distinct scenarios:

e Linear mean-square estimation —an unknown ran-
dom signal y(-) can be estimated from observations
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of another random signal x(-). The corresponding
estimate y(-) is obtained by applying the observed
signal x(-) to the input of the Wiener filter, so that
FC) = hopt (1) ® x(-).

System identification —the impulse response of an
unknown relaxed LTI system can be identified from
observations of its input signal x(-) and output
signal y(-). In fact, the optimal solution of the
Wiener problem (20) coincides with the unknown
system response, provided (1) the input signal x(-) is
stationary, and is observed with no error and (2) the
(additive) error in measuring the output signal y(-) is
uncorrelated with x(-).

The wunconstrained optimal solution of the Wiener
problem (20) is a noncausal IIR filter, which is not
realizable (see Section 3.2 for a discussion of realizability).
In the case of jointly stationary x(-) and y(-) signals,
realizable solutions are obtained by imposing additional
constraints on the impulse response A(-) and/or the joint
statistics of x(-), ¥(-):

e When both the autospectrum S,.(z) and the cross-
spectrum S,.(z) are rational functions, and the
Wiener filter is required to be causal, the resulting
Wiener filter is realizable; specifically, it is causal
and rational.

e When x(-) and y(-) are characterized jointly by a
state-space model, the resulting optimal filter can be
described by a state-space model of the same order.
This is the celebrated Kalman filter.

e Realizability can be enforced regardless of structural
assumptions on the joint statistics of x(-) and y(-). In
particular, we may constrain the impulse response
in (20) to have finite length. This approach is common
in adaptive filtering.

The classical Wiener filter is time-invariant, requiring
an infinitely long prior record of x(-) samples, and
thus is optimal only in steady state. In contrast, the
Kalman filter is optimal at every time instant n > 0,
requiring only the finite (but growing) signal record
{x(k);0 < k < n}. Consequently, the impulse response of
the Kalman filter is time-variant and its length grows with
n, asymptotically converging to the classical Wiener filter
response. Finally, adaptive filters continuously adjust
their estimates of the joint signal statistics, so the
resulting filter response remains time-variant even in
steady state, randomly fluctuating around the Wiener
filter response.

6.2. Adaptive Digital Filters

In practice, the statistics used to construct an optimal filter
must also be estimated from observed signal samples.
Thus, the construction of an optimal filter consists of
two stages:

e Training Stage. Finite-length records of the signals
x(-) and y(-) are used to estimate the joint
(first- and) second-order moments of these signals.
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Subsequently, the estimated moments are used to
construct a realizable optimal filter.

o Filtering Stage. The fixed optimal filter that was
designed in the training stage is now applied to new
samples of x(-) to produce the estimate j(-).

Alternatively, we may opt to continue the training stage
indefinitely; as new samples of x(-) and y(-) become
available, the estimated statistics and the corresponding
optimal filter coefficients are continuously updated. This
approach gives rise to an adaptive filter configuration —a
linear time-variant digital filter whose coefficients are
adjusted according to continuously updated moment
estimates (Fig. 17).

Since adaptive filtering requires ongoing measurement
of both x(-) and y(-), it can be applied only in applications
that involve the system identification interpretation of the
Wiener filter. Thus, instead of applying A () to x(-) to
estimate an unknown signal y(-), adaptive filters rely on
the explicit knowledge of both x(-) and y(-) to determine
hopt(-). Once this optimal filter response is available, it is
used to suppress interference and extract desired signal
components from x(-), y(-) (see Section 7.2).

The most common adaptive filters use a time-variant
FIR configuration with continuously adjusting filter
coefficients. Such filters take full advantage of the power
of digital signal processing hardware because (1)the
ongoing computation of signal statistics and optimal filter
coefficients usually involves nonlinear operations that
would be difficult to implement in analog hardware, and
(2) modifications to the updating algorithms can be easily
implemented by reprogramming. The most commonly used
algorithms for updating the filter coefficients belong to
the least-mean-squares (LMS) family and the recursive
least-squares (RLS) family [3].

7. APPLICATIONS IN TELECOMMUNICATION SYSTEMS

Since the early 1980s, digital filtering has become a key
component in a wide range in applications. We provide
here a brief summary of the main telecommunication
applications of digital filters, separated into two categories:
(1) time-invariant digital filters, which are used to replace
analog filters in previously known applications, and
(2) adaptive digital filters, which enable new applications

x(n) Linear time-variant filter

Optimal filter
coefficients

Yn) Coefficient adaptation
—_—

Figure 17. Adaptive filter configuration.

that were impossible to implement with analog hardware.
A detailed discussion of numerous digital filtering
applications can be found in the literature [1,4—6].

7.1. Time-Invariant Digital Filters

Ongoing improvements in the cost, size, speed, and
power consumption of digital filters have made them
an attractive alternative to analog filters in a variety
of telecommunication applications that require a time-
invariant filter response. The main types of such
applications are:

o Frequency-selective filters—pass (or stop) prespeci-
fied frequency bands. Some examples include
RF-to-IF-to-baseband conversion in digital wire-
less systems
FDM multiplexing and demultiplexing
Subband decomposition for speech and image
coding (e.g., MPEG)
Doppler radar moving-target indicator (MTI) to
remove the nonmoving background
Digital spectrum analysis
e Matched filters/correlators—have an impulse re-
sponse that matches a given waveform. Some
examples include:
Matched filter for symbol detection in digital
communication systems
Waveform-based  multiplexing/demultiplexing
(e.g., CDMA)
Front-end Doppler radar processing
e Analog-to-digital and digital-to-analog conversion
Oversampling converters (e.g., sigma—delta mod-
ulation)
Compact-disk recording and playing
e Specialized filters (such as)
Hilbert transformers
Timing recovery in digital communications (e.g.,
early—late gate synchronizer)

7.2. Adaptive Digital Filters

As explained in Section 6.2, adaptive filters implement the
system identification scenario of the Wiener filter (Fig. 17),
requiring two observed signals. Many applications use a
variation of this configuration, known as the adaptive
interference canceler, in which the received signal y(-) is a
noisy version of an unknown desired signal s(-), and the
so-called “reference signal” x(-) is a filtered version of the
interference component of y(-) (Fig. 18).

Two assumptions must be satisfied in order for the
adaptive filter to perform well as an interference canceler:

e Lack of correlation — the reference signal x(-) should
be uncorrelated with the desired signal component of
the received signal y(.).

e FIR response —the unknown system H(z) should be
FIR, and of a known order.

If these two assumptions are met, the estimated H (2)
matches the true H(z) perfectly, and the effect of
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Figure 18. Adaptive interference canceller configuration.

interference is completely cancelled. In reality, both
assumptions are met only approximately, so that only
partial cancellation of the interference is achieved.

The interference cancelling configuration is useful
in a variety of specific telecommunication applications,
including

e Echo cancellation —used in duplex communication
systems to suppress interference caused by signal
leakage from the incoming far-end signal (the
“reference signal” in Fig. 18) to the outgoing local
signal (the “desired signal”). Such leakage is
common in telephone lines (2W/4W converters),
modems, teleconferencing systems and hands-off
telephone units.

e Decision feedback equalization —used to reduce the
effect of intersymbol interference (ISI) in a digital
communication channel. Here the “reference signal”
is the sequence of previously received symbols,
which are assumed to be uncorrelated with the
current symbol (the “desired signal”). In order for the
equalizer to work correctly, the previously received
symbols must be known without error. To meet
this requirement, the equalizer alternates between
a training phase and a tracking phase. In the
training phase a prespecified “training sequence” of
symbols is transmitted through the channel, and this
information is used by the equalizer to determine
the channel estimate H(z). In the tracking phase the
equalizer uses detected previous symbols to track
slow variations in the channel response: as long
as the estimated response H (z) remains close to
the true response H(z), the cancellation of ISI is
almost perfect, symbols are detected without error,
and the correct “reference signal” is available to the
equalizer. Since decision feedback equalization relies
on previous symbols, it cannot reduce the ISI caused
by the precursors of future symbols —this task is left
to the feedforward equalizer.

o Sidelobe cancellation —used to modify the radiation
pattern of a narrowbeam directional antenna (or
antenna array), in order to reduce the effect of strong
nearby interferers received through the sidelobes of
the antenna. The “reference signal” in this case is
obtained by adding an inexpensive omnidirectional
antenna; if the interfering RF source is much
closer than the source at which the main antenna

is pointed, then the reference signal received by
the omnidirectional antenna is dominated by the
interference, and the lack-of-correlation assumption
is (approximately) met.

The adaptive beamformer configuration, a variation of
the sidelobe-canceling approach, is used to maintain the
mainlobe of an antenna array pointed in a predetermined
direction, while adaptively reducing the effect of undesired
signals received through the sidelobes [3]. It can be used,
for instance, to split the radiation pattern of a cellular
base-station antenna into several narrow beams, each one
tracking a different user.

Another common adaptive filtering configuration is the
adaptive linear predictor, in which only one observed
signal is available (Fig. 19). In this case the “reference
signal” is simply a delayed version of the observed signal
y(-), so that the Wiener problem (20) now becomes

lllll(iPEly(n) —h(n) ®y(n— AP 21

which is, a A-step-ahead linear prediction problem. In
some applications the object of interest is the adaptively
estimated linear predictor response ﬁ(-), whjle in other
applications it is the predicted signal y(n) = h(n) ® y(n —
A), or the residual signal y(n) — y(n). Telecommunication
applications of the linear predictor configuration include

e Linear predictive coding (LPC)—used for low-rate
analog-to-digital conversion, and has become the
standard speech coding method in GSM cellular
systems. While the original LPC approach used
only the linear predictor response fz(-) to represent
the observed speech signal y(-), current LPC-based
speech coders use, in addition, a compressed form of
the residual signal y(n) — y(n) [6].

o Adaptive notch filter —used to suppress sinusoidal
interference, such as narrowband jamming in spread-
spectrum systems. Since spread-spectrum signals
resemble broadband noise, which is almost com-
pletely unpredictable, while sinusoidal signals are

. Adaptive . .
Obser\ﬁc; signal linear predictor Predlcjt/}e((:j) signal

h()

Figure 19. Adaptive linear predictor configuration.
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perfectly predictable, the adaptive linear predictor
response is almost entirely dominated by the sinu-
soidal component of the observed signal y(-). As
a result, one can use the adaptive linear predic-
tor configuration to suppress sinusoidal components
or, with a minor modification, to enhance sinu-
soidal components.

o Feedforward equalizer —used to reduce the effect of
ISI from precursors of future symbols. This is made
possible by the fact that the adaptive linear predictor
tends to render the equalized channel response
minimum phase, thereby reducing the length of
precursors. This minimum-phase property is an
intrinsic characteristic of the MSE linear predictor
defined by (21).
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1. INTRODUCTION

As bit rates continue to rise in the optical core of
telecommunication networks [toward >40 Gbps (gigabits
per second)], the potential inability of electronic signal
processors to handle this increase is a force driving
research in optical signal processing. Correlation, or
matched filtering, is an important signal processing
function. The purpose of a correlator is to compare
an incoming signal with one that is “stored” in the
correlator. At the appropriate sample time, a maximum
autocorrelation peak will be produced if the input signal is
an exact match to the stored one. This function is typically
used to pick a desired signal out of noise, an essential
requirement for radar and wireless CDMA systems. As
telecommunication systems tend toward the use of optical
fiber as the preferred transmission medium, optical CDMA
networks are receiving greater attention and will require
the use optical correlator implementations.

In present-day fiberoptic networks, data packets are
converted to electrical form at each node to process their
headers and make routing decisions. As routing tables
grow in size, this is becoming a predominant source of
network latency. The advent of optical correlation could
enable packet headers to be read at the speed of light by
simply passing the packets through a bank of correlators,
each configured to match a different entry in the routing
table. Simple decision logic could then configure a switch to
route each packet according to which correlator produced
a match. Thus, with the growing demand for all-optical
networking functions, there is a strong push to develop
practical and inexpensive optical correlators that can
identify high-speed digital bit patterns on the fly and
with minimal electronic control.

2. DIGITAL OPTICAL CORRELATION

The term “correlator” is typically used to describe a hard-
ware implementation of a matched filter. Although there
exist strict definitions for matched filters versus correla-
tors, most hardware implementations that produce the
same output as a matched filter, sampled at the peak
autocorrelation value, are referred to as “correlators.” The
detailed theory of matched filters and correlation is pre-
sented in most textbooks on communication systems [1].
The aim here is to give a brief overview of the concepts
that apply to the correlation of digital binary waveforms
modulated onto optical carriers. This presents a unique
case in that the data bits in an optical communication
system are most commonly represented by the optical
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power of the signal as opposed to a voltage as in electri-
cal systems. Consequently, the digital waveforms consist
of only positive values (a “unipolar” system), causing the
correlation function of any two optical signals to be a
completely nonnegative function. This creates some limi-
tations for systems that transmit specially designed sets of
codewords intended to have good autocorrelation proper-
ties; thus, a large autocorrelation peak when the incoming
signal is synchronized with the receiver and matches the
desired codeword and a low, ideally zero, level for all other
codewords, for all possible shifts in time [2]. Sets of code-
words with these properties are termed orthogonal codes.
It is possible with optical phase modulation to achieve
a bipolar system, but this requires a coherent receiver,
which is far more complex to implement in optics than the
standard direct intensity detection receivers.

Just as with electronics, prior to the development of
high-speed digital signal processors, a common implemen-
tation of an optical correlator is the tapped-delay line. A
basic implementation of an optical tapped-delay line is
shown in Fig. 1a. The delay line is configured to match the
correlation sequence 1101. Thus, the delay line requires
four taps (one for each bit in the desired sequence),
weighted by the factors 1, 1, 0 and 1, respectively. The
weights are implemented by placing a switch in each path
that is closed for weight = 1, and opened for weight = 0.
The incoming optical bit stream is equally split among the
four fiberoptic delay lines. Each successive delay line adds
one additional bit of delay to the incoming signal before
the lines are recombined, where the powers of the four
signals are added together to yield the correlation output
function. This function is sampled at the optimum time,
T,, and passed through a threshold detector that is set to
detect a power level above 2 since the autocorrelation peak
of 1101 with itself equals 3 (or more specifically, 3 times

703

the power in each 1 bit). This threshold detection may be
implemented either electronically or optically, although
optical threshold detection is still a nascent research area
requiring further development to become practical. Elec-
tronically, the output is detected with a photoreceiver and
a simple decision circuit is used to compare the correlation
output to the threshold value. The high-speed advantage
of optics still prevails in this case since the correlation
function is produced in the time it takes the signal to tra-
verse the optical correlator, and the decision circuit only
needs to be triggered at the sample-rate, which is often in
the kilohertz—megahertz range, depending on the number
of bits in each data packet or codeword. The mathematical
function describing the tapped-delay-line correlator is

N-1

y(t) =Y x(t — KTui)h(RTwit)

k=0

€Y

where N is the number of bits in the correlation sequence,
Tt 1s one bit period, x(t — kT}i) is the input signal delayed
by % bit times, and h(kT};;) represents the & weights that
multiply each of the k-bit delayed input signals. For a
phase-modulated system, the same operation can be per-
formed by replacing the switches with the appropriate
optical phase shifters to match the desired codeword (e.g.,
7 0r instead of 1101). Figure 1billustrates the delay-and-
add operation of the correlator for the case when the three
4-bit words 1010, 1011, and 1101 are input to the correla-
tor, where the second word is an exact match to the desired
sequence. Since the correlation function for two 4-bit words
is 7 bits long and the peak occurs during the fourth time
slot, the correlation output is sampled every 4 bits and
compared to a threshold as shown in Fig. 1c. As expected,
the correlation output for the second word exceeds the
threshold while the first and third samples produce no
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Sample Times, Ts- T T is above the threshold at the sample time is a match
No match ~ Match No match

signal produced.
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matches. Note that for an input signal L bits long, the
length of the correlation output will be L + N — 1 bits long.

It should also be noted that the correlator as shown
will also produce a level 3 peak that is above the threshold
at time T, for a 1111 input, which is not the desired
codeword. This is because the open switch in the third
delay line, corresponding to the third correlation bit, does
not care if the third bit is a 1 or a O since it does not
pass any light. Thus, the correlator as shown is really
configured to produce a match for the sequence 11x1,
where the x indicates a “don’t care” bit that can either be
0 or 1. In many cases, such as in optical CDMA systems,
the set of all possible codewords used in the system is
specifically designed to always have a constant number
of 1 bits so that this is not an issue. But, for cases in
which the correlator must identify a completely unique
sequence, the present correlator must be augmented with,
for example, a second, parallel tapped-delay line that is
configured in complement to the first one (the switches are
closed for desired 0 bits and open otherwise), and produces
a “match” signal when zero power is present at the sample
time. Then, the incoming signal is uniquely identified only
when both correlators produce a match. This configuration
will be discussed later in further detail.

3. OPTICAL CORRELATOR IMPLEMENTATION

Digital optical correlators can be fabricated using free-
space optics, fiber-based devices, and fiber-pigtailed crys-
tals or semiconductors. Four varieties of optical corre-
lators will be reviewed here, including (1) a free-space
holographic correlator, (2) a fiberoptic correlator using
separate fiber delay lines terminated with mirrors, (3) a
single-fiber device with periodically spaced fiber Bragg
gratings (FBGs) to provide time-delayed reflections, and
(4) an optical phase-correlator implemented using FBGs.
The first three of these correlators are explained assuming
optical intensity-modulated correlation sequences. How-
ever, most can be modified to act as phase-coded correlators
as well. No assumptions are made regarding any special
data coding schemes.

One example of a free-space optical correlator employs
spectral holography to create a correlating plate that is
able to correlate an incoming bit stream with several
correlation sequences simultaneously. The correlation
sequences are encoded using an angular multiplexed
spectral hologram (AMSH). The hologram acts upon the
incoming modulated lightbeam to produce a correlation
output [3]. The incoming bit pattern is spread out in
the frequency domain using a grating, collimated by
a lens and then sent through the AMSH plate, which
is coded for a finite number of possible correlation
patterns. The hologram is written using a 632.8-nm
helium-neon laser and a photosensitive holographic
plate and is designed to operate at signal wavelengths
around 1550 nm (a standard fiberoptic communication
wavelength). Each desired correlation sequence is written
onto the holographic plate such that each pattern
corresponds to a different diffraction angle. Figure 2 shows
an input datastream of 01011 scattering off an AMSH
plate. The correlation outputs corresponding to each
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Figure 2. A collimated 01011 input beam in free space impinges
on an optical angular multiplexed spectral holographic (AMSH)
plate that is programmed to recognize five different correlation
sequences. Each correlation sequence corresponds to a different
scattering angle from the plate. Only the direction corresponding
to a pattern match (01011) produces an intensity autocorrelation
peak that will be above threshold at the sample time, while the
rest produce cross-correlation outputs.

correlation sequence are produced at different scattering
angles at the output. As the number of correlation patterns
increases, the difference between the output angles for
each pattern decreases. At each diffraction angle, either
an autocorrelation or cross-correlation output is produced,
with the autocorrelation output appearing only at the
diffraction angle corresponding to a matched correlation
pattern, and cross-correlation outputs appearing at all
other angles. A second grating can also be used to reroute
any diffracted light back into an optical fiber for continued
transmission. Otherwise, photodetectors may be placed at
each diffraction angle to detect the correlation outputs.
This free-space correlation method has a number of
potential advantages over the fiber-based correlators that
are detailed below, including the potential low size and cost
associated with having one hologram that can correlate
with many bit patterns simultaneously. However, further
research is required on low-loss holographic materials at
standard fiberoptic communication wavelengths, as the
loss for the material used for this demonstration can
exceed 80 dB due to high absorption at these frequencies.

To avoid the losses associated with exiting and
reentering the fiber medium, a reconfigurable optical
correlator that operates entirely within optical fibers is
highly desirable for fiberoptic communication systems.
In addition to the optical tapped-delay-line structure
described in Fig. 1, a similar device may be constructed,
except that each fiber branch is terminated with a fiber
mirror (a metallic coating on the fiber end face), thereby
providing a double pass through the delay lines and using
the splitter also as a recombiner (see Fig. 3) [4]. The double
pass requires that the relative delays be halved and an
optical circulator must be added at the input to route the
counterpropagating correlation output to the threshold
detector. Aside from these differences, the operation of
the correlator is identical to that described for Fig. 1. The
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Figure 3. A fiberoptic delay line correlator in which each branch
is terminated with a fiber mirror. The correlator is configured for
the correlation sequence 11x1x, where the switches are closed to
represent 1 bits and opened to indicate “don’t care” bits, meaning
that the peak of the output correlation function at time T will
be the same regardless of whether the “don’t care” bits are ones
or zeros. The correlation output for an input pattern of 10100 is
001112010. The level 1 output at the sample time does not exceed
the threshold and produces no match.

fiber-mirror-based correlator shown in Fig. 3 is configured
to recognize the correlation sequence 11010 (or more
accurately, 11x1x, since the open switches represent “don’t
care” bits) by closing the first, second and fourth switches
and setting the threshold just below a level 3. The figure
shows the output cross-correlation function for the input
sequence 10100, which will not produce a correlation peak
above the threshold at the sample time.

A set of fiber Bragg gratings (FBGs) can also be used
to construct an effective fiber-based optical correlator. An
FBG is fabricated by creating a periodic variation in the
fiber’s index of refraction for a few millimeters to a cen-
timeter of length along the fiber core [5]. Since optical fiber
is photosensitive at ultraviolet frequencies, the grating can
be written by illuminating the fiber from the side with the
interference pattern of two ultraviolet laser beams. A con-
ventional FBG acts as a reflective, wavelength-selective
filter; that is, it reflects light at a particular wavelength
that is determined by the spatial period of the index
grating, and passes light at all other wavelengths. The
bandwidth of the FBG filter depends largely on the mag-
nitude of the index variation and is typically designed to
be <100 GHz (0.8 nm) for communications applications.
A nice feature of FBG filters is that the reflection spec-
trum can be adjusted by a few nanometers via heating or
stretching of the grating. This allows one to alter the wave-
length that the FBG reflects. The reflectivity of the grating
is nearly 100% at the center of the reflected spectrum and
falls off outside the grating bandwidth. By tuning the FBG
so that the signal wavelength intersects with the rising or
falling edge of the passband, the reflected energy at that
wavelength will be reduced from 100% toward 0% as the
grating’s passband is tuned farther away.

Although it is possible to produce an optical correlator
using FBGs to simply replace the fiber mirrors described
above, the only advantage to this would be that the optical
switches could be removed and the FBGs could simply be

FBG reflectivity

~38% ~0% ~100%

Input sequence

oft 1]

oy e “qn
Correlation sequence

+ 110
11110 —» Correlation output —>—> No match

T Threshold = 2
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Figure 4. A fiber Bragg grating (FBG)—based optical correlator
in which the correlation sequence is programmed by tuning the
reflectivities of the gratings such that desired 1 bits reflect and
“don’t care” bits do not reflect. The cross-correlation output 11110
is the result of the correlation between the input sequence 011
and the programmed sequence 1x1. The output is sampled at time
Ts and a threshold detector produces a “no match” decision.

tuned not to reflect the incoming wavelength to represent
the case of an open switch. However, the fact remains that
this tapped-delay-line structure requires many separate
branches of optical fiber, each precisely cut to provide
delay differences as small as % of a bit time, which
is only 1 cm in fiber length at 10 Gbps. Using FBGs, a
more compact, producible and manageable correlator can
be produced [6]. The procedure for writing gratings into
fibers makes it relatively simple to write several FBGs
into a single fiber with precise control down to centimeter
spacings (see Fig. 4). Using separate piezoelectric crystals
or small heaters, each FBG can be independently stretched
or heated to tune its reflection spectrum. Now the tapped-
delay line may be implemented within a single piece of
fiber, again with a circulator at the input to route the
correlation output to the threshold detector. The FBG-
based correlator shown in Fig. 4 is configured to recognize
a bit pattern of 101 (or, more accurately, 1x1). This is
accomplished by writing three gratings in a row, with
center-to-center spacings equal to % of a bit time in fiber
so that the round-trip time between gratings corresponds
to a 1-bit delay. The reflectivity of the third grating is
ideally 100% since it is the last “mirror” in the series. The
reflection spectrum of the second grating is tuned away
from the incoming signal wavelength so that it will simply
transmit the light and there will be no reflection for the
2T, delay. This is the equivalent of the “open switch” in
the previous configuration. The first grating must then be
tuned to only partially reflect the incoming light so that
the remaining light can pass through to reflect off the third
grating. The reflectivity of the first grating must be chosen
carefully to guarantee that the pulses reflecting off the
first grating have power equal to that of those that reflect
off the third grating. In practice this can be determined
by repeatedly sending a single pulse into the FBG array
and observing the powers of the two, time-delayed output
pulses on an oscilloscope (the two gratings will reflect the
input pulse at different times, creating two pulses at the
output). The first FBG can then be tuned until the two
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pulses have equal power. The required reflectivities of the
gratings in the array can also be calculated. Assume that
there are n gratings in the array that represent 1 bits
and therefore must provide some partial reflection of the
incoming signal. Let the reflectivities of each grating be
R, (e.g., if R, = 0.4, then the grating will reflect 40%
of the incoming light and transmit the remaining 60%
since 1 — R, = 0.6). Then the equation to determine the
reflectivities needed to achieve equal output powers of all
the time-delayed output pulses is
R,

(1 - Rn)2
Thus, the reflectivity of the last grating in the array should
be set equal to 1, and then the reflectivities of all the
preceding gratings can be calculated using this recursive
equation. For the case shown in Fig. 4, with R3 =1, we
get Ry = (1 — Ry), which results in R; = 38%. The cross-
correlation output for the case of an input sequence of 011
is depicted in Fig. 4. Limitations of this method due to the
increasing attenuation of the signal as it makes a double
pass through the series of gratings will be discussed in the
following section.

By replacing the switches or reflectivity-tuned FBGs
in the previous configurations with phase shifters or
phase-encoded FBGs, the fiber-based optical intensity
correlators described above can be used as phase
correlators instead [7]. The holographic correlator may
also be adapted to correlate with phase-encoded signals.
For these cases, the correlation sequences are a series of
phase shifts such as 07r7 007 0x, for an 8-bit codeword.
As long as the incoming codeword contains the same
phase shifts, an autocorrelation peak will result. There
are several methods of generating optical codewords
containing such a series of phase shifts. One all-fiber
method utilizes a single FBG, 4 cm long, with seven very
thin wolfram wires (diameter = 25 pm) wrapped around
the grating every 5 mm [8]. The 5 mm spacing provides
a 50-ps round-trip delay, corresponding to 1 bit time at
20 Gbps, and the 7 wires mean that this correlator can
recognize an 8-bit phase-encoded sequence. By passing a
current through one of the wires, the FBG will be heated
at only that point in the grating, causing the signal being
reflected by the FBG to experience a phase shift at the time
delay corresponding to the location of the wire. The heat-
induced phase shift occurs because the index of refraction
of the glass fiber is temperature-sensitive. Note that only
point heating is desired here to induce the phase shifts —it
is not the aim to shift the grating’s reflection spectrum,
which would occur if the entire grating were heated. This
device may be used to both generate phase-encoded signals
at the transmitter and to correlate with them at the
receiver. The most common application of optical phase
correlators is to construct optical CDMA encoders and
decoders. One possible advantage of phase modulation
over intensity modulation is the potential for multilevel
coding. While intensity modulation coding primarily uses
on/off keying (OOK), where a 1bit is represented by
the presence of light and a 0 bit by the absence of it,
phase coding need not utilize phase shifts of only 0 and
7. For example, another article demonstrated four-level
encoding, using phase shifts of 0, 7/2, =, and 37 /2 [9].

= Rn+1 (2)

This is merely a sampling of the available optical cor-
relator designs, specifically concentrating on those that
are easily compatible with fiberoptic telecommunication
systems and provide easy-to-understand illustrations of
optical correlators. However, many other novel correlator
configurations have been developed in research labs. These
include correlators based on semiconductor optical ampli-
fiers (SOA) [10], erbium-doped fibers (EDF's) [11], optical
loop mirrors [12], and nonlinear optical crystals [13].

4. IMPLEMENTATION CHALLENGES

While the previous section detailed some of the more
common optical correlator structures, there are a number
of roadblocks facing optical correlators that keep them
from seeing wide use beyond research environments.
However, a number of advances not only begin tackling
these roadblocks but also aim to decrease the cost and
increase the commercial viability of optical correlators.

A driving motivation for research in optical signal
processing is the fact that electronics may at some
point present a bottleneck in telecommunication networks.
Optical signals in commercial networks currently carry
data at 2.5 and 10 Gbps and in research environments, at
10, 40, and even 160 Gbps. At these higher speeds, either
electronic circuits will be unable to efficiently process the
data traffic, or it may actually become more economical to
use optical alternatives. However, optical techniques also
face significant hurdles in moving to 40 Gbps and beyond.
In particular, optical correlators that rely on fiberoptic
delays require greater fabrication precision as the bit rate
rises. At 40 Gbps, a single bit time is 25 ps, corresponding
to 0.5 cm of propagation in standard optical fiber. For the
fiber-mirror-based correlator, the differences in length of
the fiber branches must equal a % of a bit time delay, or
2.5 mm —an impractically small length. The FBG-based
correlator has an additional problem in that not only must
the gratings have a center-to-center spacing of 2.5 mm at
40 Gbps, but the gratings themselves are often longer than
2.5 mm. While it is possible to make FBGs that are only
100s of micrometers long, the shorter length will make it
difficult, but not impossible, to achieve a high-reflectivity
grating with the appropriate bandwidth to reflect the
higher data-rate signal. Furthermore, there must be
some method to provide precise tuning of the closely
spaced individual FBGs. One report [14] demonstrated
a grating-based tapped-delay line correlator created from
a single FBG. A periodically spaced series of thin-film
metallic heaters were deposited on the surface of the
FBG to effectively create several tunable FBGs from one
long one. By passing individual currents through the
heaters, the reflection spectrums for the portions of the
FBG beneath the heaters are tuned away. Since the
heaters can be deposited with essentially lithographic
precision, this resolves the issue of how to precisely
fabricate and tune very closely spaced FBGs. Of course,
this technique will eventually be limited by how closely
spaced the heaters can be before thermal crosstalk
between neighboring elements becomes a significant
problem. Spectral holography is perhaps one of the more
promising techniques for higher bit rates, as it is currently
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feasible (albeit expensive) to create holographic plates
that can correlate with high-speed signals. However, the
high absorption loss of current free-space holographic
correlators at communication wavelengths remains a
roadblock to any practical implementation.

Coherence effects can also present problems in optical
correlators that utilize tapped-delay-line structures in
which the light is split into several time-delayed replicas
that are recombined at the correlator output. The
coherence time of standard telecommunication lasers
is typically tens of nanoseconds, corresponding to a
coherence length in fiber of ~2 ms. When the differential
time delay between two branches of the correlator is
less than the coherence time of the laser (which is
clearly the typical case), then the recombined signals will
coherently interfere with each other, causing large power
fluctuations in the correlation output function. This effect
destroys the correlation output and must be mitigated or
prevented in order to effectively operate the correlator.
There are a number of ways that this problem can be
solved. A polarization controller followed by a polarization
beamsplitter (PBS) can be used at the input of each 1 x 2
optical splitter/combiner to ensure that the electric field
polarizations between the two branches are orthogonal.
This will prevent coherent interference of the recombined
signals because orthogonally polarized lightbeams will
not interfere with each other. Thus, for more than
two branches, a tree structure of 1 x 2 splitters with
polarization controllers and polarization beamsplitters
can be used. Another, more manageable, solution is to
somehow convert the coherent light into an incoherent
signal before entering the correlator. One method of doing
this uses cross-gain modulation in a semiconductor optical
amplifier (SOA) to transfer the coherent data pattern
onto incoherent light, which in this case is the amplified
spontaneous emission light generated by the SOA [15].

An additional problem facing the grating-based corre-
lator is the severe optical losses associated with multiple
passes through the FBGs. This can so significantly limit
the length of the correlation sequence that it can realis-
tically correlate with before the power in the correlation
output pulses are so low that they drop below the sys-
tem noise floor. As explained before, the reflectivities of
the gratings are determined by the need to equalize the
pulses reflecting off of each grating representing a 1 bit,
while recognizing that the pulses are attenuated with
each pass through each grating. With four 1 bits in a
correlation sequence, only ~65% of the incident light is
present in the total correlation output. The rest is lost as a
result of multiple reflections within the correlator, as the
reflection off an internal grating can reflect again on the
return trip and will no longer fall within the correlation
time window. These multiple internal reflections do cause
undesired replicas of the signal to add to the correlation
output function, but they are so attenuated by the mul-
tiple reflections that they are not typically considered a
significant impairment. As the number of 1 bits increases,
the correlation sensitivity will decrease as more light is
lost to these reflections. One method to mitigate this prob-
lem is to interleave the gratings between multiple fiber
branches [6]. For the 4-bit sequence, two branches, each

with two gratings, preceded by a splitter, can be used
instead of a single row of gratings, thereby increasing the
efficiency (assuming that all gratings are 1 bits) to ~75%
of the incident light. This solution also alleviates the dif-
ficulty of spacing the gratings very closely together since
only every other grating is on each branch, at the cost of
introducing coherence effects that must be mitigated.

5. ADVANCED TOPICS

As wavelength-division-multiplexed (WDM) systems are
becoming the standard in optical networks, it is becoming
increasingly desirable to build modules that can act on
multiple wavelength channels simultaneously. To this
end, there is a growing interest in multiwavelength
optical correlators. One study of a multiwavelength
optical correlator uses sampled FBGs in a grating-based
correlator structure. The reflection spectrum of a sampled
FBG possesses multiple passbands so that it can filter
several wavelength channels simultaneously [16]. When
this type of FBG is stretched or heated, the entire
reflection spectrum shifts, causing the reflectivity at each
wavelength to experience the same variation. Thus, by
replacing the standard FBGs with sampled FBGs in the
correlator structure described previously, incoming signals
on multiple wavelengths can simultaneously be correlated
with a single correlation sequence. While it may still be
necessary to demultiplex these channels prior to detection
in order to check the correlation output for each channel,
this technique still significantly reduces the number of
components that would otherwise be required in a system
that provided a separate correlator for each wavelength.
In Section 2, we mentioned that the conventional N-bit
optical tapped-delay-line correlator cannot be configured
to uniquely identify all 2V possible bit patterns. This is
because a 0 bit is represented by an open switch or a
grating that is tuned not to reflect any light. This really
means that these bit positions are considered “don’t care”
bits and the desired autocorrelation peak will result at the
sample time whether the “don’t care” bits are 1s or Os.
This is not an issue in optical CDMA systems, where the
set of codewords can be specifically designed to maintain a
constant number of 1 bits in each codeword. However, for
applications that must be able to uniquely recognize any of
the 2V possible N-bit sequences, this situation will result
in false-positive matches whenever a 1 is present where
a 0 bit is desired. This is important for applications such
as packet header or label recognition. A solution to this
problem is to add a second correlator that is configured in
complement to the first one and produces a “match” signal
when zero power is present at the sample time. This is
accomplished by placing a Notr gate at the output of the
threshold detector which is set just above level zero. If
the power goes above the threshold, this indicates that at
least one 1 bit is present where a 0 is desired, and the NoT
gate will convert the high output to a low one to indicate
“no match” for this correlator. This correlator therefore
correlates with the desired 0 bits in the sequence and is
thus called a “zeros” correlator. Likewise, the originally
described correlator is called a “ones” correlator. In the
zeros correlator, the switches are closed for desired 0 bits
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and open otherwise (or the FBGs reflect for desired 0 bits
and are tuned away otherwise). Thus, the 1 bits are “don’t
care” bits in a zeros correlator. By combining the outputs of
the ones and zeros correlators with an anp gate, the input
sequence will only produce a final “match” signal when the
input pattern uniquely matches the desired correlation
sequence. An illustration of how the combination of a ones
and a zeros correlator can avoid false positive matches
is depicted in Fig. 5. The desired correlation sequence is
1001, meaning that the ones correlator is configured to
match a 1xx1 pattern and the zeros correlator will produce
a match for an x00x pattern. In Fig. 5a, the incoming
sequence is 1001, and so the ones and zeros correlators
both produce “match” signals, resulting in a “match” signal
at the output of the anp gate. In Fig. 5b, the input sequence
is a 1101, causing the ones correlator to still produce a
“match” signal (this would be a false-positive match if only
this correlator were used). But the undesired 1 bit in the
second time slot of the input sequence causes the power
at the sample time in the zeros correlator to go above
threshold, resulting in a “no match.” The combination of
the “match” and “no match” signals in the anD gate produce
the correct “no match” result.

6. CONCLUSION

While optical correlators currently see limited commer-
cial application, the frontier of all-optical networking is
rapidly approaching, aided by the ever-increasing demand
to transmit more bandwidth over the network core. This,
in addition to the growing interest in optical CDMA net-
works, will push designers to develop producible optical
correlators that can be dynamically adjusted to recognize
very high bit-rate sequences. For applications such as

(a) Pattern matching - “ones” and “zeros”
correlators both show a match
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(b) Pattern mismatch - false match avoided by “zeros” correlator
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Figure 5. The concept of combining 1s and Os correlators
to uniquely recognize a bit sequence and avoid false-positive
matches. The “ones” correlator tests for 1 bits in the correlation
sequence and the “zeros” correlator tests for 0 bits. The correlators
shown are configured to recognize a 1001 pattern when their
outputs are combined in an AND gate. (a) The input pattern 1001
results in a match for both correlators, producing a final “match”
decision at the output. (b) The input pattern 1101 results in a
match for the “ones” correlators but a “no match” for the “zeros”
correlator. The combination of these two outputs produces the
correct “no match” decision at the output of the AND gate.

header or label recognition, technologies that can imple-
ment huge arrays or banks of correlators to efficiently
test the incoming signal against all possible bit sequences
will be needed. Reaching these goals presents a signif-
icant engineering challenge, but research is continuing
to make progress, and optical correlators, combined with
the appropriate data coding techniques, offer great poten-
tial for bringing the ever-expanding field of optical signal
processing to light.
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DIGITAL PHASE MODULATION AND
DEMODULATION

Fuqivy Xiong

Cleveland State University
Cleveland, Ohio

1. INTRODUCTION

Digital signals or messages, such as binary 1 and 0, must
be modulated onto a high-frequency carrier before they
can be transmitted through some communication channels
such as a coaxial cable or free space. The carrier is usually
an electrical voltage signal such as a sine or cosine function
of time ¢

s(t) = Acos(2rf,t + 0)

where A is the amplitude, £, is the carrier frequency, and
0 is the initial phase. Each of them or a combination of
them can be used to carry digital messages. The total phase
®(t) = 2nf.t + 0 can also be used to carry digital messages.
The process that impresses a message onto a carrier by
associating one or more parameters of the carrier with the
message is called modulation; the process that extracts a
message from a modulated carrier is called demodulation.

There are three basic digital modulation meth-
ods: amplitude shift keying (ASK), frequency shift key-
ing (FSK), and phase shift keying (PSK). In ASK, data 1
and 0 are represented by the presence and absence of a
burst of the carrier sine wave, respectively. The burst of
the carrier that lasts a duration of a data period is called
a symbol. The frequency and phase of the carrier are kept
unchanged from symbol to symbol. In FSK, data 1 and 0
are represented by two different frequencies of the carrier,
respectively. The amplitude and phase of the carrier are
kept unchanged from symbol to symbol. In PSK, data 1
and O are represented by two different phases (e.g., 0 or
7 radians) of the carrier, respectively. The amplitude and
frequency of the carrier are kept unchanged from symbol
to symbol.

Modulation schemes are usually evaluated and com-
pared using three criteria: power efficiency, bandwidth
efficiency, and system complexity.

The bit error probability (Py), or bit error rate (BER), as
it is commonly called, of a modulation scheme is related to
E, /Ny, where E,, is the energy of the modulated carrier in
a bit duration, and Ny is the noise power spectral density.
The power efficiency of a modulation scheme is defined as
the required E; /N, for a certain bit error probability (Ps),
over an additive white Gaussian noise (AWGN) channel.

The bandwidth efficiency is defined as the number of
bits per second that can be transmitted in one hertz (1 Hz)
of system bandwidth. System bandwidth requirement
depends on different criteria. Assuming the system uses
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Nyquist (ideal rectangular) filtering at baseband, which
has the minimum bandwidth required for intersymbol-
interference (ISI)-free transmission of digital signals, then
the bandwidth at baseband is 0.5R;, where R; is the symbol
rate, and the bandwidth at carrier frequency is W = R;.
Since R; = R,/ log, M, where R, is the bit rate, for M-ary
modulation, the bandwidth efficiency is
R,

nB = W
This is called the Nyquist bandwidth efficiency. For
modulation schemes that have power density spectral
nulls such as the ones of PSK in Fig. 2, the bandwidth
may be defined as the width of the main spectral lobe.
Bandwidth efficiency based on this definition of bandwidth
is called null-to-null bandwidth efficiency. If the spectrum
of the modulated signal does not have nulls, null-to-null
bandwidth no longer exists, as in the case of continuous-
phase modulation (CPM). In this case, energy percentage
bandwidth may be used as a definition. Usually 99% is
used, even though other percentages (e.g., 90%, 95%) are
also used. Bandwidth efficiency based on this definition of
bandwidth is called percentage bandwidth efficiency.

System complexity refers to the circuit implementation
of the modulator and demodulator. Associated with the
system complexity is the cost of manufacturing, which
is, of course, a major concern in choosing a modulation
technique. Usually the demodulator is more complex than
the modulator. A coherent demodulator is much more
complex than a noncoherent demodulator since carrier
recovery is required. For some demodulation methods,
sophisticated algorithms, such as the Viterbi algorithm,
arerequired. All these are basis for complexity comparison.

In comparison with ASK and FSK, PSK achieves better
power efficiency and bandwidth efficiency. For example, in
terms of power efficiency, binary PSK is 3 dB better than
binary ASK and FSK at high signal-to-noise ratios, while
BPSK s the same as BASK and better than BFSK in terms
of bandwidth efficiency. Because of the advantages of PSK
schemes, they are widely used in satellite communications,
fixed terrestrial wireless communications, and wireless
mobile communications.

A more complex, but more efficient PSK scheme is
quadrature phase shift keying (QPSK), where the initial
phase of the modulated carrier at the start of a symbol is
any one of four evenly spaced values, say, (0, 7/2, 7, 37/2)
or (w/4,3n/4,57/4, Tr/4). In QPSK, since there are four
different phases, each symbol can represent two data bits.
For example, 00, 01, 10, and 11 can be represented by
0,7/2,7, and 37/2, respectively. In general, assuming
that the PSK scheme has M initial phases, known as M-
ary PSK or MPSK, the number of bits represented by a
symbol is n = log, M. Thus each 8-PSK symbol represents
3 bits, each 16-PSK symbol represents 4 bits, and so on.

As the order (M) of the PSK scheme is increased, the
bandwidth efficiency is increased. In terms of null-to-null
bandwidth, which is often used for PSK schemes, the
efficiency is

R, R, R, 1

"= W T 2R, T 2R,/log, M 2

(bps/Hz) (null-to-null)

logo, M (bps/Hz) (Nyquist)

logy, M

Thus the bandwidth efficiencies of BPSK, QPSK, 8-PSK,
and 16-PSK are 0.5, 1, 1.5, and 2 bps/Hz.

Using the bandwidth efficiency, the bit rate that can be
supported by a system bandwidth can be easily calculated.
From above we have

Ry = ngW

For example, for a satellite transponder that has a
bandwidth of 36 MHz, assuming that Nyquist filtering
is achieved in the system, the bit rate will be 36 Mbps
for BPSK, 72 Mbps for QPSK, and so on. If null-to-null
bandwidth is required in the system, the bit rate will be
18 Mbps for BPSK, 36 Mbps for QPSK, and so on. Practical
systems may achieve bit rates somewhere between these
two sets of values.

In this article, we first describe the commonly used class
of PSK schemes, that is, MPSK. Then BPSK and QPSK
are treated as special cases of MPSK. Next, differential
PSK schemes are introduced, which are particularly useful
in channels where coherent demodulation is difficult or
impossible, such as fading channels. At the end of this
article, advanced phase modulation schemes, such as
offset QPSK (OQPSK), 7 /4-DQPSK, and continuous-phase
modulation (CPM), including multi-h CPM, are briefly
introduced. A future trend in phase modulation is in the
direction of CPM and multi-A CPM.

2. PSK SCHEMES AND THEIR PERFORMANCE

2.1. Signal Waveforms

In PSK, binary data are grouped into n bits in a group,
called n-tuples or symbols. There are M = 2" possible
n-tuples. When each n-tuple is used to control the
phase of the carrier for a period of T, M-ary phase
shift keying (MPSK) is formed. The MPSK signal set is
defined as

0<t<T, 1=1,2,....M
1)
where A is the amplitude, f. is the frequency of the

carrier, and

s;(t) = A cos(2nf,t +6;),

_ 2i — D
==

are the (initial) phases of the signals. Note that 6; are
equally spaced. Each signal s;(t) is a burst of carrier
of period T, called a symbol waveform. Each symbol
waveform has a unique phase that corresponds to a n-
tuple; or, in other words, each n-tuple is represented
by a symbol waveform with a unique phase. When the
PSK signal is transmitted and received, the demodulator
detects the phase of each symbol. On the basis of
phase information, the corresponding n-tuple is recovered.
Except for the phase difference, the M symbol waveforms
in MPSK have the same amplitude (A), the same
frequency (f.), and the same energy:
AT

T
E:/ st dt = —, i=12,....M
0 2

0;

The simplest PSK scheme is binary phase shift key-
ing (BPSK), where binary data (1 and 0) are represented



by two symbols with different phases. This is the case
when M = 2 in MPSK. Typically these two phases are 0
and 7. Then the two symbols are +A cos 2rf.¢, which are
said to be antipodal.

If binary data are grouped into 2 bits per group, called
dibits, there are four possible dibits: 00, 01, 10, and 11.
If each dibit is used to control the phase of the carrier,
then we have quadrature phase shift keying (QPSK). This
is the case when M =4 in MPSK. Typically, the initial
signal phases are 7/4, 37 /4, 57 /4, and 7w /4. Each phase
corresponds to a dibit. QPSK is the most often used
scheme since its BER performance is the same while the
bandwidth efficiency is doubled in comparison with BPSK,
as will be seen shortly.

2.2,

It is well known that sine-wave signals can be represented
by phasors. The phasor’s magnitude is the amplitude
of the sine-wave signal; its angle with respect to the
horizontal axis is the phase of the sine-wave signal. In a
similar way, signals of modulation schemes, including PSK
schemes, can be represented by phasors. The graph that
shows the phasors of all symbols in a modulation scheme
is called a signal constellation. It is a very convenient
tool for visualizing and describing all symbols and their
relationship in the modulation scheme. It is also a powerful
tool for analyzing the performance of the modulation
scheme.
The PSK waveform can be written as

Signal Constellations

8;(t) = A cos 0; cos 2nf.t — A sin6; sin 2rf t 2)
= 8;101(8) + Si2¢2(?), 0<t<T, i=12,....M
where
2
1) = \/;cos 2 f.t, 0<t<T 3)
2 .
da(t) = —\/;sm2rrfct, 0<t<T 4)
are two orthonormal basis functions and
T
s = / si()p1(t) dt = VE cos 6; 5)
0
T
Sip = / si()po(t) dt = VE sin6; (6)
0

are the projections of the signal onto the basis functions.
The phase is related with s;; and s;2 as
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Thus PSK signals can be graphically represented by
a signal constellation in a two-dimensional coordinate
system with the two orthonormal basis functions in
Egs. (5) and (6), ¢1(t) and ¢2(t), as its horizontal and
vertical axes, respectively (Fig. 1). Each signal s;(¢) is
represented by a point (s;1,S;2), or a vector from the
origin to this point, in the two coordinates. The polar
coordinates of the signal are (vVE, 6;); that is, the signal
vector’s magnitude is +/E and its angle with respect to the
horizontal axis is 6;. The signal points are equally spaced
on a circle of radius +E and centered at the origin. The
bits-signal mapping could be arbitrary provided that the
mapping is one-to-one. However, a method called Gray
coding is usually used in signal assignment in MPSK.
Gray coding assigns n-tuples with only one-bit difference
in two adjacent signals in the constellation. When an M-
ary symbol error occurs because of the presence of noise,
it is most likely that the signal is detected as the adjacent
signal on the constellation; thus only one of the n input
bits is in error. Figure 1 shows the constellations of BPSK,
QPSK, and 8-PSK, where Gray coding is used for bit
assignment.

2.3. Power Spectral Density

The power spectral density (PSD) of a signal shows the
signal power distribution as a function of frequency. It
provides very important information about the relative
strength of the frequency components in the signal, which,
in turn, determines the bandwidth requirement of the
communication system.

The power spectral density of a bandpass signal, such
as a PSK signal, is centered about its carrier frequency.
Moving the center frequency down to zero, we obtain the
baseband signal PSD, which completely characterizes the
signal [1-3]. The baseband PSD expression of MPSK can
be expressed as [3]

o aem (SinTfT 2_ 5 sinfnTy\>
o= () s (S

where T} is the bit duration, n = log, M. Figure 2 shows
the PSDs (A = /2 and T, = 1 for unit bit energy: E, = 1)
for different values of M where the frequency axis is
normalized to the bit rate (fT%). From the figure we can
see that the bandwidth decreases with M, or in other
words, the bandwidth efficiency increases with M. The
Nyquist bandwidth is

; 1 R
_ tan—1 52 Byquist =~ =
6 = tan Si1 Nyquist nTy, log,M
(a) D,(1) (b) @(1) (c) Dy(t) o
010 110 < ¢
01e R ® S,® 7 \27T§
S | E-, 011 S5 |72 Ti1ifr 4
0;92 1 ;91 A, Z *s, L 3120§ \
—~E 0 NE ©q(1) 0 D4(1) ® S5 0 Sge  @4(1)
S s 001 101
000 3 49 .SG 87’
10 000 100 Figure 1. PSK constellations: (a) BPSK;
(b) QPSK; (c) 8PSK.
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¥(f) -20
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Figure 2. PSDs of MPSK: (a) linear; (b) logarithmic.

51(t), T= nTb ®
/g cos 2nf,t
i Level * i
n bits of {a,} MPSK signal
——»{ (Qgenerator Osc. <z>—>
(si1:812) n
/2

- F sin 2xf,t
Figure 3. MPSK modulator (Osc. = oscil- T
lator). (From Ref. 3, copyright © 2000 (), T=nT,

Artech House.)

This translates to the Nyquist bandwidth efficiency of
logy, M. The null-to-null bandwidth is

2 _ 2R,
nT, log, M

Bnullfto—null =

This translates to a bandwidth efficiency of 0.5log, M,
which is half of that of the Nyquist bandwidth efficiency.
Practical systems can achieve bandwidth efficiencies
between these two values.

2.4. Modulator and Demodulator

Over the entire time axis, we can write MPSK signal as

s(t) = sl(t)\/g cos 2 f,t — sz(t)\/g sin 27 f.t,

—00 <t <00 ()
where
s1) = VE ) cos(@)p(t —kT) )
k=—0c0
s2() =VE Y sin(@)p(t — kT) (10)

k=—00

where 6, is one of the M phases determined by the input
binary n-tuple and p(¢) is the rectangular pulse with unit

amplitude defined on [0, T']. Expression (8) requires that
the carrier frequency be an integer multiple of the symbol
timing so that the initial phase of the signal in any symbol
period is 6.

Since MPSK signals are two-dimensional, for M > 4,
the modulator can be implemented by a quadrature
modulator (Fig. 3), where the upper branch is called the
in-phase channel or I channel, and the lower branch is
called the quadrature channel or the @ channel. The only
difference for different values of M is the level generator.
Each n-tuple of the input bits is used to control the
level generator. It provides the I and @ channels the
particular sign and level for a signal’s horizontal and
vertical coordinates, respectively.

Modern technology intends to use completely digital
devices. In such an environment, MPSK signals are
digitally synthesized and fed to a D/A (digital-to-analog)
converter whose output is the desired phase-modulated
signal.

The coherent demodulation of MPSK is shown in
Fig. 4. The input to the demodulator is the received
signal r(¢) = s;(¢) + n(¢), where n(t) is the additive white
Gaussian noise (AWGN). There are two correlators, each
consisting of a multiplier and an integrator. The carrier
recovery (CR) block synchronizes the reference signals
for the multipliers with the transmitted carrier in
frequency and phase. This makes the demodulation



® (k+1)T Mk
| dt
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Ecos 2nf t
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CR tan-1-—

A
‘ei_ek

Choose | .
the —I>
smallest

Ik
- I% sin 27f,t
(k+)T
% ) I dt
kT rak

coherent and ensures the lowest bit error probability. The
correlators correlate r(¢) with the two reference signals.
Because of the orthogonality of the two components of
the PSK signal, each correlator produces an output as
follows:

T T
ry= / rt)¢:1(t)dt = f [s®) +n@®lp1(t) dt =si1 +nq
0 0
T T
ry = / r(t)ga(t) dt = / [s(®) +n@®)]g2(t) dt = si2 + 12
0 0

where s;; and s;; are given as in Eqgs.(5) and (6),
respectively, and n; and ne are noise output. In Fig. 4
the subscript & indicates the kth symbol period.

Define
A a2

ry

9 2 tan

In the absence of noise, 9 =tan™! ro/ri =tan"lsio/si1 = 6;;
that is, the PSK signal’s phase information is completely
recoverable in the absence of noise. With noise, 6 will
deviate from 6;. To recover 6;, the 6 difference with all b;
are compared and the 6; that incurs the smallest |6; — | is
chosen.

The modulator and demodulator for BPSK and QPSK
can be simplified from Figs. 3 and 4. For BPSK, since
there is only I-channel component in the signal, the
modulator is particularly simple: only the I channel
is needed (Fig. 5a). The binary data (0,1) are mapped
into (—1,1), which are represented by non-return-to-
zero (NRZ) waveform a(¢), which is equivalent to Eq. (9).
This NRZ waveform is multiplied with the carrier, and
the result is the antipodal BPSK signal. The BPSK
demodulator needs only one channel, too, as shown in
Fig. 5b. In the absence of noise, the correlator output /
is directly proportional to the data. Then / is compared
with threshold zero, if [ > 0 the data bit is 1; otherwise
it is 0.

For QPSK, since it is equivalent to two parallel BPSK
signals, the modulator can be simplified as shown in
Fig. 6a, where I(¢#) and Q(¢) are equivalent to Egs. (9)
and (10), respectively, except for a constant factor; the
level generator is simply a serial-to-parallel converter.
The demodulator is shown in Fig. 6b, which is simply a
pair of two parallel BPSK demodulators.

Figure 4. Coherent MPSK demodulator using
two correlators. (From Ref. 3, copyright © 2000
Artech House.)

(@ Ppolar NRZ source a(t)
(=1, +1)

Aa(t)cos 2rf,t

Acos 2xf,t

Osc.

(b)

1
o J(k+1)T / 0 [ [1or0

kT o J 0

cos 2nf,t

CR

Figure 5. BPSK modulator (a); coherent BPSK demodulator (b).
(From Ref. 3, copyright © 2000 Artech House.)

For M > 4, the general modulator and demodulator
must be used.

2.5. Symbol and Bit Error Probability

In the demodulator shown in Fig. 4, a symbol error
occurs when the estimated phase ¢ is such that the
phase deviation |¢| =10 —6;| > n/M (see Fig. 1c). Thus

the symbol error probability of MPSK is given by

/M
P =1 —f p@) do (11
—n/M

It can be shown that p(¢) is given by [3]

e E/No 7E

— 1 = (E/Np) cos® ¢
p(p) o + N, (cos p)e
| E
x |14+ erf ]Vo cos @ 12)
where : .
erf (x) 2 N / e du (13)
0

is the error function.
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(a) Polar NRZz, I(t) ®
(-1,+1), T=2T,
écos 2nf,t
Polar NRZ source + '
a(t) ——— S/P Osc. CZ QPSK signal
(-1,+1), Ty > A )
2
A
— =sin 2nf,t
(-1, +1), T=2T, 2 °

Polar NRZ, Q(t)

&

(b)

® J.(k+1)T Ik 01
i ]

o

/gcos 2nf,t

CR

—\/g sin 2rf,t

Output

binary data
[ ps —

(k+1)T 17
® '[kT o rog OJ 0

Figure 6. (a) QPSK modulator; (b) QPSK demodulator. (From Ref. 3, copyright © 2000 Artech House.)

When M = 2, (11) results in the formula for the symbol
(and bit) error probability of BPSK:

2E,
N ) (BPSK) (14)

P s = P b = Q (
where the E, is the bit energy, which is also equal to the
symbol energy E since a bit is represented by a symbol in
BPSK, and

Q) = / N —é_eﬂzﬂ) du (15)

T

is called the @ function.
When M = 4 [Eq. (11)] results in the formula for QPSK:

2
2Eb 2Eb

P, =2 — | - [ — 16

Since the demodulator of QPSK is simply a pair of two

parallel BPSK demodulators, the bit error probability is
the same as that of BPSK:

neo(ff) @

Recall that QPSK’s bandwidth efficiency is double that
of BPSK. This makes QPSK a preferred choice over BPSK
in many systems.

For M > 4, expression (11) cannot be evaluated in a
closed form. However, the symbol error probability can be
obtained by numerically integrating (11).

Figure 7 shows the graphs of P, for M = 2,4, 8, 16,
and 32 given by the exact expression (11). Beyond
M =4, doubling the number of phases, or increasing
the n-tuples represented by the phases by one bit,
requires a substantial increase in E,/N, [or signal-to-
noise ratio (SNR)]. For example, at P, = 107°, the SNR
difference between M =4 and M = 8 is approximately
4 dB, the difference between M =8 and M =16 is
approximately 5 dB. For large values of M, doubling the
number of phases requires an SNR increase of 6 dB to
maintain the same performance.

For E/Ny > 1, we can obtain an approximation of the
P; expression as

P, ~2Q ( /]271?: sin zlv_r) (18)

Note that only the high signal-to-noise ratio assumption
is needed for the approximation. Therefore (18) is good for
any values of M, even though it is not needed for M = 2
and 4 since precise formulas are available.

The bit error rate can be related to the symbol error
rate by

P

Py~ ——
b logy, M

19)
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Figure 7. P; of MPSK (solid lines) and DMPSK (dotted lines).
(From Ref. 3, copyright © 2000 Artech House.)

for Gray-coded MPSK signals, since the most likely
erroneous symbols are the adjacent signals that differ
by only one bit.

Because of the substantial increase in SNR to maintain
the same BER for larger M, higher-order PSK schemes
beyond 8-PSK are not very often used. If further higher
bandwidth efficiency is desired, quadrature amplitude
modulation (QAM), which is a combination of phase
and amplitude modulation, is a preferable choice over
MPSK. For the same bandwidth efficiency, QAM delivers
better power efficiency for M > 4 (see Section 8.7 of
Ref. 3). However, QAM needs to preserve its amplitude
through the transmitter stages. This can be difficult when
nonlinear power amplifiers, such as traveling-wave-tube
amplifiers (TWTAs) in satellite transponders, are used.
QAM is widely used in telephone-line modems.

3. DIFFERENTIAL PSK SCHEMES

Differential encoding of a binary data sequence converts
the original sequence into a new sequence of which each bit
is determined by the difference of the current uncoded bit
and the previous coded bit. Differential coding is needed
in situations where coherent demodulation is difficult or
phase ambiguity is a problem in carrier recovery. BPSK,
QPSK, and MPSK all can be differentially coded.

3.1. Differential BPSK

We denote differentially encoded BPSK as DEBPSK.
Figure 8a depicts the DEBPSK modulator. A DEBPSK
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signal can be coherently demodulated or differentially
demodulated. We denote the modulation scheme that
uses differential encoding and differential demodulation
as DBPSK, which is sometimes simply called DPSK.

DBPSK does not require a coherent reference signal.
Figure 8b shows a simple, but suboptimum, differential
demodulator that uses the previous symbol as the
reference for demodulating the current symbol. (This is
commonly referred to as a DPSK demodulator. Another
DPSK demodulator is the optimum differentially coherent
demodulator. Differentially encoded PSK can also be
coherently detected. These will be discussed shortly.) The
front-end bandpass filter reduces the noise power but
preserves the phase of the signal. The integrator can
be replaced by a LPF (lowpass filter). The output of the
integrator is

(k+1)T
= / rrE—T)dt

kT

In the absence of noise and other channel impairment

k+1)T .
_ | Ey ifspt) = sp1 (@)
= /kT s (@)ss-1(8) df = { _Eyifsi() = —sp1(t)

where s (t) and s;_1(¢) are the current and the previous
symbols. The integrator output is positive if the current
signal is the same as the previous one; otherwise the out-
put is negative. This is to say that the demodulator makes
decisions based on the difference between the two signals.
Thus the information data must be encoded as the differ-
ence between adjacent signals, which is exactly what the
differential encoding can accomplish. The encoding rule is

dr =a, ®dp1

where @ denotes modulo-2 addition. Inversely, we can
recover aj from dj, using

ar=dp, ®dp1

If d;, and dj_; are the same, then they represent a 1 of a;.
If d; and d;,_; are different, they represent a 0 of a.

The demodulator in Fig. 8 is suboptimum, since the
reference signal is the previous symbol, which is noisy.
The optimum noncoherent, or differentially coherent,
demodulation of DEBPSK is given in Fig. 9. The derivation
of this demodulator and its BER performance can be
found in Ref. 3. Note that the demodulator of Fig. 9 does
not require phase synchronization between the reference
signals and the received signal. But it does require the
reference frequency be the same as that of the received
signal. Therefore the suboptimum receiver in Fig. 8b is
more practical. Its error performance is slightly inferior to
that of the optimum receiver.

The performance of the optimum receiver in Fig. 9 is
given by

Py = %e*Eb/NO (optimum DBPSK) (20)

The performance of the suboptimum receiver is given
by Park [4]. It is shown that if an ideal narrowband IF
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Figure 8. DBPSK modulator (a) and demodulator (b). (From Ref. 3, copyright © 2000 Artech House.)
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Figure 9. Optimum  demodulator  for J(k+1)7dt
DBPSK. (From Ref. 3, copyright © 2000 CQ kT 'Zk
Artech House.)
(intermediate-frequency) filter with bandwidth W is placed 1 T T
before the correlator in Fig. 8b, the bit error probability is
1 0.5 01 S~ Suboptimum 1
P, = 59_0'76E5/N° for W = v (suboptimum DBPSK) e, \/ DBPSK
(21) N
or oot \\\ Optimum DBPSK
1 osmyn, 0.57 . \\\
Py, = 56 BE/No  for W = w (suboptimum DBPSK) S
(22) 1.107° AN\
which amounts to a loss of 1.2 and 1 dB, respectively, with Coherent KA
respect to the optimum. If an ideal wideband IF filter is DEBPSK AR \
used, then Pp 11074 \ T
E 1
Py~ Q ]7’; for W > 1105 s
1 _E, /2N, 1406 Coherent BPSK \ |
~-— 90 .
Zﬁ\/ Eb/2N0 \
1
for W > - (suboptimum DBPSK)  (23) 11071 \ -
A\
W\
The typical value of W is 1.5/T. If W is too large or . | "-._“ \
too small, Eq.(23) does not hold [4]. The P, for the 1107, 5 10 15

wideband suboptimum receiver is about 2 dB worse than
the optimum at high SNR. The bandwidth should be
chosen as 0.57/T for the best performance. P, curves of
DBPSK are shown in Fig. 10.

E, /Ny (dB)

Figure 10. P of differential BPSK in comparison with coherent
BPSK scheme. (From Ref. 3, copyright © 2000 Artech House.)



A differentially encoded BPSK signal can also be
demodulated coherently (denoted as DEBPSK). It is
used when the purpose of differential encoding is to
eliminate phase ambiguity in the carrier recovery circuit
for coherent PSK (see Section 4.10 of Ref. 3). This is rarely
denoted by the acronym DBPSK. DBPSK refers to the
scheme of differential encoding and differentially coherent
demodulation as we have discussed above.

In the case of DEBPSK, the bit error probability (Py) of
the final decoded sequence {a;} is related to the bit error
probability (Pyq) of the demodulated encoded sequence
{d:} by

Py, =2Py,g(1—Ppg) (24)

(see Section 2.4.1 of Ref. 3). Substituting P4 as in (14)
into Eq. (24), we have

P, =2Q ( ZFEOZ’) [1 -Q ( /ZFE:)} (DEBPSK) (25)

for coherently detected differentially encoded PSK. For
large SNR, this is just about 2 times that of coherent
BPSK without differential encoding.

Finally we need to say a few words about the
power spectral density of differentially encoded BPSK.
Since the difference of differentially encoded BPSK from
BPSK is differential encoding, which always produces
an asymptotically equally likely data sequence (see
Section 2.1 of Ref. 3), the PSD of the differentially encoded
BPSK is the same as BPSK, in which we assume that its
data sequence is equally likely. However, it is worthwhile
to point out that if the data sequence is not equally likely,
the PSD of the BPSK is not the one in Fig. 2, but the PSD
of the differentially encoded PSK is still the one in Fig. 2.

3.2. Differential QPSK and MPSK

The principles of differential BPSK can be extended to
MPSK, including QPSK. In differential MPSK, informa-
tion bits are first differentially encoded. Then the encoded
bits are used to modulate the carrier to produce the dif-
ferentially encoded MPSK (DEMPSK) signal stream. In
a DEMPSK signal stream, information is carried by the
phase difference A6; between two consecutive symbols.
There are M different values of Af;; each represents an
n-tuple (n = log, M) of information bits.

In light of the modern digital technology, DEMPSK
signals can be generated by digital frequency synthesis
technique. A phase change from one symbol to the next is
simply controlled by the n-tuple that is represented by the
phase change. This technique is particularly suitable for
large values of M.

Demodulation of DEMPSK signal is similar to that of
differential BPSK [3]. The symbol error probability of the
differentially coherent demodulator is approximated by

P, ~2Q ( /227]? sin ﬁ) (optimum DMPSK)  (26)

for large SNR [6,7]. The exact curves are given as
dotted lines in Fig.7 together with those of coherent
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MPSK. Compared with coherent MPSK, asymptotically
the DMPSK requires 3 dB more SNR to achieve the same
error performance.

4. OTHER PSK SCHEMES

4.1. Offset QPSK

Offset QPSK (OQPSK) is devised to avoid the 180° phase
shifts in QPSK [3,5]. OQPSK is essentially the same as
QPSK except that the I- and @-channel pulsetrains are
staggered. The OQPSK signal can be written as

s(t) = %I(t) cos 2rf .t

A T\ .

ﬂQ <t 2) sin 27 f.t, oo <t<oo (27)
The modulator and the demodulator of OQPSK are
basically identical to those of QPSK, except that an extra
delay of T'/2 seconds is inserted in the @ channel in the
modulator and in the I channel in the demodulator.

Since OQPSK differs from QPSK only by a delay in the
@-channel signal, its power spectral density is the same as
that of QPSK, and its error performance is also the same
as that of QPSK.

In comparison to QPSK, OQPSK signals are less
susceptible to spectral sidelobe restoration in satellite
transmitters. In satellite transmitters, modulated signals
must be band-limited by a bandpass filter in order to
conform to out-of-band emission standards. The filtering
degrades the constant-envelope property of QPSK, and
the 180° phase shifts in QPSK cause the envelope to go
to zero momentarily. When this signal is amplified by the
final stage, usually a highly nonlinear power amplifier, the
constant envelope will be restored. But at the same time
the sidelobes will be restored. Note that arranging the
bandpass filter after the power amplifier is not feasible
since the bandwidth is very narrow compared with the
carrier frequency. Hence the @ value of the filter must
be extremely high such that it cannot be implemented
by the current technology. In OQPSK, since the 180°
phase shifts no longer exist, the sidelobe restoration is
less severe.

4.2. m/4-DQPSK

Although OQPSK can reduce spectral restoration caused
by a nonlinearity in the power amplifier, it cannot be
differentially encoded and decoded. 7/4-DQPSK is a
scheme that not only has no 180° phase shifts like
OQPSK but also can be differentially demodulated.
These properties make it particularly suitable for mobile
communications where differential demodulation can
reduce the adversary effects of the fading channel. 7 /4-
DQPSK has been adopted as the standard for the digital
cellular telephone system in the United States and Japan.

7/4-DQPSK is a form of differential QPSK. The
correspondence between data bits and symbol phase
difference are shown as follows.

L, g 11 -11 -1 -1 1 -1
Ay, /4 3r/4 —3r/4 —/4




718 DIGITAL PHASE MODULATION AND DEMODULATION

sin 27 f,t

cos 2nf,t

Figure 11. 7/4-DQPSK signal constellation. (From Ref. 3, copy-
right © 2000 Artech House.)

We can see that the phase changes are confined to odd-
number multiples of 7/4(45°). There are no phase changes
of 90° or 180°. In addition, information is carried by the
phase changes A6, not the absolute phase ®;. The signal
constellation is shown in Fig. 11. The angle of a vector
(or symbol) with respect to the positive direction of the
horizontal axis is the symbol phase ®;. The symbols
represented by e can become symbols represented only
by x, and vice versa. Transitions among themselves are
not possible. The phase change from one symbol to the
other is Ag.

Since information is carried by the phase changes
Ay, differentially coherent demodulation can be used.
However, coherent demodulation is desirable when higher
power efficiency is required. There are four ways to
demodulate a 7/4-DQPSK signal: baseband differential
detection, IF band differential detection, FM-discriminator
detection, and coherent detection. The error probability
of the 7/4-DQPSK in the AWGN channel is about 2 dB
inferior to that of coherent QPSK at high SNRs [3,8].

4.3. Continuous-Phase Modulation

The trend of phase modulation is shifting to continuous-
phase modulation (CPM), which is a class of power- and
bandwidth-efficient modulations. With proper choice of
pulseshapes and other parameters, CPM schemes may
achieve higher bandwidth and power efficiency than QPSK
and higher-order MPSK schemes.
The CPM signal is defined by

s(t) = Acos@rf.t + ®(t,a)), —o0<t<o0 (28)
The signal amplitude is constant. Unlike signals of
previously defined modulation schemes such as PSK,
where signals are usually defined on a symbol interval,
this signal is defined on the entire time axis. This is due to

the continuous, time-varying phase ®(¢, a), which usually
is influenced by more than one symbol. The transmitted
M-ary symbol sequence a = {a;,} is embedded in the excess
phase

®(t,a) = 2nh Z arq@ — kT) (29)
k=—00
with
t
q(t) = / g(v)dr (30)

where g(¢) is a selected pulseshape. The M-ary data a; may
take any of the M values: +1,+3,...,£(M — 1), where M
usually is a power of 2. The phase is proportional to
the parameter A which is called the modulation index.
Phase function ¢(¢), together with modulation index A and
input symbols a;, determine how the phase changes with
time. The derivative of ¢(¢) is function g(¢), which is the
frequency shape pulse. The function g(¢) usually has a
smooth pulseshape over a finite time interval 0 <¢ < LT,
and is zero outside. When L = 1, we have a full-response
pulseshape since the entire pulse is in a symbol time 7'.
When L > 1, we have a partial-response pulseshape since
only part of the pulse is in a symbol time 7.

The modulation index A can be any real number
in principle. However, for development of practical
maximum-likelihood CPM detectors, & should be chosen
as a rational number.

Popular frequency shape pulses are the rectangular
pulse, the raised-cosine pulse, and the Gaussian pulse.
The well-known Gaussian minimum shift keying (GMSK)
is a CPM scheme that uses the Gaussian frequency pulse:

® 1 Qth_g QZBH_g
= — T — T 5
g 2T b«/1n2 " /In2

0<BT<1 (31)

where B, is the 3-dB bandwidth of the premodulation
Gaussian filter, which implements the Gaussian pulse
effect [9]. GMSK is currently used in the U.S. cellular
digital packet data system and the European GSM system.
If the modulation index 4 is made to change cyclically,
then we obtain multi-h CPM (or MHPM); the phase is

®(t.a) =21 Y haq(t — kT) (32)

k=—0c

where the index h; cyclically changes from symbol to
symbol with a period of K, but only one index is used during
one symbol interval, that is, hq, he, ..., hg, h1, ke, ..., kg,
and so on. With proper choice of the index set and
pulseshape, MHPM can be more power- and bandwidth-
efficient than single-h CPM.

The major drawback of CPM and MHPM is the
system complexity, especially the circuit complexity and
the computational complexity of the demodulator, since
optimum demodulation of CPM and MHPM requires
complicated maximum-likelihood sequence estimation [3].
However, with the rapid advances in microelectronics and



digital signal processing power of the electronic devices,
the practical implementation and use of CPM and MHPM
is quickly emerging.

Significant contributions to CPM schemes, including
signal design, spectral and error performance analysis
were made by Sundberg, Aulin, Svensson, and Anderson,
among other authors [10—13]. Excellent treatment of CPM
up to 1986 can be found in the book by Anderson, et al. [13]
or the article by Sundberg [10]. A relatively concise, but
up-to-date, description of CPM and MHPM can be found
in Ref. 3.

BIOGRAPHY

Fuqin Xiong received his B.S. and M.S. degrees in elec-
tronics engineering from Tsinghua University, Beijing,
China, and a Ph.D. degree in electrical engineering from
University of Manitoba, Winnipeg, Manitoba, Canada,
in 1970, 1982, and 1989, respectively. He was a fac-
ulty member at the Department of Radio and Electronics
in Tsinghua University from 1970 to 1984. He joined
the Department of Electrical and Computer Engineering,
Cleveland State University, Ohio, as an assistant profes-
sor in 1990, where he is currently a full professor and
director of the Digital Communications. Research Labora-
tory. He was a visiting scholar at University of Manitoba
in 1984-1985, visiting fellow at City University of Hong
Kong, Kowloon, in spring 1997, and visiting professor
at Tsinghua University in summer 1997. His areas of
research are modulation and error control coding. He is the
author of the best selling book Digital Modulation Tech-
niques, published by Artech House, 2000. He is an active
contributor of technical papers to various IEEE and IEE
technical journals and IEEE conferences. He has been a
reviewer for IEEE and IEE technical journals for years. He
has been the principal investigator for several NASA spon-
sored research projects. He is a senior member of IEEE.

BIBLIOGRAPHY

1. J. G. Proakis, Digital Communications, 2nd ed., McGraw-
Hill, New York, 1989.

2. S. Haykin, Digital Communications, Wiley, New York, 1988.

3. F. Xiong, Digital Modulation Techniques, Artech House,
Boston, 2000.

4. J. H. Park, Jr., On binary DPSK detection, IEEE Trans.
Commun. 26(4): 484—486 (April 1978).

5. B. Sklar, Digital Communications, Fundamentals and Appli-
cations, Prentice-Hall, Englewood Cliffs, NJ, 1988.

6. S. Benedetto, E. Biglieri, and V. Castellani, Digital Trans-
mission Theory, Prentice-Hall, Englewood Cliffs, NJ, 1987.

7. K. M. Simon, S. M. Hinedi, and W. C. Lindsey, Digital Com-
munication Techniques, Signal Design and Detection,
Prentice-Hall, Englewood Cliffs, NJ, 1995.

8. C.L.Liu and K. Feher, 7/4-QPSK Modems for satellite
sound/data broadcast systems, IEEE Trans. Broadcast.
(March 1991).

9. G. Stiiber, Principle of Mobile Communication, Kluwer,
Boston, 1996.

DISTRIBUTED INTELLIGENT NETWORKS 719

10. C-E. Sundberg, Continuous phase modulation: A class of
jointly power and bandwidth efficient digital modulation
schemes with constant amplitude, IEEE Commun. Mag.
24(4): 25—38 (April 1986).

11. T. Aulin and C-E. Sundberg, Continuous phase modula-
tion — part I: Full response signaling, IEEE Trans. Commun.
29(3): 196—206 (March 1981).

12. T. Aulin, N. Rydbeck, and C-E. Sundberg, Continuous phase
modulation —Part II: Partial response signaling, IEEE
Trans. Commun. 29(3): 210—-225 (March 1981).

13. J. B. Anderson, T. Aulin, and C-E. Sundberg, Digital Phase
Modulation, Plenum, New York, 1986.

DISTRIBUTED INTELLIGENT NETWORKS

Iakovos S. VENIERIS
MEeNELAOS K. PERDIKEAS
National Technical University
of Athens

Athens, Greece

1. DEFINITION AND CHARACTERISTICS OF THE
DISTRIBUTED INTELLIGENT NETWORK

The distributed intelligent network represents the next
stage of the evolution of the intelligent network (IN)
concept. The term corresponds to no specific technology
or implementation but rather is used to refer, collectively,
to a family of architectural approaches for the provisioning
of telecommunication services that are characterized by:
use of distributed, object oriented and, potentially, mobile
code technologies, and a more open platform for service
provisioning.

The intelligent network [1] first emerged around 1980
when value-added services that had previously been
offered only on a private branch exchange basis involving
mainly corporate users, first begun to be made available
on the public network as well. The problem was that
the only way that new services could be introduced
using the infrastructure of the time required upgrading
a large number of deployed telephone switches. In the
first available programmable switches, services resided
in the memory space of each switch and service view
was therefore local. Thus, each installed service provided
a number of additional features on the switch it was
installed and so could be provided only for those telephone
calls that were routed through that particular switch.
A certain switch could have a number of services
implemented in it, while others could have different
sets or none. Also, there was no guarantee that the
implementation of a service would behave in the same way,
uniformly across switches coming from different vendors.
This was the era of the “switch-based services.”

New services therefore could not be provided nation-
wide simultaneously and often even when all involved
switches had been upgraded, different service dialects
existed as a result of the heterogeneity of the equipment
and the unavoidable discrepancies between the implemen-
tation of the same service in switches provided by different
vendors. These problems were further aggravated by the
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need to guard against undesirable feature interaction
problems: a process that even now cannot be automated
or tackled with, in a systematic, algorithmic manner and
usually involves manually checking through hundreds or
even thousands of possible service feature combinations.
Since this process had to also account for the different ser-
vice dialects, each service that was added to the network
increased the complexity in a combinatorial manner.

The result was that service introduction soon became
so costly that new services could be provided only
infrequently. The intelligent network idea sought to
alleviate these problems. The key concept was to separate
the resources (public telephony switches) from the logic
that managed them. Once this was achieved, the logic
could be installed in a central location called “service
control point” and from there, operate on the switches
under its control. Service introduction would consist
simply in the installation of a new software component
in the service control point and would therefore take
effect immediately once this was completed and once
involved switches were configured to recognize the new
service prefixes. Once a switch identified an “intelligent
network call,” that is, a call prefixed with a number
corresponding to an IN service (e.g., 0800 numbers),
it would suspend call processing and request further
instructions on how to proceed from the remotely located
service or service logic program. No other logic therefore
needed to be installed in the switches apart from a generic
facility for recognizing such IN calls and participating in
the interaction with the remotely located service logic
programs. This interaction consisted of notifying the
service logic programs of intelligent network calls or
other important call events, receiving instructions from
them, and putting these instructions into effect by issuing
the appropriate signaling messages toward the terminals
that requested the IN service or towards other resources
involved in the provisioning of the service. Typical
resources of the latter kind were intelligent peripherals
and specialized resource functions where recorded service
messages were and still are typically kept.

In order to implement a mechanism such as the
one called for by the IN conception, three key artifacts
are needed: (1) a finite state machine implementing an
abstraction of the call resources of a public switch, (2) a
remote centralized server where programs providing the
algorithmic logic of a service are executed, and (3)a
protocol for remote interaction between the switch and the
service logic programs. Through this protocol (1) a limited
aperture of visibility of the switch functionality —in terms
of the said finite state machine—is presented to the
service logic programs; and (2) hooks are provided allowing
the latter to influence call processing in order to effect the
desired behavior of any given service.

As noted above, prior to introduction of the intelligent
network concept the last two of these three elements were
not existent as service logic was embedded into every
switch in order for a service to be provided. There was
therefore no remote centralized server responsible for
service execution and, hence, due to the locality of the
interaction, no protocol needed to support the dialogue
between the switch and the service logic program. Even the

first of these three elements (the state machine abstracting
call and connection processing operations in the switch)
was not very formalized as switch-based services were
using whatever nonstandardized programming handles a
vendor’s switch was exposing. This was, after all, why
for a new service to be introduced, direct tampering
with all affected switches was necessary, and in fact
the implementation of the same service needed to be
different in different switches. Also this accounted for
the fact that, considering the heterogeneous nature of the
switches comprising a certain operator’s network, different
service dialects were present, resulting in a nonuniform
provision of a given service depending on the switch to
which a subscriber was connected. Intelligent networks
changed all that by defining a common abstraction for
all switches and by centralizing service logic to a few
(often one) easily administrated and managed servers.
The abstraction of the switches was that of a state
machine offering hooks for interest on certain call events
to be registered, and supporting a protocol that allowed
remote communication between the switches and the now
centrally located service logic programs. It will be shown
in the following paragraphs that this powerful and well-
engineered abstraction is also vital in the distributed
intelligent network.

2. THE NEED FOR DISTRIBUTED INTELLIGENT
NETWORKS

The IN concept represents the most important evolu-
tion in telecommunications since the introduction of pro-
grammable switches that replaced the old electromechanic
equipment. It allows for the introduction of new services,
quickly, instantly, across large geographic areas, and at
the cost of what is essentially a software development pro-
cess as contrasted to the cost of directly integrating a new
service in the switching matrix of each involved telephony
center.

However, after 1998, a number of technical and socioe-
conomic developments have opened up new prospects and
business opportunities and also have posed new demands,
which traditional IN architectures seem able to accom-
modate only poorly: (1) use of mobile telephony became
widespread, particularly in Europe and Japan; (2) the
Internet came of age both in terms of the penetration it
achieved and is projected to achieve, and also in terms of
the business uses it is put to; and (3) deregulation seems
to be the inevitable process globally setting network oper-
ators and carriers in fierce competition against each other.
The import of the first two of these developments is that
the public switched telephony network is no longer the
only network used for voice communications. Cellular tele-
phony networks and also telephony over the Internet are
offering essentially the same services. Therefore, an archi-
tecture for service creation such as the IN that is entirely
focused on the public telephony network falls short of pro-
viding the universal platform for service provisioning that
one would ideally have wished: a single platform offering
the same services over the wired, wireless and Internet
components of a global integrated network for voice and
data services. Deregulation, on the other hand, has two



primary effects; first, as noted above, it promotes com-
petition between operators for market share making the
introduction of new and appealing services a necessity
for a carrier that wishes to stay in business. Since the
basic service offered by any carrier is very much the same,
a large amount of differentiation can be provided in the
form of value-added or intelligent services that are appeal-
ing and useful to end users. The new telecommunications
landscape is no longer homogenous but instead encom-
passes a variety of networks with different technologies
and characteristics. The prospect for innovative services
that focus not only on the telephone network but also Inter-
net and mobile networks is immense. Particularly useful
would be hybrid services that span network boundaries
and involve heterogeneous media and access paradigms.
Typical services belonging to this genre are “click to” ser-
vices whereby a user can point to a hyperlink in his or hers
browsers and as a result have a phone or fax (Facsimile)
call being set up in the network. Also, media conversion
services whereby a user who is not able to receive a certain,
urgent email can have a phone call in his mobile terminal
and listen to the contents of the mail using text to speech
conversion. All these services cannot be offered by relying
solely on an intelligent network. Other technologies and
platforms would have to be combined and this would not
result in a structured approach to service creation. Essen-
tially, traditional intelligent networks cannot fulfill the
new demands on rapid service creation and deployment in
a converged Internet—telecommunications environment
because the whole concept of this technology had at its
focus the public telephony network and revolved around
its protocols, mechanisms, and business models. Inter-
net and cellular telephony, on the other hand, have their
own protocols, infrastructure, and mechanisms, and these
cannot be seamlessly incorporated into an architecture
designed and optimized with a different network in mind.
Furthermore, the business model envisaged by the tradi-
tional intelligent network is a closed one. It has to be said
that the focus of the IN standardization was not to pro-
pose and enable new business models for telephony: only
to expedite the cumbersome and costly process of manual
switch upgrading that made introduction of new services
uneconomical to the point of impeding the further growth
of the industry. Intelligent network succeeded in solving
this problem by removing the service intelligence from the
switches and locating that intelligence in a few centralized
points inside the network. However, the same organization
continued to assume the role of the network operator or
carrier and that of the service provider. Deregulation and
the growth of Internet that adheres to a completely dif-
ferent business model necessitate the separation of these
two roles and so require a technological basis that would
support this new model. This is the problem that the next
generation of the intelligent network technologies face.
The distributed intelligent network represents the next
stage of the intelligent network evolution. The three main
elements of the traditional intelligent network concept
survive this evolution as could be inferred by the central
role they have been shown to play in delivering services
to the end users in the traditional IN context. Distributed
IN is characterized by the use of distributed object
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technologies such as the Common Object Request Broker
Architecture (CORBA), Java’s Remote Method Invocation
(RMI) or Microsoft’s Distributed Component Object Model
(DCOM) to support the switch—services interaction.
In a traditional IN implementation, the Intelligent
Network Application Protocol (INAP) information flows
are conveyed by means of static, message-based, peer-
to-peer protocols executed at each functional entity. The
static nature of the functional entities and of the protocols
they employ means that in turn the associations between
them are topologically fixed. An IN architecture as defined
in Ref. 2 is inherently centralized with a small set of
service control points and a larger set of service switching
points engaged with it in INAP dialogs. The service
control points are usually the bottleneck of the entire
architecture and their processing capacity and uptime
in large extent determine the number of IN calls the
entire architecture can handle effectively. Distributed
object technologies can help alleviate that problem by
making associations between functional entities less rigid.
This is a by-product of the location transparencies that
use of these technologies introduces in any context. More
importantly, the fact that under these technologies the
physical location of an entity’s communicating peer is not
manifested makes service provisioning much more open.
This will be explained in more detail in later paragraphs.
The remainder of this encyclopedia article is structured
as follows: the distributed IN’s conceptual model is
introduced and juxtaposed with that of the traditional
IN, typical distributed IN implementation issues are
presented, and finally some emerging architectures that
adhere to the same distributed IN principles are identified.

3. THE DISTRIBUTED INTELLIGENT FUNCTIONAL
MODEL

According to the International Telecommunication Unions
(ITU) standardization of IN, an intelligent network
conceptual model is defined, layered in four planes
depicting different views of the intelligent network
architecture from the physical plane up to the service
plane. Of these planes we will use as a means of
comparing the IN architecture with that of distributed
IN, the distributed functional plane. The distributed
functional plane identifies the main functional entities
that participate in the provision of any given IN service
without regard to their location or mapping to physical
elements of the network (the aggregation of functional
entities to physical components is reflected in the physical
plane). The functional models of IN and distributed IN
are quite different in certain respects. First, a number of
emerging distributed IN architectures like Parlay and
JAIN (discussed later on) incorporate new functional
entities to account for the new types of resources that can
be found in a converged Internet — Telecommunications
environment and which traditional IN models could not
anticipate. Apart from that, a further difference emerges
in the form of the more open environment for service
provisioning, the distributed or remote-object interactions
that characterize distributed IN and the potential use
of mobile code technologies that can change the locality



722 DISTRIBUTED INTELLIGENT NETWORKS

of important components at runtime (and with this,
the end points of control flows). Finally, the business
model of distributed IN with its use of distributed object
technologies explicitly enables and accommodates the
separation between the roles of the network operator and
the service provider.

Some of the abovementioned differences cannot be
reflected in the distributed functional plane as defined in
the IN’s conceptual model as this is at a level of abstraction
where such differences are hidden. Therefore, Fig. 1
compares the two technologies (traditional and distributed
IN) by reflecting features of both their distributed and
physical planes.

Figure 1a presents a limited view of the traditional
IN conceptual model at the distributed and physical
planes. A number of functional entities are there
identified, of which the more central to this discussion
will be the service creation environment function/service
management function, the service control function, and
the service switching function. Figure 1 also depicts a
specialized resource function and an intelligent peripheral,
which is were announcements are kept and digits
corresponding to user’s input are collected. The second
part of Fig.1 also depicts an abstract entity entitled
“Internet/mobile resources,” which represents functional
entities present in distributed IN that correspond to
resource types unique in the Internet or mobile networks
components such as mail servers, media conversion
servers or location servers.

Starting from the bottom up, the service switching
function corresponds to the finite state machine reflecting
the switch’s call resources that the article drew attention
to as being one of the main artifacts on which the whole
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IN concept is based. This functional entity is closely linked
with the service control function, which is the place where
service logic programs are executed. These are not depicted
since they are thought of as incorporated with the latter.
Finally, the service creation environment function and the
service management function are the entities responsible
for the creation of new service logic programs, and their
subsequent injection and monitoring into the architecture
and eventual withdrawal/superseding by other services or
more up to date versions.

The INAP protocol is executed between the service
switching and the service control functions that can be
regarded as implementing a resource-listener-controller
pattern. The service switching function is the resource
that is monitored whereas the service control function
is responsible for setting triggers corresponding to call
events for which it registers an interest and also the
controller that acts on these events when informed of
their occurrence. A typical event for instance would be
the detection of a digit pattern that should invoke an
IN service (e.g., 0800). The service switching function
undertakes the job of watching for these events and
of suspending call processing when one is detected and
delivering an event notification to the service control
function for further instructions. This pattern is the same
also in the distributed IN and can in fact also be identified
in recent telecommunication architectures such as those
articulated by the JAIN and Parlay groups.

The distributed IN conceptual model (Fig. 1b) differs
by (1) explicitly enabling mobility of the service logic
programs through the use of mobile code technologies
and (2) replacing the message-based INAP protocol with
distributed processing technologies like CORBA, RMI

Service provider

Network operator %

function Service \
management

Call control

function

function

Specialized
resource
function

@ternet or mobile resour@

Figure 1. Traditional (a) and distributed (b) IN functional models.



or DCOM. It should be noted of course that both the
traditional and the distributed IN conceptual models are
populated by an additional number of functional entities
which are not depicted in Fig. 1 nor enter this discussion
for reasons of economy. Code mobility (often implemented
using Java and/or some additional mobile code libraries)
is used to allow service logic programs to reside not only
in the service control function but also in the service
switching function where an execution environment
identical with the one that exists within the service
control function can be found. Service logic programs in the
form of mobile code components populate both execution
environments and constitute the control part of IN service
provisioning. From these execution environments, using
distributed processing technologies, the switch resources,
as exposed by the service switching function objects, are
monitored and manipulated. This means that service logic
programs in the distributed IN conceptual model are
prime level entities and cannot be suitably depicted as
pinned down inside the implementation of the service
control function. In contrast to the functional plane
of the IN conceptual model where the service control
function and the service logic programs were one and
the same, in the functional plane of the distributed
IN conceptual model, the service control and also the
service switching functions are containers (or execution
environments) for service components capable of migrating
to whichever environment is best suited to accommodate
their execution. It is important to consider that this
amount of flexibility would not be attainable were it
not for the use of distributed processing technologies at
the control plane. The defining characteristic of these
technologies is that they abstract process, machine and
network boundaries and provide to the programmer and
the runtime instances of service code a view of the network
as a generalized address space spanning conventional
boundaries. In the same manner in which a program
may hold a pointer to an object or function residing
in the same local process, so it can, when distributed
technologies are used, hold a pointer to an object located
in a different process in the same machine, in a machine
in the same local network, or in a machine located in a
different network. Therefore the abstraction of a single
memory space is supported and compiled code components
can be mapped in an arbitrary way in processes and
physical nodes without needing recompilation or rebooting
of the system. This is a potent facility and it opens new
capabilities which the distributed IN employs. It also has
to be stated that the articulation of the traditional IN
conceptual model, to an extent, anticipated a certain
flexibility in the allocation of functional entities to
physical ones according to the correspondences between
the functional and the physical planes. This was however
not materialized since the communication infrastructure
used for the conveyance of the INAP information flows
between the various entities of the system (and most
importantly between the service switching and the service
control entities) was the signaling system 7 network,
which does not demonstrate the properties of a distributed
processing environment. Therefore the full potential
inherent in the abstract definition of the IN conceptual
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model was materialized only to a limited extent and mainly
had to do with different configuration and aggregations
of functional entities to the hardware nodes of the
system. The interested reader should refer to Ref. 2
for a presentation of the various alternatives that are
possible in an IN architecture. This leeway afforded to the
network designer is something completely different from
the ability of service logic programs to roam through the
various execution environments of the system at runtime
without requiring the system to suspend its operation
and, under certain configuration options discussed in the
following paragraph, in a manner completely automated
and transparent even to the network management system.

4. ISSUES IN DISTRIBUTED IN IMPLEMENTATIONS

Given the considerations outlined above and the differ-
ences at the functional plane between traditional and
distributed IN architectures, a number of approaches
exist. Each of these approaches essentially answers a
defining question in a different manner, and since for the
most part they are orthogonal to each other, a large num-
ber of widely differing distributed IN implementations can
be envisaged; all, however, share the same fundamental
characteristics of increased flexibility and openness when
compared with traditional IN.

The first point to examine is the set of considerations
that govern the location of service logic programs inside the
network. Attendant to it are the dynamics of their mobility.
This is possible once employment of mobile code tech-
nologies is assumed. Service logic programs implemented
as mobile components can migrate between execution
environments dynamically. Considerations valid for incor-
poration in any given distribution algorithm are processing
load, signaling load, and functionality. Given a number
of execution environments present in the network’s ser-
vice switching and service control functions, each with
its own characteristics, simple or elaborate load balanc-
ing mechanisms can be devised and implemented. These
would allow service logic programs to locate themselves in
such a way so that no individual execution environment’s
resources are strained beyond a certain point. Apparent
tradeoffs exist with respect to complexity, time, and com-
puting power spent in process or code migrations, which
are in themselves costly procedures. This cost is reflected
in terms of both time and processor load they temporar-
ily create as they involve suspension or creation of new
threads, allocation of objects in memory, and so on. These
overheads, when also viewed in the light of the stringent
performance and responsiveness demands that exist in a
telecommunication system, should tilt the balance in favor
of a simple and not very reactive load balancing algorithm
that operates on ample time scales.

Processing load is not however the only kind of
load to consider. Control load is another. Control load
should not be confused with signaling load, which
concerns protocol message exchanges between terminals
and switches at various levels of the classic Five-layered
telephony network architecture. Signaling load is for the
most part transparent to the IN with the exception of
those call events that invoke an IN service and for
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which a service switching function has been asked to
suspend call processing and wait for instructions from the
service control function. Control load in this discussion
is about the exchange of INAP information flows using
the selected distributed processing technology between
the service logic programs and the switching resources
of the system. The location transparency provided by
distributed technologies cannot clearly be interpreted to
suggest that local or remote interactions take the same
time. Therefore, when service logic programs are located in
an execution environment closer to the switch they control,
better performance can be expected. This means that, in
general, the code distribution mechanism, should locate
service logic programs at the proximity of the resources
with which they are engaged if not at an execution
environment collocated with those resources. There is,
however, a tradeoff here between processing and control
load. Because of the higher level of abstraction (method
calls instead of messages) offered to service logic programs
when distributed processing technologies are used, it is
necessary that, under the hood, the respective middleware
that is used to support this abstraction enters into some
heavy processing. For every method call that is issued,
it is necessary that each argument’s transitive closure
is calculated and then the whole structure is serialized
into an array of bytes for subsequent transmission in the
form of packets using the more primitive mechanisms
offered by the network layer. On the recipient side, the
reverse procedure should take place. This set of processes
is known as marshaling/demarshaling and is known
to be one of the most costly operations of distributed
processing. Because of the processor intensive character
of marshaling/demarshaling operations, it is possible
that, under certain configurations, better performance is
attained when the service logic program is located to a
remote execution environment than to a local, strained,
one. This in spite of the fact that the time necessary for
the propagation of the serialized byte arrays in the form
of packets from the invoking to the invoked party will
be higher in the remote case. This interrelation between
processing and control load means that no clear set of
rules can be used to produce an algorithm that is efficient
in all cases. The complex nature of the operations that
take place in the higher software layers means that this
is not an optimization problem amenable to be expressed
and solved analytically or even by means of simulation,
and therefore an implementor should opt for simple,
heuristic designs, perhaps also using feedback or historic
data. Another approach would be to rely on clusters of
application servers into which service logic programs can
be executed. Commercially available application servers
enable process migration and can implement a fair amount
of load balancing operations themselves, transparently to
the programmer or the runtime instances of the service
components.

The second point that can lead to differentiations in
architecture design in distributed intelligent network
is the question of who makes the abovementioned
optimization and distribution decisions. There could be a
central entity that periodically polls the various execution
environments receiving historic processing and signal load

data, runs an optimization algorithm and instructs a
number of service logic programs to change their location
in the network according to the results thus produced.
The merit of this approach is that the optimization is
networkwide and the distribution algorithm can take
into account a full snapshot of the network’s condition
at any given instance of time when it is invoked.
The disadvantage is the single point of failure and
the cost of polling for the necessary data and issuing
the necessary instructions. These communications could
negatively affect traffic on the control network, depending,
of course, on the frequency with which they are executed.
A point to consider in this respect that can lead to
more efficient implementations is whether networkwide
optimization is necessary or whether locally executed
optimizations could serve the same purpose with similar
results and while projecting a much lower burden on the
communication network. Indeed, it can be shown that it
is highly unlikely for the purposes of any optimization
to be necessary to instruct any given service logic
program to migrate to an execution environment that
is very remote to the one in which it was until that
time executed. To see that this is the case, one can
consider that a migration operation moving a service
component to a very distant location will most likely
result in an unacceptably higher propagation delay that
would degrade the responsiveness of the corresponding
resource—service logic link. Therefore locally carried
optimizations could result in comparable performance
benefits at a greatly reduced communication cost when
compared to a networkwide optimization. Therefore,
in each subnetwork an entity (migration manager)
can be responsible for performing local optimizations
and instructing service components to assume different
configurations accordingly. Taking this notion to its logical
conclusion, a further implementation option would be
to have service logic programs as autonomous entities
(mobile agents) that are responsible for managing
their own lifecycle and proactively migrating to where
they evaluate their optimal location to be. As before,
considerations for deriving such an optimal location can
be signaling or control load experienced at the execution
environment where they were hosted but also, more
appropriately in this case, the location of mobile users.
Indeed, in this last scenario one can have a large
population of service code components, each instantiated
to serve a specific mobile (roaming) user. See Ref. 3 for
a discussion of this approach. Service logic programs
could then evaluate their optimal location in the network,
also taking into consideration the physical location of the
user they serve. This can, for instance, lead to migration
operations triggered by the roaming of a mobile user.
In this manner concepts like that of the virtual home
environment for both terminal and personal mobility can
be readily supported enabling one user to have access
to the same portfolio of intelligent services irregardless
of the network into which he/she is roaming and subject
only to limitations posed by the presentation capabilities
of the terminal devices he/she is using. Of course, the
usefulness of autonomous service logic programs is not
limited to the case of roaming or personal mobility



users, but this example provides an illustration of the
amount of flexibility that becomes feasible when advanced
software technologies such as distributed processing
environments and mobile code are used in the context of an
intelligent network architecture. Moreover, as more logic
is implemented in the form of mobile code components,
the supporting infrastructure can become much more
generic, requiring fewer modifications and configuration
changes and able to support different service paradigms.
The generic character of the architecture means that
stationary code components that require human individual
or management intervention for their installation or
modification are less likely to require tampering with,
and that a greater part of the service logic can be
deployed from a remote management station dynamically,
at runtime, contributing to the robustness of the system
and to an increased uptime. Naturally, the tradeoff is that
making service logic programs more intelligent necessarily
means increasing their size, straining both the memory
resources of the execution environments into which they
are executed and also requiring more time for their
marshaling and demarshaling when they migrate from one
functional entity to another. If their size exceeds a certain
threshold, migration operations may become too costly
and thus rarely triggered by the load balancing algorithm
they implement, negating the advantages brought by
their increased autonomy and making services more
stationary and less responsive in changing network or
usage conditions. Again, simpler solutions may be more
appropriate and a designer should exercise caution in
determining which logic will be implemented in the
form of stationary code components, engraved in the
infrastructure, and which will be deployed at runtime
using mobile code.

Another major issue to consider in the implementation
of a distributed intelligent network architecture is which
distributed processing technology to use and how to
support its interworking with the signaling system 7
network that interconnects the physical components
hosting the functional entities in any intelligent network
architecture. There are three main competing distributed
technologies: CORBA, DCOM, and RMI. It is not the
purpose of this article to examine or compare these three
technologies, nor to identify their major strengths and
weaknesses. However, for the purposes of an intelligent
network implementation, CORBA is best suited because
it is the only one of these three technologies to have
interworking between it and the signaling system 7
network prescribed [4]. The alternative would be to bypass
the native IN control network and install a private internet
over which the traffic from DCOM or RMI could be
conveyed. Since this is not a development that operators
can be expected to implement quickly and for reasons
of providing a solution that has the benefit of backward
compatibility and also allows an evolutionary roadmap
to be defined, CORBA should be the technology of choice
in distributed IN implementations. A further reason is
that CORBA, which is targeted more than the other
two technologies for the telecommunications domain, has
more advanced real time characteristics and is therefore
better equipped to meet the demands of an operator. The
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interested reader is referred to Ref. 5 for an in-depth look
of the implementation of a distributed IN architecture
using CORBA.

5. A DISTRIBUTED IN ARCHITECTURE IN DETAIL

Figure 2 depicts a typical distributed IN implementation
in more detail. The main components are (1) the network
resources that provide the actual call control and
media processing capabilities, (2) the remotely enabled
distributed objects that wrap the functionality provided by
the physical resources and expose it as a set of interfaces
to the service layer, (3) the code components residing
in the service layer that incorporate the business logic,
and (4) the communication infrastructure that makes
communication between the service logic programs and the
network resources, via their wrappers, possible. Of course,
in an actual architecture a lot more components would
need to be identified, such as service management stations,
and service creation systems. However, the purpose of
the discussion presented here is to allow more insight,
where appropriate, into the more technical aspects of
a DIN implementation and not to provide a full and
comprehensive description of a real system.

Notice, first, that terminals are not depicted in Fig. 2.
This is because interaction with terminals at the signaling
level is exactly the same as in the case of traditional IN.
Signaling emitted by the terminals is used to trigger an IN
session and signaling toward terminals or media resources
of an IN system (like Intelligent peripherals or specialized
resource functions) is used to carry out the execution of
a service. However, service components do not directly
perceive signaling as they interact with their peer entities
on the network side by means of message- or method-
based protocols. INAP is a typical method based protocol
used at the control plane of IN and Parlay, JAIN, or a
version of INAP based on remote application programming
interfaces (APIs) are prime candidates for the control
plane of distributed IN. In any case it is the responsibility
of the network resources to examine signaling messages
and initiate an IN session where appropriate, or, in the
opposite direction, to receive the instructions sent to them
by the service logic programs and issue the appropriate
signaling messages to bring these instructions into effect.
Therefore, since signaling is conceptually located ‘below’
the architecture presented in Fig. 2, it can safely be
omitted in the discussion that follows. The reader who
wishes to gain a fuller appreciation of the temporal
relationships between the signaling and INAP messages
that are issued in the course of the provisioning of an IN
session can refer to Ref. 5.

Assuming a bottom—up approach, the first step would
be to explore the programmability characteristics of the
deployed equipment that forms the basis of a distributed
IN architecture. We refer to deployed equipment as
distributed IN, like IN before it, which has to be able to
encompass and rely on equipment that is already deployed
in the field if it is to succeed. Telecom operators have
made huge investments in building their networks, and
it would be uneconomical to replace all this equipment.
At the very least, an evolutionary approach should
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Figure 2. A distributed IN architecture in more detail.

be possible to implement where equipment would be
replaced gradually over a period of years and the two
technologies, IN and distributed IN, would coexist. It
would be further advantageous if existing equipment
could be seamlessly integrated into the new distributed
intelligent network infrastructure. To address this issue
we note that in general, network switches are not meant
to be overly programmable. Certain proprietary APIs are
always offered that provide an amount of control over how
the switch responds to an incoming call, but there are few
specifications defining standard interfaces that network
switches should offer, and in any case there is much
discrepancy between the equipment provided by different
vendors. Of course, the IN itself could be regarded as a
standard interface for network switches, but the purpose
here is not to build the new distributed IN infrastructure
over the already existing IN one. Rather, it is to build
it on top of the same lower-level facilities and services
that IN is using as part of its own implementation:
and such lower-level facilities are accessible only to
equipment vendors. An external integrator exploring the
programmability features of a switch will be able to
find standard interfaces only at the IN level, which, as
we noted, is conceptually very elevated to be useful as
the infrastructure of a distributed IN architecture (note,

nevertheless, that Parlay, which is one of a group of
emerging technologies that can fall under the “distributed”
IN heading, also allows for an approach of using existing
IN interfaces as an interim solution before it can be
provided natively in switches as IN does). Below this
level one, can find only proprietary APIs at different levels
of abstraction.

It is therefore possible that a certain operation that a
developer would wish to expose to the service components
cannot be implemented because the programmability
characteristics of the switch would not allow the
programming of this behavior. Assuming however that
the semantic gap between the operations that a network
resource needs to make available for remote invocation
and the programming facilities that are available for
implementing these operations, can be bridged, generally
accepted software engineering principles, object-oriented
or otherwise could serve to provide the substrate of
the distributed IN [6]. This substrate consists of set of
remotely enable objects (CORBA objects “switch interface,”
“media interface,” and “mail server interface” depicted in
Fig. 2) that expose the facilities of the network resources
they represent. Once this critical implementation phase
has been carried out, subsequent implementation is
entirely at the service layer. The “switch interface,” “media



interface,” and “mail server interface” objects are each
responsible for exposing a remotely accessible facet of
the functionality of the network resource they represent.
Their implementation has then to mediate the method
invocations it receives remotely, to the local proprietary
API that each network resource natively provides. In the
opposite direction, one has events that are detected by
the network resources and have, ultimately, to reach
the components residing in the service layer. This is
accomplished by having the CORBA objects register
themselves as listeners for these events. The process
of registering an external object as a listener involves
identifying the events to which it is interested and
providing a callback function or remote pointer that will
serve to convey the notification when an event satisfying
the criteria is encountered. From that point on, the
implementation of the CORBA object will itself convey the
notification to the higher software layers. It is interesting
to note that at this second stage the same pattern of
listener and controller objects is also observed, with the
exception that now the listener objects are the service
logic programs or, in general, the service control logic in
the network and the resource is the CORBA object itself.
This observation is depicted at Fig. 3.

Through this wrapping of the native control interface
to remote API-based ones two things are achieved: (1) the
middleware objects residing at the CORBA servers in the
middle tier of Fig. 3 can be used to implement standardized
interfaces. As an example, Fig. 3 indicates INAP or Parlay
API. INAP is, of course, a message-based protocol, but
it is relatively straightforward to derive method —based
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interfaces from the original protocol specification and to
express the protocol semantics in terms of method calls
and argument passing instead of asynchronous exchange
of messages and packets with their payloads described
in Abstract Syntax Notation 1. In that sense, API-based
versions of INAP can be used to implement the control
plane of the distributed intelligent network, and so can,
for that matter, emerging technologies such as Parlay and
JAIN. The next section discusses such approaches.

6. EMERGING ARCHITECTURES

A number of architectures and most notably JAIN and
Parlay have emerged that, although not classified under
the caption of “distributed intelligent network,” have nev-
ertheless many similarities with it. Distributed intelligent
networks make telecommunications service provisioning
more open by resting on distributed object technologies
and utilizing software technologies such as mobile code,
which make the resulting implementation more flexible
and responsive to varying network conditions. Parlay and
JAIN move a step further toward this direction again by
leveraging on CORBA, DCOM, or RMI to implement a
yet more open service model that allows the execution
of the services to be undertaken by actors different than
the operator’s organization, in their own premises closer
to the corporate data they control and manipulate [7]. In
particular, Parlay and JAIN use the same approach as in
Ref. 5 of defining methods corresponding more or less to
actual INAP information flows and of exposing a switch’s
(or, for that matter, any other network resident resources)
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Figure 3. Parlay or other remote API implemented in middleware form over a native resource.
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functionality to remotely located service code in the form
of an interface of available methods. Moreover, a number
of technologies such as the call processing language or
telephony services expressing their interaction with the
switch in the form of eXtensible Markup Language (XML)
statements have appeared that can be used in the same
manner as mobile code is used in a distributed IN environ-
ment. Service logic expressed in XML or Call Processing
Language is inherently mobile in that it is not compiled
code and can be interpreted by any appropriate execution
environment or script engine. Such engines could then
use INAP (message- or method-based) or Parlay and JAIN
to interact with actually deployed equipment. Again, this
approach enhances the open characteristics of the fore-
seen telecommunications environment by allowing even
the service users themselves to code their services and
injecting them into the network exactly in the same man-
ner that mobile service components of the distributed IN
where injected into the network. In either case, code mobil-
ity is exploited. In the call processing language or XML
case, mobility accrues due to the interpreted or scripted
nature of the code, in the distributed IN case, due to the
semiinterpreted characteristics of the Java language and
the Java virtual machine architecture. Service users could
program their services themselves since the call process-
ing language expresses telephony services logic at a very
simple and abstract level relying on the actual execution
engine for the translation of this logic to the appropriate
set of INAP or Parlay commands. Alternatively, a graph-
ical front end could be used where elementary building
blocks are arranged in a two-dimensional canvas and then
the appropriate call processing language or XML code is
generated. This is not different from the service creation
environments used in IN (both the traditional and the
distributed ones), with the exception that such tools were
very elaborate and expensive, requiring trained person-
nel to use them, whereas graphical front ends such as
those described above can be simple and inexpensive as
they need only produce a set of call processing language
statements and not actual code.

7. CONCLUSIONS

The distributed intelligent network encompasses a wide
range of architectures each adopting different implemen-
tation options and exhibiting different tradeoffs among
the various properties that characterize such a system.
The common elements in all such systems are the use
of distributed processing technologies for the control
plane (either INAP in the form of CORBA methods or
Parlay/JAIN), mobile service code (Java components or
interpreted call processing language or XML statements),
and a more open service provisioning model (services exe-
cuted at the premises of their users, directly managed and
maintained or even coded by them).

Distributed IN thus represents the next stage in the
evolution of traditional IN architectures that witnesses
a new business model with the network operator
concentrating on the role of the telecommunication
infrastructure provider while more and more of the service
provisioning role is assumed by external actors.
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DIVERSITY IN COMMUNICATIONS
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1. INTRODUCTION

In designing a reliable communication link, the system
must be planned around the chosen transmission medium
referred to as the channel. The disturbances of the medium
must be taken into account in the process of encoding the
signal at the transmitting end, and in the process of
extracting the message from the received waveform at
the receiving end. Once a satisfactory characterization
of the anticipated channel disturbances has been made,
the message encoding chosen for transmission must be
designed so that the disturbances will not damage the
message beyond recognition at the receiving end. With a
corrupted message at hand, the receiving system must be
prepared to operate continuously in the presence of the
disturbances and to take maximum advantage of the basic
differences between the characteristics of messages and of
disturbances.

In this article, we assume that the encoded form
in which the message is to be transmitted has been
selected, and that the encoded form has been translated
into a radiofrequency (RF) or lightwave signal by an
appropriate modulation technique, such as by varying
some distinguishable parameter of a sinusoidal carrier
in the RF or optical frequency spectrum. Improvements
in system performance can be realized only through
the utilization of appropriate corrective signal processing
measures. Of primary interest here will be what is widely
known as diversity techniques [1,2] as countermeasures
for combating the effects of loss of received signal energy
in parts or over its entire transmission bandwidth, termed
as signal fading.

In many practical situations, one seeks economical ways
of either transmitting and/or receiving signals in such a
way that the signal is never completely lost as a result of
transmission disturbances. This has been traditionally the
case, in particular, in wireless communications. Ideally,
one would like to find transmission methods that are
negatively correlated in the sense that the loss of signal
in one channel is offset by the guaranteed presence
of signal in another channel. This can occur in some
diversity systems, such as those that utilize antennas
at different elevations in order to minimize the received
signal loss of energy. Also, in Section 4.3 of this article
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the same scenario (negative correlation) applies. In a way,
expert investment firms, claiming to provide a diversified
portfolio to investors, try to do the same. They opt for
capital investment from among those economy sectors
whose mutual fund return values are to some degree
negatively correlated or at least fluctuate, independently
from one sector to another. Consequently, over a long
time period, there will be a net gain associated with the
diversified portfolio.

The principles of diversity combining have been
known in the radio communication field for decades;
the first experiments were reported in 1927 [1]. In
diversity transmission techniques, one usually settles for
fluctuations of signal transmissions over each channel that
are more or less uncorrelated with those in other channels
and the simultaneous loss of signal will occur rarely over a
number of such channels. In order to make the probability
of signal loss as low as possible, an effort is made to find
many channels that are either statistically independent
or negatively correlated. This may be performed over the
dimensions of time, frequency and space in a wireless
system. For this purpose, it is occasionally possible to
use two different polarizations on the receiving antennas,
or receivers at several different angles of arrival for
the electromagnetic wavefront, or to place antennas in
several different spatial locations (spatial diversity) or
to transmit the signal over several widely separated
carrier frequencies or at several widely separated times
(time diversity). The term “diversity improvement” or
“diversity gain” is commonly employed to describe the
effectiveness of various diversity configurations. There is
no standard definition for the effectiveness of diversity
reception techniques. One common definition is based on
the significance of diversity in reducing the fraction of the
time in which the signal drops below an unusable level.
Thus, one may define an outage rate at some specified
level, usually with respect to the mean output noise level
of the combiner of the diversity channel outputs. In the
rest of this section, the problem of correlation among such
multiport channels is discussed.

Assume that a number of terminal pairs are available
for different output signals y;(¢) from one or more input
signals x;(¢). When frequency (or time) diversity is used,
there is no mathematical distinction between a set
of multi-terminal-pair channels, each centered on the
different carriers (or different times) and a single channel
whose system function encompasses all frequencies (or all
times) in use. In practice, since one may use physically
different receivers, the use of separate system functions
to characterize the outputs from each receiver is useful.
If space diversity is used, one may be concerned with the
system function that depends on the spatial position as a
continuous variable.

The cross-correlation function between the outputs of
two diversity channels when the channels are both excited
by the same signal x;(¢) is fully determined by a complete
knowledge of the system functions for each channel alone.
In view of the random nature of the channels, the most
that can be done to provide this knowledge in practice
is to determine the joint statistical properties of the
channels.



730 DIVERSITY IN COMMUNICATIONS

The signal diversity techniques mentioned above do
not all lead to independent results. One must, therefore,
recognize those diversity techniques that are dependent
in order to avoid trying to “squeeze blood out of a bone.”
For example, one cannot apply both frequency and time
diversity to the same channel in any wide sense. In fact one
might argue that complete distinction between frequency
and time diversity may be wholly artificial, since the signal
designer usually has a given time—bandwidth product
available that can be exploited in conjunction with the
channel characteristics. Another pair of diversity channels
that are not necessarily independent of each other are
distinguished as angular diversity and space diversity
channels. Consider an array of n isotropic antennas
that are spaced a sufficient distance apart so that the
mutual impedances between antennas can be ignored.
If the transmission characteristics of the medium are
measured between the transmitting-antenna terminals
and the terminals of each of the n receiving antennas,
then n channel system functions will result, each of
which is associated with one of the spatially dispersed
antennas. If the antenna outputs are added through a
phase-shifting network, the resultant array will have a
receiving pattern that can be adjusted by changing the
phase shifting network to exhibit preferences for a variety
of different angles of arrival. The problem of combining the
outputs of the array through appropriate phase shifters, in
order to achieve major lobes that are directed at favorable
angles of arrival would be considered a problem in angular
diversity, while the problem of combining the outputs of
the elements in order to obtain a resultant signal whose
qualities are superior to those of the individual outputs
is normally considered as the problem of space diversity
combining, yet both can lead to the same end result. Signal
diversity techniques and methods of combining signals
from a number of such channels are discussed in the next
section.

2. DIVERSITY AND COMBINING TECHNIQUES

Diversity is defined here as a general technique that
utilizes two or more copies of a signal with varying
degrees of disturbance to achieve, by a selection or
a combination scheme, a consistently higher degree of
message recovery performance than is achievable from
any one of the individual copies, separately. Although
diversity is commonly understood to aim at improving
the reliability of reception of signals that are subject to
fading in the presence of random noise, the significance
of the term will be extended here to cover conceptually
related techniques that are intended for other channel
disturbances.

The first problem in diversity is the procurement of
the “diverse” copies of the disturbed signal, or, if only
one copy is available, the operation on this copy to
generate additional “diversified” copies. When the signal is
disturbed by a combination of multiplicative and additive
disturbances, as in the case of fading in the presence of
additive random noise, the transmission medium can be
tapped for a permanently available supply of diversity
copies in any desired numbers.

Propagation media are generally time-varying in
character, and this causes transmitted signals to fluctuate
randomly with time. These fluctuations are usually of
three types:

1. Rapid fluctuations, or fluctuations in the instan-
taneous signal strength, whose cause can be traced to
interference among two or more slowly varying copies of
the signal arriving via different paths. This may conve-
niently be called multipath fading. If the multiple paths
are resolved by the receiver [2], fading is called frequency-
selective. Otherwise, it is called single-path (flat) fading.
This type of fading often leads to a complete loss of the
message during time intervals that are long even when
compared with the slowest components of the message.
It is observed, however, that if widely spaced receiving
antennas are used to pick up the same signal, then the
instantaneous fluctuations in signal-to-noise ratio (SNR)
at any one of the receiving sites is almost completely inde-
pendent of the instantaneous fluctuations experienced at
the other sites. In other words, at times when the signal
at one of the locations is observed to fade to a very low
level, the same signal at some other sufficiently distant
site may very well be at a much higher level compared
to its own ambient noise. This type of variation is also
referred to as macrodiversity. Signals received at widely
spaced time intervals or widely spaced frequencies also
show almost completely independent patterns of instan-
taneous fading behavior. Nearly uncorrelated multipath
fading has also been observed with signal waves differing
only in polarization. It will be evident that by appropriate
selection or combining techniques, it should be possible to
obtain from such a diversity of signals a better or more
reliable reception of the desired message than is possible
from processing only one of the signals all the time.

2. The instantaneous fluctuations in signal strength
occur about a mean value of signal amplitude that changes
relatively so slowly that its values must be compared
at instants separated by minutes to hours before any
significant differences can be perceived. These changes
in short-term (or “hourly”) mean signal amplitude are
usually attributable to changes in the attenuation in
the medium that the signals will experience in transit
between two relatively small geographic or space locations.
No significant random spatial variations in the received
mean signal amplitude are usually perceived in receiving
localities that could be utilized for diversity protection
against this attenuation fading or, as sometimes called,
“fading by shadowing”. However, it is possible to combat
this type of fading by a feedback operation in which
the receiver informs the transmitter about the level of
the received mean signal amplitude, thus “instructing”
it to radiate an adequate amount of power. But the
usual practice is to anticipate the greatest attenuation
to be expected at the design stage and counteract it by
appropriate antenna design and adequate transmitter
power.

3. Another type of attenuation fading is much slower
than that just described. The “hourly” mean signal levels
are different from day to day, just as they are from hour
to hour in any single day. The mean signal level over one



day changes from day to day and from month to month.
The mean signal level for a period of one month changes
from month to month and from season to season, and
then there are yearly variations, and so on. As in the
case of the “hourly” fluctuations in paragraph 2, the long-
term fluctuations are generally caused by changes in the
constitution of the transmission medium, but the scale and
duration of these changes for the long-term fluctuations
are vastly greater than those for the “hourly” changes.
Diversity techniques per se are ineffective here.

In addition to the instantaneous-signal diversity that
can be achieved by seeking two or more separate channels
between the transmitting and receiving antennas, certain
types of useful diversity can also be achieved by
appropriate design of the patterns of two or more
receiving antennas placed essentially in the same location
(microdiversity), or by operations in the receiver on only
one of the available replicas of a disturbed signal. The
usefulness of “receiver diversity” of a disturbed signal
will be demonstrated in examples of the next section.
The application discussed in Section 4.1 demonstrates
the use of diversity (under certain circumstances) from
a delayed replica of the desired signal arriving via a
different path of multiple fading paths. The latter is
referred to as multipath diversity, where the same message
arrives at distinct arrival times at a receiver equipped to
resolve the multipath into a number of distinct paths [3]
with different path lengths. The example presented in
Section 4.2 shows application of diversity for the case in
which the interference from some other undesired signal
source is the cause of signal distortion.

The second problem in diversity is the question of how
to utilize the available disturbed copies of the signal in
order to achieve the least possible loss of information
in extracting the desired message. The techniques that
have thus far been developed can be classified into
(1) switching, (2) combining, and (3) a combination of
switching and combining. These operations can be carried
out either on the noisy modulated carriers (predetection)
or on the noisy, extracted modulations that carry the
message specifications (postdetection). In any case, if K
suitable noisy waveforms described by f1(?), fo (), ..., [z (t)
are available, let the £th function be weighted by the factor
ar, and consider the sum

K
£ty =" arfi(t) @

k=1

In the switching techniques only one of the a; values
is different from zero at any given time. In one of
these techniques, called scanning diversity, the available
waveforms are tried one at a time, in a fixed sequence, until
one is found whose quality exceeds a preset threshold.
That one is then delivered for further processing in order
to extract the desired message, until its quality falls
below the preset threshold as a result of fading. It is
then dropped and the next one that meets the threshold
requirement in the fixed sequence is chosen. In scanning
diversity, the signal chosen is often not the best one
available. A technique that examines the K available
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signals simultaneously and selects only the best one for
delivery is conceptually (although not always practically)
preferable. Such a technique is referred to as optimal
selection diversity.

In the combining techniques, all the available noisy
waveforms, good and poor, are utilized simultaneously as
indicated in Eq. (1); the a; values are all nonzero all the
time. Of all the possible choices of nonzero a;, values, only
two are of principal interest. First, on the assumption that
there is no a priori knowledge or design that suggests that
some of the f;(¢) values will always be poorer than the
others, all the available copies are weighted equally in
the summation of Eq. (1) irrespective of the fluctuations in
quality that will be experienced. Thus, equal mean values
of signal level and equal RMS (root-mean-square) values of
noise being assumed, the choicea; = a; = - - - = a;, is made,
and the technique is known as equal-weight or equal-
gain combining. The second possible choice of nonzero
weighting factors that is of wide interest is one in which
ay, depends upon the quality of f;(¢) and during any short
time interval the a; values are adjusted automatically to
yield the maximum SNR for the sum f(¢). This is known
as maximal ratio combining.

In the alternate switching—combining technique a
number of the a; values up to K — 1 can be zero during
certain time intervals because some of the available sig-
nals are dropped when they become markedly noisier than
the others. This approach is based on the fact that the per-
formance of an equal-gain combiner will approximate that
of the maximal ratio combiner as long as the SNRs of the
various channels are nearly equal. But if any of the SNRs
become significantly inferior to the others, the overall SNR
can be kept closer to the maximum ratio obtainable if the
inferior signals are dropped out of the sum f(¢).

Over a single-path fading channel, implementation
of selection combining does not require any knowledge
about the channel, that is, no channel state information
(CSI) is necessary at the receiver, other than that needed
for coherent carrier recovery, if that is employed. The
receiver simply selects the diversity branch that offers
the maximum SNR. For equal-gain combining some CSI
estimation can be helpful in improving the combiner
performance. For example, in a multipath diversity
receiver, the maximum delay spread of a multipath fading
channel, which is indicative of the channel memory length,
can guide the integration time in equal-gain combining,
such that the combiner can collect the dispersed signal
energy more effectively and perhaps avoid collecting noise
over low signal energy time intervals [4]. Maximal ratio
combining (MRC) performs optimally, when CSI estimates
on both channel phase and multiplicative path attenuation
coefficient are available to the combiner. MRC, by using
these estimates and proper weighting of the received signal
on each branch, yields the maximum SNR ratio for the sum
f (), compared to the selection and equal-gain combining.
In the MRC case, diversity branches that bear a strong
signal are accentuated and those that carry weak signals
are suppressed such that the total sum f(¢) will yield
the maximum SNR [2]. This is similar to the philosophy
that in a free-market society, by making the rich richer,
the society as a whole is better off, perhaps because of
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increased productivity. Needless to say, in a society as
such, laws and justice must also protect the welfare of the
needy in order to bring social stability.

Where there is rich scattering, for all multipath fading
cases, a RAKE receiver [5] can yield MRC performance.
A simplified equal-gain combiner can also be used in some
cases, achieving a somewhat lesser diversity gain [4].
However, in digital transmission, if the channel maximum
delay spread exceeds the duration of an information bit,
intersymbol interference is introduced which needs to be
dealt with.

2.1. Statistical Characterization of Fading

For analytical purposes, combined time and frequency,
three-dimensional presentations of recordings of fading
signals envelopes are obtained through elaborate measure-
ments. These are usually treated as describing a random
variable whose statistical properties are determined from
fraction-of-time distributions and are hence intimately
related to the duration of the interval of observation. The
probability distribution functions of such random variables
can be considered to characterize a type of stochastic pro-
cess for which ergodicity theorem applies. According to this
theorem, time and distribution averages of random vari-
ables described by fraction-of-time distributions are one
and the same thing, and they can be used interchangeably
depending on expediency.

It is important to note here that although the rate
at which the envelope of a received carrier fluctuates
may often appear to be high, it is usually quite slow in
comparison with the slowest expected variations in the
message waveform. In other words, the envelope of the
carrier is usually approximately constant when observed
over intervals of time that extend over the duration of
the longest message element, or over a few periods of the
lowest-frequency component in the message spectrum. On
the timescale of the fading envelope, such time intervals
are then too short for any significant changes in the
envelope to occur but not so short that the details of
the message waveform are perceived in averaging over
the interval. The probability distribution of a fading
envelope is usually determined from samples of short time
duration, and the results are presented in histograms.
Such histograms are invariably compared with simple
mathematical curves such as the Rayleigh density and
distribution functions or some other functions whose
shapes resemble the appearance of the experimental
presentations. The fit of the experimental distributions
to the Rayleigh distribution is most often excellent for
long-range SHF and UHF tropospheric transmission,
quite often so for short-range UHF and for ionospheric
scatter and reflection of VHF and HF. Accordingly,
the Rayleigh fading model is almost always assumed
in theoretical treatments, although it is well known
that serious deviations from it arise in some situations.
According to this model, if a sinusoid of frequency w, is
radiated at the transmitting end, it will reach a receiver
in the form:

R(t) = X (¢) cos[wct + ¢ (2)] 2)

where X (¢) is a slowly fluctuating envelope (or instanta-
neous amplitude) whose possible values have a probability

density function (PDF)

2X X2
pX) = — exp [——2i| for X=>=0
x x

=0 otherwise 3)

where x? is the mean-square value of X during the small
time interval discussed earlier.

No explicit assumptions are usually made concerning
the phase ¢(¢) beyond the fact that its fluctuations, like
those of X (t), are slow compared to the slowest expected
variations in the message waveform. But one possible
and sometimes convenient assumption to make is that
¢ (t) fluctuates in a random manner and can assume all
values between 0 and 27 in accordance with the probability
density function:

for 0<¢ <2m
otherwise 4)

The convenience that results from the assumption of
a uniformly distributed phase is due to the fact that
R(#) of Eq. (2) can now be viewed as a sample function
of a narrowband Gaussian process with zero mean and
variance % One may envision, over a multipath channel,
many unresolved scattered rays combine in order to give
rise to a Gaussian envelope, R(t).

A Rayleigh PDF, as presented, has a single maximum
that tends to occur around small values of the random
variable X. Thus, in transmitting a binary modulated
signal over a Rayleigh fading channel and receiving the
signal in additive white Gaussian noise (AWGN), the
average bit error rate (BER) for the detected bits tends to
be inversely proportional to the receiver SNR, as shown
in Fig. 1. This is shown for several binary modulation
techniques. This is quite a slow decrease compared to
the same, transmitted over an AWGN channel that only
suffers with additive white Gaussian noise. For the latter,
the BER drops as a function of SNR, exponentially.
Naturally, the Rayleigh fading channel model demands
significantly higher transmitted power for delivering the
bits as reliably as over an AWGN channel. Now, consider
use of diversity combining in transmitting a binary
modulated signal over a Rayleigh fading channel when
the signal is received in AWGN. The average BER for the
detected bits now tends to decrease inversely as a function
of SNR raised to the power of diversity order, L, as shown
in Fig. 2. This is quite a remarkable improvement. In a
way, diversity combining process modifies the Rayleigh
PDF to look more like a truncated Gaussian PDF, as the
order of diversity increases. Thus, loosely speaking, the
performance in BER versus SNR for binary transmission
over a Rayleigh fading channel starts to resemble that
of transmission over an AWGN channel when diversity
combining is employed.

Another case of interest in transmission over fading
channels is when the received signal in AWGN has a
strong deterministic (nonrandom) component. This will
contribute to moving the received signal mean away from
the region of small signals to a range of rather large



o

()] —
I
|

o
o

_L
2

FSK n
noncoherent —
detection

[$)]
I

FSK
— coherent
| detection

— DPSK

\S]

-
<
(20 N}

Probability of a bit error, Py
> )
o AN g b
T 1 T 1
|

2_ —

105 ! ! ! ! ! !
0 5 10 15 20 25 30 35

SNR per bit, ¥, (dB)

Figure 1. Performance of binary signaling on a Rayleigh fading
channel (from Proakis [2]).
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Figure 2. Performance of binary signals with diversity (from
Proakis [2]).

signal values. Statistically, the Rayleigh PDF is modified
to a Rice PDF [2] that is much milder in the manner
by which it affects the transmitted signal. Transmission
over a short (~3 km) line-of-sight microwave channel is
often subject to Rice fading. Finally, another PDF that
is frequently used to describe the statistical fluctuations
of signals received from a multipath fading channel is
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the Nakagami m distribution [2]. The parameter m is
defined as the ratio of moments, called the fading figure.
By setting m = 1, the Nakagami PDF reduces to a Rayleigh
PDF. As m increases to values above m = 1, transmission
performance over a Nakagami channel improves. In a way,
this is similar to what happens on a Rice channel. That is,
receiver is provided with a stronger signal average, as m
increases above the m = 1 value.

3. DIVERSITY THROUGH CHANNEL CODING WITH
INTERLEAVING

In general, time and/or frequency diversity techniques
may be viewed as a form of trivial repetition (block)
coding of the information signal. The combining techniques
can then be considered as soft-decision decoding of the
trivial repetition codes. Intelligent (nontrivial) coding in
conjunction with interleaving provides an efficient method
of achieving diversity on a fading channel, as emphasized,
for example, by chase [6]. The amount of diversity provided
by a code is directly related to the code minimum distance,
dmin. With soft-decision decoding, the order of diversity
is increased by a factor of di,, whereas, if hard-decision
decoding is employed, the order of diversity is increased by
a factor of d‘;i“ . Note that, although coding in conjunction
with interleaving can be an effective tool in achieving
diversity on a fading channel, it cannot help the signal
quality received through a single stationary antenna
located in a deep-fade null. The interleaving will not be
helpful, since in practice, the interleaving depth cannot be
indefinite.

In the next section, we present some examples
illustrating the benefits of diversity combining in various
communications applications.

4. APPLICATION EXAMPLES

Three examples, illustrating benefits of diversity tech-
niques in practical communications systems, are presented
in this section.

4.1. Wideband Code-Division-Multiple-Access Using
Direct-Sequence Spread-Spectrum (DSSS) Communications

One application [4] treats a wireless cellular scenario.
This represents the up and downstream transmission
mode, from user to base station (BS) and from the base to
user, of a wireless local-area network (LAN) with a star
architecture. Each user has a unique DSSS code and a
correlator exists for each user in a channel bank structure
at the base station. The output of the bank of correlators
is fed to the usual BS circuitry and call setup is handled
using standard BS features. Average power control is used
in this system to avoid the classical near/far problem.
In wireless LAN we have a severe multipath fading
problem. It is really a classical Rayleigh multipath, fading
channel scenario. The role of asynchronous transmission is
clear —a user transmits at random. The signal arrives at
the correlator bank and is detected, along with interfering
signals. Because the broad bandwidth of a DSSS signal
can indeed exceed the channel coherence band (this is
the channel band over which all frequency components
of the transmitted signal are treated in a correlated
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manner), there is inherent diversity in transmission that
can be exploited as multipath diversity [3] by a correlation
receiver. The psuedonoise (PN) sequences used as direct
sequence spreading codes in this application are indeed
trivial repeat codes. By exclusive-or addition of a PN
sequence to a data bit, the narrowband of data is spread
out to the level of the wide bandwidth of PN sequence.
A correlation receiver that knows and has available the
matching PN sequence, through a correlation operation,
generates correlation function peaks representing the
narrowband information bits with a correlation function
base, in time, twice the size of a square PN sequence
pulse, called a PN chip. In this application, the correlator,
or matched-filter output, will be a number of resolved
replicas of the same transmitted information bit, displayed
by several correlation peaks. The number of correlation
peaks representing the same information bit corresponds
to the diversity order, in this application. Many orders of
diversity can be achieved this way.

The replicas obtained this way may now be presented
to a combiner for diversity gain. A simple equal gain
combiner has been adopted [4] that is by far simpler in
implementation than a RAKE receiver [5]. The multipath
diversity exploitation in conjunction with multiantenna
space diversity [7] establishes a foundation for joint space
and time coding.

4.2. Indoor Wireless Infrared (IR) Communications

The purpose of using infrared wireless communication
systems in an indoor environment is to eliminate wiring.
Utilization of IR radiation to enable wireless communi-
cation has been widely studied and remote-control units
used at homes introduce the most primitive applications
of this type of wireless systems. A major advantage of an
IR system over an RF system is the absence of electromag-
netic wave interference. Consequently, IR systems are not
subject to spectral regulations as RF systems are. Infrared
radiation, as a medium for short-range indoor communica-
tions, offers unique features compared to radio. Wireless
infrared systems offer an inherent spatial diversity, mak-
ing multipath fading much less of a problem. It is known
that the dimension of the coherence area of a fully scat-
tered light field is roughly of the order of its wavelength [8].

This is due to the fact that the receive aperture diam-
eter of a photodiode by far exceeds the wavelength of an
infrared waveform. Therefore, the random path phase of a
fading channel is averaged over the photo-receiver surface.
Hence, the signal strength fluctuations that are caused by
phase cancellations in the RF domain are nonexistent in
the optical domain. An optical receiver actually receives
a large number (hundreds of thousands) of independent
signal elements at different locations on the receiving
aperture of the photodiode. This in fact provides spatial
diversity, which is very similar to employing multiple,
geographically separated antennae in an RF fading envi-
ronment. In summary, because of the inherent diversity
channels, the frequency-selective fading effect at the opti-
cal carrier frequency level is not a problem in an IR system.

Since infrared transmission systems use an optical
medium for data transmission, they have an inherent
potential for achieving a very high capacity level. However,

in order to make this feasible, the communication system
design has to offer solutions to the problems associated
with IR propagation in a noisy environment. Various
link designs may be employed in indoor wireless infrared
communication systems. The classification is based on
the degree of directionality and existence of a line-
of-sight path between a transmitter and a receiver.
In one configuration, instead of transmitting one wide
beam, multi-beam transmitters are utilized [9]. These emit
multiple narrow beams of equal intensity, illuminating
multiple small areas (often called diffusing spots) on
a reflecting surface. Each beam aims in a prespecified
direction. Such a transmitting scheme produces multiple-
line-of-sight (as seen by the receiver) diffusing spots, all of
equal power, on an extended reflecting surface, such as a
ceiling of a room. Each diffusing spot in this arrangement
may be considered as a secondary line-of-sight light
source having a Lambertian illumination pattern [10].
Compared to other configurations, this has the advantage
of creating a regular grid of diffusing spots on the
ceiling, thus distributing the optical signal as uniformly
as possible within the communication cell as shown in
Fig. 3. A direction diversity (also known as angle diversity)
receiver that utilizes multiple receiving elements, with
each element pointed at a different direction, is used, in
order to provide a diversity scheme for optimal rejection of
ambient noise power from sunlight or incandescent light,
for example, and to substantially reduce the deleterious
effects of time dispersion via multiple arrivals of reflecting
light rays, causing intersymbol interference in digital
transmission. The composite receiver consists of several
narrow field-of-view (FoV) elements replacing a single
element wide-FoV receiver. The receiver consists of more
than one element in order to cover several diffusing
spots, thus ensuring uninterrupted communication in case
some of the transmitter beams are blocked. Additionally,
a multiple-element receiver provides diversity, thus
allowing combining of the output signals from different
receiver elements, using optimum combining methods.
An increased system complexity is the price that one
has to pay to escape from restrictions of line-of-sight
links, retaining the potential for a high capacity wireless
communication system.

For indoor/outdoor wireless transmission systems, use
of multiple antennas at both transmit and receive sides
to achieve spatial diversity at RF has gained a significant
amount of attention. This is motivated by the lack of
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Figure 3. Multispot diffusing configuration (T —transmitter;
R —receiver).



available bandwidth at the low-frequency end of the
radio spectrum. The approach, in a way, is similar to
the IR system described earlier. The capacity increase
and spatial multiplexing for high-data-rate transmissions
via multiple transmit antennas have been illustrated in
Ref. 11. Earlier, transmission of orthogonally-polarized
transmitted digitally modulated RF waveforms was
introduced to achieve capacity increase over multipath
fading channels of point-to-point high-data-rate digital
radio routes [12].

4.3. Polarization-Insensitive Fiberoptic Communications

In a coherent optical receiver, receiving a modulated light-
wave on a single-mode fiber, the polarization state of the
received optical signal must be matched with that of the
receiver local laser source signal. A mismatch reduces (per-
haps drastically) the received signal strength. Unless the
polarization states of the light fields are controlled care-
fully, receiver performance degradation is unavoidable.
The problem encountered here is very similar to the flat
fading on a single-path fading channel. Occasionally, the
entire band of the received signal is severely attenuated.
In an earlier study [13] we examined a polarization-
insensitive receiver for binary frequency shift keying
(FSK) transmission with discriminator demodulation.
The polarization-state-insensitive discriminator receiver
is shown in Fig. 4. The two branches carry horizontally
and vertically polarized optical beams obtained through a
polarization beamsplitter. The information-carrying opti-
cal beams are subsequently heterodyne demodulated
down to FSK-modulated IF signals and are received
by the discriminators for demodulation. The demodu-
lated baseband signals are then combined; thereby a
polarization-independent signal is obtained. This is yet
another example of diversity combining of equal-gain type.

5. CONCLUDING REMARKS

Given proper operating condition of the equipment, the
reliability of a communication system is basically deter-
mined by the properties of the signal at the receiving

Polarization
Directional beam
Received M splitter Horizontal
signal
Photodiodes
Local optical ~
signal If filters

Ideal limiters

TEe ST

~T~ Discriminators ~
Ve ~
)

Baseband equal
gain combiner

To data
recovery circuit

Figure 4. Basic proposed polarization-insensitive receiver.
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end. We have concentrated in this article on diversity
and the effects it may have upon the signal reliabil-
ity. It is established that “diversification” offers a gain
in reliable signal detection. However, a wireless channel
offers endless possibilities over a multiplicity of dimen-
sions. Diversity is only one way of introducing a long-term
average gain into the detection process. More recently,
the availability of low-cost and powerful processors and
the development of good channel estimation methods have
rejuvenated an interest in adaptive transmission rate tech-
niques with feedback. This new way of thinking is termed
opportunistic communication, whereby dynamic rate and
power allocation may be performed over the dimensions
of time, frequency, and space in a wireless system. In
a fading (scattering) environment, the channel can be
strong sometimes, somewhere, and opportunistic schemes
can choose to transmit in only those channel states. Obvi-
ously, some channel state information is required for an
opportunistic communication approach to be successful.
Otherwise, it becomes like shooting in the dark. This is in
some respects similar to building a financial investment
portfolio of stocks, based on some “insider’s” information.
Clearly, it results in more gain compared to traditional
methods of building a diversified portfolio of stocks, based
on long-term published trends. Similarly, one would expect
a great loss, if the “insider’s” information turned out to
be wrong. Consequently, opportunistic communications
based on wrong channel states will result in a great loss
in the wireless network capacity. Thus, in those wireless
applications where reliable channel states may easily be
obtained, it is possible to achieve enormous capacities, at a
moderate realization complexity.
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1. INTRODUCTION

1.1. Outline

Discrete multitone (DMT) modulation as well as orthog-
onal frequency-division multiplex (OFDM) belong to the
category of multicarrier schemes. The early ideas go back
to the late 1960s and early 1970s [e.g., 1,2]. With the

development of fast digital signal processors, the attrac-
tion of these techniques increased [e.g., 3—5] and advanced
developments have been carried out [e.g., 6,7]. Meanwhile,
DMT was introduced as a standard for digital commu-
nications on twisted-pair cables [digital subscriber line
(DSL)] [8].

The basic idea of multicarrier modulation is to partition
a high-rate datastream into a large number of low-rate
data signals that are modulated onto different carrier
frequencies and are transmitted simultaneously over
parallel subchannels. Because of the partition of the
datastream, the data rate on each subchannel is much
lower than for the original signal. As low-rate signals
are much less susceptible to channel impairments, the
reception and reconstruction of the subchannel signals at
the receiver side is simplified significantly. However, all
subchannels have to be received in parallel and have to
be processed simultaneously—a requirement that can
be met in an economic way only with digital signal
processing. Because of the large number of carriers, the
subchannel signals can be well adapted to the channel
characteristics. As a consequence, multicarrier schemes
like DMT offer the ability to maximize the data throughput
over frequency-selective channels, such as the telephone
subscriber line.

As multicarrier modulation like DMT or OFDM can be
interpreted as a further development of frequency-division
multiplexing (FDM) [4], we begin with the explanation of
the classical FDM principles.

1.2. Frequency-Division Multiplexing (FDM)

With FDM the available bandwidth of the transmission
medium is separated into a number of frequency bands
in order to transmit various signals simultaneously on
the same medium. The principal block diagram is given
in Fig. 1. Each band-limited baseband signal x,(¢) is
modulated onto a carrier cos(w,t) with carrier frequency
w,v=0,1,..., N—-1.

The received FDM signal is first bandpass (BP)-filtered
with center frequency w,, multiplied by cos(w,t) and then
lowpass (LP)-filtered to obtain the demodulated signal
2,(0).

The FDM signal at the transmitter output is

N-1

s@t) = ) _x.(t) cos(,t) @

v=0

For the spectra of the transmitter signals, we have

s(t) < S(w) (2)
x,(8) cos(wyt) < 3X, (0 — @) + 3X, (0 + w,) 3)
s(t) < S(w) = 1NZAXU(LU—LUU) +X,(0+w) (4

2 v=0

The term S(w) is shown in Fig. 2 for the simplified case
that all X,(w) are real-valued. In conventional FDM
systems, the frequencies w, have to be chosen in such
a way that the spectra of the modulated signals do not
overlap. If all baseband signals X,(w) have the same
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Figure 1. Analog frequency division

8 multiplexing. The baseband signals

+
: cos(wy_11)
Xn-1(t)
BP

bandwidth, the carrier frequencies are normally chosen
equidistantly. However, the FDM system described above
wastes valuable bandwidth because (1) some space must be
available for the transition between the passband and the
stopband of each bandpass filter in Fig. 1; and (2), if s(¢) is
real, S(w) is conjugated symmetric, that is, S(—w) = S*(w),
where * denotes the conjugate complex operation. As a
consequence, the bandwidth of S(w) is twice as required
theoretically.

The second drawback can be solved by quadrature
amplitude modulation (QAM) [9]. With QAM, two inde-
pendent baseband signals are modulated onto a sine and a
cosine carrier with the same frequency w, which gives an
unsymmetric spectrum. As a result the spectral efficiency
is doubled.

The first drawback of FDM can be overcome by
multicarrier modulation, such as by DMT, which allows
for a certain overlap between the spectra illustrated in
Fig. 2. Of course, spectral overlap in general could lead to
nontolerable distortions. So the conditions for this overlap
have to be carefully established in order to recover the
signal perfectly at the receiver side. This will be done in
the next section.

2. MULTICARRIER BASICS

2.1. Block Diagram and Elementary Impulses

Following the ideas outlined in the previous section and
applying discrete-time signals X, [k] at the input leads us
to the block diagram in Fig. 3.

The impulse modulator translates the sequence
{...,X,[0],X,[1], ...} into a continuous-time function

x,6)=Ts Y X,(kl-6¢—kTs), v=0,1,....N-1

k=—00
%)
where T is the symbol interval, §(¢) is the Dirac impulse
and §[£] is the unit impulse with

1 for
0 for

k=0

40 (6)

ot = |

—ON-

S(w)
—201 —Clvo (I) wlo 61;1 wl\I/—1 @

Figure 2. Spectrum S(w) of the FDM signal s(z).

LP xo(), ..., xny_1(¢) are modulated on dif-
ferent carriers.

The output signal s(¢) of the multicarrier transmitter is
given by

N-1 00
st)=Tsy &' > X,[klg(t — kTs) ©)
v=0 k=—00

where g(t) is the impulse response of the impulse shaping
filter. The carrier frequencies w, are chosen as integer
multiples of the carrier spacing Aw:

v=0,1,....N-1 8)

w, =V - Aw,

All practical multicarrier systems are realized with
digital signal processing. Nevertheless, we will use the
analog model of Fig. 3 in this section, because the analysis
can be done more conveniently and the understanding
of the principles of multicarrier modulation is easy.
Section 3.1 deals with the digital implementation.

The output signal s(¢) can be either real or complex. If
complex, s(¢) can be considered as the complex envelope
and the channel is the equivalent baseband channel. As
will be shown in Section 3.2 , DMT modulation provides a
real-valued output signal s(¢). Nevertheless, the following
derivations hold for both cases.

The receiver input signal w(¢) is demodulated and
filtered by the receiver filters with impulse response A(¢),
resulting in the signal y, (£), n € {0, ..., N — 1}. Sampling
this signals at the time instants ¢t = £T'g gives the discrete-
time output Y, [k]. The signal after filtering is given by

Y. () = W@®e ) x h(t)
= / w@e 7 hit —1t)dr, p=0,....N—1(9)

o0

where * denotes the convolution operation. For the
moment, we assume an ideal channel. Thus w() = s(?)
and we get from (9) with (7) and (8)

o [N-1 )
Yu@) = Tsf (Z PUCR DL
—o \‘20

x > X,[klg(r — kTs)h(t — r)) dr (10

k=—00

Sampling y, (t) at ¢ = kTs yields the output signal

o [N-1
Y, k]l =y,(kTs) = f (Z PCEIENE
% \v=0

l=—00

x 3 X,lg(x — ITs)h(kTs — 7:)) dr (11
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Figure 3. Block diagram of a general multicarrier system.

Now, the target is to recover the sequences X, [k] at
the receiver side without distortion. As the given system
is linear, we can restrict our analysis to the evaluation
of the response to one single transmitted symbol on one
subcarrier. We can then make use of the superposition
theorem for the general case of arbitrary input sequences.
Basically, two types of interference can be seen from
Eq. (11):

1. Intersymbol interference (ISI), in which a symbol
sent at time instant & on subcarrier x has impact on
previous or following samples y, (ITs) with [ # k.

2. Intercarrier interference (ICI), which is the result of
crosstalking between different subchannels at time
instants £Tg.

Without loss of generality we assume that the system
model in Fig. 3 has zero delay, i.e., the filters g(¢), h(¢) are
not causal. We sent one unit impulse §[£] at the time 2 = 0
on subcarrier v:

X;[k] = 8[v —1]8[k] 12)

The received signal y, (¢) is free of any interference at the
sampling instants k7T, if

Y, [k] = 8[v — 115[k] (13)

To gain further insight into the nature of ISI and ICI,
we take a closer look at the received signals before they
are being sampled. A unit impulse X, [k] = §[%k] on carrier
v yields the transmitter output signal

s(t) = Ts g(t)e”*! (14)

which is also the input signal w(¢) as we assume an ideal
channel. We now define the elementary impulse r, , (f) as
the response y, (¢) to the receiver input signal of Eq. (14).

rou(t) = Ts (g®) 4" x h(t)

=Ts / g(x)e/MATh¢ — 1) dr (15)

Obviously, r, , (t) depends only on the differenced = v — p.
Thus we get

ra(®) = Ts(g®)e ™) » h(t) (16)

We can now formulate the condition for zero interfer-
ence as
rq(kTs) = 8[d]S[k] 17

This can be interpreted as a more general form of
the first Nyquist criterion because it forces not only
zero intersymbol interference but also zero intercarrier
interference [10,11]. If we set d = 0, Eq. (17) simplifies to
the Nyquist criterion for single-carrier systems. In the
context of multicarrier systems and filterbanks, (17) is
also often called an orthogonality condition or a criterion
for perfect reconstruction.

For DMT systems without guard interval g(¢) = h(¢)
holds and they are rectangular with duration Ts. The
purpose of the guard interval will be explained in the next
section. With the carrier spacing

2

we obtain from Eq. (16) the elementary impulses

2]
ro(t) = { =7 It < Ts (19)
0 elsewhere
for |t| < Ts

d#0

Sgn(t)(_l)d jid(2m/Tg)
rd(t)z{]?nd(l_e] st)
0 elsewhere

(20)

These functions are shown in Fig. 4a and give us some
insight into the nature of intersymbol and intercarrier
interference. We clearly see that the sampling instants
t =kTs do not contribute to any interference. As the
elementary impulses are not always zero between the
sampling instants, they cause quite some crosstalk
between the subchannels. The oscillation of the crosstalk
is increased with the distance d between transmitter
and receiver subchannel, whereas their amplitude is
decreasing proportional to 1/d.

The impact of interference can also be seen from Fig. 4b,
where the eye diagram of the real part of y,(¢) is shown
for a 16-QAM on N = 256 subcarriers; that is, the real
and imaginary parts of the symbols X, [k] are taken at
random out of the set {£1, £3} and are modulated on all
subcarriers.
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Re{y, (1)}

Figure 4. (a) Elementary impulses rj(¢) of a multicarrier system with rectangular impulse
shapes; (b) eye diagram of real part of y,, (¢) for 16-QAM and N = 256 carriers.

Obviously, even with an ideal channel the horizontal
eye opening tends to zero, requiring very small sampling
jitter and making a correct detection of the transmitted
symbols extremely difficult.

2.2. Introduction of a Guard Interval

An effective solution to increase the horizontal eye opening
is the introduction of a guard interval. It is introduced
by choosing different impulse responses g(t) # h(t) at
transmitter and receiver. The duration of the guard
interval is given as

Te=Ts-T, >0 (21)
where T's and T, denote the length of the impulse response
of the transmitter and the receiver filter g(¢) and A(?),
respectively. Both impulse responses are rectangular and
symmetric to ¢ = 0.

In contrast to (18), the carrier spacing is now

(22)

/ \ /

/
NS N

1
- 05 0 05 1
tTs

For the elementary impulses follows

—t|+Ts —Tg/2 Te Tg
il el T Y
Ts —Tg or o =t<Ts=7
T,
ro(®) =141 for |t < ?G
T
0 for |t| > Ts — ?G
4 (23)
sgn®) (D% sene dnre/Ta) T
ond (e’ G for 9 < ¢
rd(t): _efd(er/Tu)t) =T _% d;ﬁO
0 elsewhere
(24)

As can be seen from Fig.5, there are flat regions
around the sampling instants ¢=#kTg, £=0,=£1,...
which prevent any interference. In many multicarrier
systems, DMT as well as OFDM, the guard interval is
chosen as T /T, = 1—16, cie, 7}‘. In Fig. 5b the eye diagram
for a DMT system with guard interval is shown.

Obviously, the horizontal eye opening is now increased

Re{y, (1)}

Figure 5. (a) Elementary impulses r4(¢) with guard interval Tg = T\, /4; (b) eye diagram of real
part of y,, (¢) for 16-QAM and N = 256 carriers and Tg = T, /4.
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and is as long as the guard interval. Therefore, the
impact of timing jitter and interference is reduced
considerably. However, DMT and OFDM systems are
much more sensitive to timing jitter than are single-carrier
systems [12].

During the guard interval period T, no information can
be transmitted. Thus, the spectral efficiency is reduced by
a factor T /Ts.

3. PRINCIPLES OF DISCRETE MULTITONE MODULATION

3.1. Implementation with Digital Signal Processing

While the continuous-time model in Fig. 3 is valuable
for the analysis, the implementation of DMT systems is
exclusively done using digital signal processing. Sampling
the continuous-time signals in Fig. 3 with the sampling
period T4 leads to the discrete-time or digital DMT system
in Fig. 6.

The impulse modulators are replaced by upsamplers.
They insert Ng — 1 zero samples between each incoming
symbol X, [k]. Thus Ts = Ng - T4 holds. We define

Ts=Ns-Ta, Tc=G - Ta, T,=N-Ta (25)
From (21) follows
Ns=G+N (26)

where G denotes the number of guard samples. For the
complex carriers in Fig. 3, we obtain the following with
Eqgs. (8), (22), and (25) and ¢t = nTx:

2
exp(jo,nTys) = exp (Jﬁn vn) =w™ " with

w = exp (—j%) 27

Of course, we have to ask whether the sampling
theorem is fulfilled. As g(t) and A(f) are rectangular,
and thus have infinite bandwidth, the sampling theorem
is not met, at least not exactly. Consequently, the
digital system in Fig. 6 is not an exact representation
of the continuous-time system of Fig. 3. Nevertheless it
is a reasonable approximation, and the concept of the
elementary impulses and the generalized Nyquist criterion

can be used similarly. We now adopt causal discrete-time
filters:

1
g[n]= \/Tv fOrTL:O,...,NS—l (28)

0 elsewhere

The output signal of the transmitter in Fig. 6 can be
written as

N-1 00
slnl =Y w™ > X,[klgln — kNg] (29)
v=0 k=—00

We introduce the operator div for integer divisions
as ndivNg = |n/Ns|, where || indicates rounding
toward the nearest smaller integer. With (28) we get
from (29)

N-1

1
— E X,[n div Ng] - w™"" (30)
~N ‘=

sln] =

Here we recognize the expression for the discrete Fourier
transform (DFT; IDFT = inverse DFT) pair:

1 N-1

DFT: X, = —= ) x,w" IDFT:x,=—
£

(31

Thus, we identify the input signals Xy [%], ..., Xy_1[k] as a
block with index £ and define the blockwise IDFT:

1N—1 )
Rl = — X, [kl -w™" 32
x;i[k] JN; (k] - w (32)

which allows us to express (30) as
s[n] = xn mea n[n div Ng] (33)
For each block % of N input samples, Ng = N + G output
samples are produced. The first block 2 = 0 produces the

output sequence

{s[Ol,...,s[Ng — 1]} ={x0[0], ..., xx_1[0], 20[0], ..., x5_1[0]}

Receiver  Down-
filter sampling

WOn
é hin] Yoln] @ Yo[f(]

Demodulation

whh . H
. Y [k
Discrete | [1! é hin] yuln] @ ulK]

channel

Up- Impulse Modulation
sampling  shaping
W—On
: . van
X,[K] @ o] é s,[n] n s[n]
: . w—(N-Dn
XN—1[k]@ o] é

(N-1)n

w : :
é hin] J/N-1[”]@ Yi-1[K]

Figure 6. Transmitter and receiver for digital multicarrier transmission.



while the second block (2 = 1) yields the output

{sINgl, ..., s[2Ng — 11}
= {xgl1], ..., xx_1[1], %0[1], ..., x06_1[1]}

We recognize that each output block contains the
symbols xolk], ..., xy_1[k] plus G additionally samples
taken out of the same set. The calculation of s[n]
applying a blockwise IDFT is illustrated in Fig. 7, where
a block of N input symbols is first IDFT-transformed and
then parallel—serial-converted. The commutator puts out
Ng symbols for each block by turning more than one
revolution, resting after each block in a different position.
Thus, although each block contains all transformed
symbols, the ordering and the subset of doubled samples
vary. To overcome this inconvenience and to facilitate
the block processing at the receiver side, practically all
DMT systems compute a block of N samples by inverse
DFT processing and insert the additional samples at the
beginning of the block. Therefore the guard interval is also
called cyclic prefix (CP). Thus, a DMT block for index %
will be ordered as follows:

an—clk), xy_gr1lRl, ... xn_1[R], 2o R], x1[R], . .., xn_1[R]

¢ samples, cyclic prefix ~ data samples

(39
Thus, we can express the transmitter signal after insertion
of the CP as

x[n] = %4 mod Ng [ div Ng] (35)

The discrete-time output signal with block processing
is denoted as X[n] in order to distinguish it from
s[n]. At this point, the mathematical notation seems
to be a little bit more tedious than in Eq. (30),
but (32) and (35) describe the signals for independent
block processing, which simplifies the operations in the
transmitter and especially in the receiver considerably.
Later we will derive a compact matrix notation that
operates blockwise, taking advantage of the block
independence.

3.2. Real-Valued Output Signal for Baseband Transmission

Because the DMT signal is transmitted over baseband
channels, we must ensure that the output signal X[n]
and thus x;[k] are real-valued. Therefore we have to
decompose x;[k] of (32) into real and imaginary parts

k
Xolk] — XolK]
X1k — ﬂﬂ\o
N-point E? s{n]
IDFT N
_4lK
Xn—1[k] — M]/O

Figure 7. Inverse IDFT with parallel—serial conversion.
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and set the latter to zero. After some calculations, this
provides the following conditions on the input sequences
X, [k]:

Xo,XN/z eR (36)

X, =X5,, v:l,...,%’—l 37)

Consequently, we get from (32) with X, [k] = X| [k] + jX []

1 .
ikl = —= | Xolkl + (—1)' Xy 2 [k] + 2
x;[#] Nici olk] + (=1)'Xn 2 (k]
i 2 2
/ . " . T .
X 2. X [k] cos (sz) — X'[k] sin (sz) (38)

_ To simplify the transmitter scheme, we can choose
Xo=Xo+jXnp as indicated in Fig. 8. For practical
implementations, this is of minor importance as usually
Xo and Xy, are set to zero. The reason will be discussed
in Section 3.3.

It is convenient to interpret the DMT signal in (38) as a
sum of N/2 QAM carriers where X, [k] modulates the vth
carrier.

The detailed block diagram of a DMT transmitter
as realized in practice is depicted in Fig. 8. The
parallel—serial conversion and the insertion of the guard
interval is symbolized by the commutator which inserts
at the beginning of each block G guard samples,
copied form the end of the block. A digital-to-analog
converter (DAC) provides the continuous-time output
X(t). We clearly see that the guard interval adds some
overhead to the signal and reduces the total data
throughput by a factor n = G/Ng. Therefore, the length
G of the cyclic prefix is normally chosen much smaller
than the size N of the inverse DFT. We will see in
Section 3.5 that the cyclic prefix allows for a rather simple
equalizer.

Figure 9 depicts the corresponding DMT receiver.
After analog-to-digital conversion and synchronization,
the signal y[n] is serial-parallel converted. Out of
the Ng symbols of one block, the G guard samples
are discarded and the remaining N symbols are fed
into a DFT. Note that synchronization and timing
estimation are essential receiver functions to produce
reliable estimates of the transmitted data at the receiver.
There have been many proposals for synchronization
with DMT modulation, such as that by Pollet and
Peeters [13].

Another major item to be considered with DMT modu-
lation is the large peak-to-average power ratio (PAPR)
of the output signal X[n]. Thus, a wide input range
of the DAC is required. Furthermore, large PAPR can
cause severe nonlinear effects in a subsequent power
amplifier. The PAPR should be considered particu-
larly for multicarrier modulation with a large num-
bers of subcarriers, because this ratio increases with
the number of subcarriers. In order to reduce the
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PAPR, several techniques have been proposed, such
as “selective mapping” and “partial transmit sequence”
approaches [14].

3.3. Spectral Properties

We calculate the spectrum of the output signal s[n] in
Fig. 6 for one modulated subchannel, namely, the input
signal is given by (12). This gives

sln]l =glnl - w™" < S(w) = Z glnl -w™" - e7orTa (39)

n=-—0oo

From Eqgs.(22) and (25) we obtain T4 = 27/(NAw).
Together with (28), it follows from (39) that
1-— w(w/Aa)fv)Ns
S(w) = L AT Ao " (40)
VN Ns for 2 — v

In order to obtain a real-valued output signal, according
to (37), we have to sent a unit impulse on subchannel
N — v, too. In Fig. 10a the magnitude of the spectrum is
depicted for the case that subcarrier v is modulated. The
spectrum is quite similar to a sin(w)/w-function. However,
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as Fig. 6 is a discrete-time system, S(w) is periodic with
wa = N - Aw. Note that the spectrum of a single subcarrier
with carrier frequency vAw does not have zero crossings
at o= (vEtm)Aw, m=1,2,... if a guard interval with
length G > 0 is used.

In order to calculate the power spectral density (PSD) of
a DMT signal, we now consider stochastic input sequences
X, [%] that are uncorrelated, have zero mean and variances
o2. Then the PSD of the output signal s, [n] of modulator v
in Fig. 6 becomes

2

Dy, () = ]‘\TTS AG@)?,  with

°° . 11— waehs
G = 2 gl = e

Aw
From this it follows the total PSD of the transmitter

(41)

15
Dy (w) = Nis > 021G — vAw)®

v=-15

(42)

which is depicted in Fig. 10b for a system with N = 32. All
carriers are modulated with equal power o2 = 1, except
for carriers v =0 and v = N/2. Because of (37), the sub-
carriers v = 17, ..., 31! are modulated with the complex

1 Because of the periodicity of @4 (w) this is equivalent to modulate
the subcarriers v = —15, ..., —1.

conjugate of the sequences Xj[%], ..., Xi5[k]. Note that we
can approximately add the PSD of all sequences s,[n]
despite their pairwise correlation because their spectra
overlap to only a very small extent. As the antialiasing
lowpass in the DAC has a cutoff frequency of was/2 [15],
the carriers in this frequency region cannot be modulated;
therefore, at least the carrier at v = N/2 remains unused.
The carrier at v = 0 is seldom used, either, because most
channels do not support a DC component.

3.4. System Description with Matrix Notation

We have seen that the transmitter processes the data
blockwise, resulting in simple implementation without
the need of saving data from previous blocks. We now
consider how this block independence can be extended
to the receiver when including the channel. Figure 11
shows a block diagram for the complete DMT transmission
system. For the moment we focus on the signal only and
consider the influence of the noise later. The receiver input
signal is then given by

o0

jlnl =&l xclnl = ) Zlmlcln —ml

m=—0o0

(43)

The discrete-time channel impulse response cl[n]
includes the influences of DAC and ADC (digital-to-analog
and analog-to-digital conversion), respectively. We assume
that the channel can be described by a finite-length

A
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x[n] X[n] yin] [n] N
IDFT cp cinl =@ >< Y DFT izt NYwz1 Xy
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X0 | xyq| S P lyn ; }used
N-1 —
\
F c F

Figure 11. Discrete-time model of a DMT transmission system.
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impulse response c[n] with L + 1 samples ¢[0], ..., c[L].
From (43) we conclude that for independence of the
received blocks, it must hold that

L=<G (44)

Thus, the cyclic prefix must be at least as long as the
length of the channel impulse response. If this condition
is satisfied, we can adopt a vector notation for the block
data:

XN-G Yo
X0 .
X1 Y
X — i . &= XN-1 . §= yg}q
: Xo Ye
XN-1 : :
AN-1 IN+G-1
Yo yG
Y1 Y61
y= : = : (45)
YN-1 YN+G-1

where y is the input signal after removal of the cyclic
prefix. It can be expressed as

c[G] clG —1] c[0] 0 - 0
0 clGl eclG-1] --- c[0] --- O -
y: e e .X
0 0 c[G] c[G —1] --- ¢[0]
(46)
or
Yo
Y1
Ye-1 | _
Ye
YG+1
YN-1
c[0] 0 0 clGl cl2] c[1]
c[1] c[0] 0 0 clG] --- c[2]
clG —1] . cf0] O 0 clG]
cl@l clG-1 --- ceoefo] 0 .- 0
0 clGl clG-1] c[0] 0
0 o clG] c[1] ¢[0]
c
X0
X1
XG-1
X b 47
XG+1

XN-1

The latter expression is preferred as it directly relates
the signals x and y and transforms the effect of the
guard interval insertion and removal into the channel
matrix C. The matrix equation (47) represents the circular
convolution, which is equivalent to multiplication in the
frequency domain [15]:

N-1
yln] = x[n] ® cln] = Zx[m] -c[(n — m) mod N] (48)

m=0

From this point of view, the cyclic prefix transforms the
linear convolution (43) into a circular convolution. The
matrix C is a circulant matrix whose eigenvalues 1, and
eigenvectors ¥, are given by

w
N-1 1 wk
Ay = clnlw"", ¥,=—— w2 ,
" ; 1 m :
w-N-Du
nw=0,....N—-1 (49)

This can be easily verified by checking the equation
C¥, = 1, 9,. We identify the inverse DFT matrix as

F' = (%, 91,...,0n-1) (50)

This means that the eigenvectors of the channel matrix
C are the columns of the inverse DFT matrix. As a
consequence, we can diagonalize the channel matrix by
multiplying with the IDFT and its inverse, the DFT matrix
F
FCF1=A where A = diag(},) (51)
With X = X,l[%], ..., Xy 1[EDT
Yn_1[ED)T we can write

and Y= Yyl#l,...,

x = F1X, y = Cx = CF X, Y =Fy = FCFX
(52)
We can now describe the input-output-relation of
the whole transmission system of Fig. 11 with a single
diagonal matrix: Y = AX, or Y, [k] = A, - X [k]. The result
shows that due to the cyclic prefix the parallel subchannels
are independent, and perfect reconstruction can be
realized by a simple one-tap equalizer with tap weight v,
per subchannel located at the output of the receiver DFT
as shown in Fig. 11. As equalization is done after the DFT,
this equalizer is usually referred to as a frequency-domain
equalizer (FDE).
Following from Eq. (49), we can interpret the eigenval-
ues A, of the channel matrix as the DFT of the channel

impulse response. If we define

N-1
Cw) =) clnl e (53)

n=0

as the discrete-time Fourier transform of c[n], we see that
the eigenvalues are just the values of the channel transfer
function at the frequencies w, = - Aw:

hy = C(wy,) (54)



Because DMT is a baseband transmission scheme, the
channel impulse response c[n] is real-valued and therefore
its spectrum shows hermitian symmetry:

Ao, ANz € R; Ay =AYy forp=1,...,N/2-1

(55)

Let us summarize the results. We have shown that
the insertion of the cyclic prefix translates the linear
convolution (43) into a circular convolution (48) that
corresponds to a multiplication in frequency domain,
as long as the impulse response of the channel is not
longer than the guard interval. If the guard interval
is sufficiently large, no interblock and no intercarrier
interference occur and each subchannel signal is weighted
only by the channel transfer function at the subchannel
frequency. If the channel impulse response c[n] exceeds
the guard interval, the described features of DMT are
not valid anymore. To overcome this problem, c[n] can be
compressed by a so-called time-domain equalizer (TDE)
to the length of the guard interval. The TDE will be
applied before the guard interval is removed at the receiver
[e.g., 16—18].

-

3.5. Frequency-Domain Equalization (FDE)

The output signal of the DFT at the receiver in Fig. 11 is
given by
Y;/, [k] = )"/l, : )(p, [k] + qu [k] (56)

where gq,[k] represents the noise introduced on the
subchannel after DFT processing. For many practical
channels, the noise r[n] on the channel will be Gaussian
but not white. Therefore, the power of g, [k] will depend
on the subchannel. If N is chosen sufficiently large, the
subchannel bandwidth is very small and thus the noise
in each subchannel will be approximately white with
variance an_ .- Further, the noise is uncorrelated with
the noise on any other subchannel [5]. The equalizer
coefficients y, can be derived with or without considering
the noise term in Eq. (56). If the signal-to-noise ratio
(SNR) is high, we approximately neglect the noise and
find the optimal FDE parameters as v, = 1/1,. With
XM (2] = ¢, Y, [k] follows X'M (k] =X, [k] + q,[k]/2, for the
reconstructed signal at the receiver. The SNR at the output
of the u-th subchannel is then given by

E(X.1% _ op- P

SNR, = =
E{|Xu Xu' } q,n

(57)

where o2 = E{|X, [k]|?} is the signal power of the xth input
signal at the transmitter.

However, the SNR per subchannel can be improved by
considering the noise in the derivation of the equalizer
coefficients ¢,. Considering the AWGN (additive white
Gaussian noise) in the subchannels, we calculate the
equalizer coefficients by minimizing the mean-square
error (MSE) E{|)A(M —X,|?} which can be written with
V. =V, +j¥;,and &, = A/, +jA] as

lZ

E(X, — X, = W2+ ¥, (A 02 +02,)

~ 262 A, — YA +o?  (58)
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For minimization of the MSE, we set the gradient of (58)
to zero:

0 N 0 N
—E(X,-X,)=0 —E{(X,-X,2}=0 (59)
awﬂ i w awﬂ i w

which results in

’ ”

, A ” —A

w = lL b ,’)b. = M
" |)‘#|2+Uq2,u/03 " |)LH|2+U[12YM/03
14 al (60)
S Y= —F——s—
. I)‘M|2 + G;/L/U/%
The subchannel SNR can be calculated as
E{X, 2 a?
SNR, = WX ol gy,

E(X, - X2} 9.

which gives a better performance than the first case,
especially for low SNR.

It is this amazingly simple equalization with a one-tap
equalizer per subchannel that makes DMT so popular for
the transmission over frequency-selective channels like
the telephone subscriber line.

4. CHANNEL CAPACITY AND BIT LOADING

The channel capacity [19], or the maximum error-free
bitrate, of an ideal AWGN channel is given by

wB a?
Rupax = — -logy [ 1+ —y2 (62)
g

27 i

where wg = N - Aw is the total channel bandwidth, ay2 is
the received signal power, and o2 is the noise power. The
capacity of subchannel i with very small bandwidth Aw
is then

A
R, =" log,

27 63)

<1 . chbxx(wu)lc(wﬂ)ﬁ)
Aa)q)rr(wﬂ)

where @, (w) denotes the power spectral density (PSD) of
the transmitter signal %[n], C(w) is the channel transfer
function in (53) and ®,, () is the PSD of the (colored) noise
r[n]. The total capacity of all subchannels is

N-1

_ Ao d>xx(wu)|0<wﬂ>|2>
R= o Mgloga <1+ o) (64)

In the limit for Aw — 0 with Aw - N = wp = const. we get

1 s D) |C(@)?

We now want to maximize the channel capacity R,
subject to the constraint that the transmitter power is

limited:
[9):]

oo Dy (w)dw = Pt (66)
2 0

Thus, we search for a function @, (w) that maximizes
Eq. (65) subject to the constraint (66). This can be
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accomplished by calculus of variations [20]. Therefore we
set up the Lagrange function

2

rrw

which must fulfill the Euler—Lagrange equation

oL d oL , do,,
—— = ———, where ®_ =
3Py do dD, =~ “do

(68)

This requires that &, (o) + ®,.(0)/|C(w)|?> = &y = const.
Thus,

%(w):{<1>o—el>rr<w>/|C(w)|2 forjo| <ws (gg)
0 elsewhere

This represents the “water-filling solution.” We can
interpret ®,.(w)/|C(w)|? as the bottom of a bowl in which
we fill an amount of water corresponding to P;. The water
will distribute in a way that the depth represents the
wanted function ®,,(w), as illustrated in Fig. 12.

The optimum solution according to (69) can be achieved
by appropriately adjusting the constellation sizes and the
gain factors for the bit-to-symbol mapping for each carrier.

In practice, when the bit rate assignments are
constrained to be integer, the “water-filling solution” has
to be modified. There have been extensive studies on the
allocation of power and data rate to the subchannels,
known as bitloading algorithms [21—-24]. In the following,
the connection between the channel characteristics
and bitloading is presented for an asymmetric digital
subscriber line (ADSL) system.

5. APPLICATIONS OF DMT

The DMT modulation scheme has been selected as
standard for ADSL [8], a technique for providing high-
speed data services over the existing copper-based
telephone network infrastructure. Typically, these phone
lines consist of unshielded twisted-pair (UTP) wire, which
share the same cable with multiple other pairs. Hence, the
performance of ADSL transmission depends on the noise
environment and cable loss [25]. When lines are bound
together in a cable, they produce crosstalk from one pair
to another, at levels that increase with frequency and the
number of crosstalking pairs or disturbers. For this reason,
crosstalk is one of the major noise sources. Additional
disturbances are given by impulse noise and possibly
radiofrequency interferers. Beside that, line attenuation

@ (w)/|Cw)]2

@
w

1
(0] ;] )

Figure 12. Optimum water-filling solution.

increases with frequency and distance. A modulation
scheme that is well suited for the wide variations in
the ADSL channel characteristics is provided by DMT.
In particular, rate adaption is quite simple for DMT
modulation to optimize the ADSL system transmission.
Some aspects of an ADSL system are regarded in the
remainder of this section.

The parameter of the DMT modulation scheme for
downstream transmission are determined by the ADSL
standard [8] as follows:

o FFT size of N =512. Consequently, excluding the
two carriers at v = 0 and v = N /2, 255 usable parallel
subchannels result.

e Sampling rate f4 = 1/T4 = 2.208 MHz.

e Guard interval length G = 32 = N/16.

e Adaptive bitloading with a maximum number of
Mmax = 15 bits per subcarrier (tone).

e A flat transmit power spectral density of about
—40 dBm/Hz (dBm = decibels per milliwatt). As the
spectrum ranges up to f4/2 = 1.104 MHz, the total
transmit power is about 20 dBm.

The achievable data throughput depends on the bit
allocation that is established during initialization of the
modem and is given by

R=— >"m, (70)

where m, denotes the number of bits modulated on the vth
subcarrier. The frequency spacing Af = Aw/27 between
subcarriers is given by

Af = ’;—3 —4.3125 kHz (71)

As ADSL services share the same line with the plain
old telephone service (POTS), a set of splitter filters (POTS
splitter) at the customer premises and the network node
separate the different frequency bands. Usually, POTS sig-
nals occupy bandwidths of up to 4 kHz. To allow a smooth
and inexpensive analog filter for signal separation, ADSL
services can use a frequency range from 25 kHz up to
1.1 MHz.

Figure 13a shows the variation of the SNR in the DMT
subchannels at the receiver for a subscriber line of 3 km
length and 0.4 mm wire diameter. DMT modems for ADSL
with rate adaption measure the SNR per subchannel
during an initialization period.

Of course, the POTS splitter in an ADSL system
essentially removes all signals below 25 kHz. Thus, the
first few channels cannot carry any data, as can be seen in
Fig. 13b, which shows the bitloading corresponding to the
SNR of Fig. 13a. A minimum bitload of 2 bits per carrier
is stipulated in the standard. The total bit rate is about
4 Mbps. Further, attenuation can be severe at the upper
end of the ADSL frequency band. As a consequence, SNR is
low and the adaptive bitloading algorithm allocates fewer
bits per carrier.
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1. INTRODUCTION

Ring networks are well known and widely used in today’s
Synchronous Optical Network (SONET) or Synchronous
Digital Hierarchy (SDH) transport networks [1]. They
are attractive because they offer reliable and cost-
efficient transport. In combination with dense wavelength-
division multiplexing (DWDM), ring networks provide
high capacity and transparent transport for a variety
of client signals. Compared to a star and bus topology,
the ring topology provides two diverse routes between any
two network nodes. Ring network topologies are therefore
often used in combination with protection schemes for
increased reliability. Additionally, network management,
operation and node design are less complex in rings than
in mesh topologies.

DWDM is the key technology to provide high trans-
mission capacity by transmitting many optical channels
simultaneously over the same optical fiber. Each channel

uses a dedicated optical wavelength (or, equivalently, color
or frequency) [2]. Multiplexing in the frequency domain
has been used for many decades in the communication
industry, including radio or TV broadcast, where several
channels are multiplexed and transmitted over the air
or cable. The information signals are modulated at the
transmitter side on carrier signals of different frequencies
(wavelengths), where they are then combined for trans-
mission over the same medium. At the receiver side, the
channels are selected and separated using bandpass fil-
ters. More recent advances in optical technology allow for
the separation of densely spaced optical channels in the
spectrum. Consequently, more than 80 optical channels
can be transmitted over the same fiber, with each channel
transporting payload signals of >2.5 Gbps (gigabits per
second). In combination with optical amplification of mul-
tiplexed signals, DWDM technology provides cost-efficient
high-capacity long-haul (several 100 km) transport sys-
tems. Because of its analog nature, DWDM transport is
agnostic to the frame format and bit rate (within a cer-
tain range) of the payload signals. Therefore, it is ideal
in supporting the transportation of various high—speed
data and telecommunication network services, such as
Ethernet, SONET, or SDH.

These advantages fit the demands of modern com-
munication networks. Service providers are facing the
merging of telecommunication and data networks and a
rapid increase in traffic flow, driven mainly by Internet
applications. The level of transmission quality is stan-
dardized in the network operation business, or, commonly
agreed. There are few possibilities to achieve competitive
advantages for network operators. But these differences,
namely, better reliability of service or flexibility of ser-
vice provisioning, have a major influence on the market
position. This explains why the transportation of telecom-
munication and data traffic is a typical volume market [3,
p- 288]. As a default strategy in volume markets, it is
the primary goal to provide highest data throughput at
the most competitive price in order to maximize market
share. As a secondary goal, network operators tend to
provide flexibility and reliability as competitive differen-
tiators. DWDM ring networks fulfill these basic market
demands in an almost ideal way.

In the following sections, we will approach DWDM ring
networks from three different viewpoints:

e The Network Architecture Viewpoint. DWDM ring
networks are an integral part of the worldwide
communication network infrastructure. The network
design and the architecture have to meet certain
rules in order to provide interoperability and keep
the network structured, reliable, and manageable.
The DWDM ring network architecture, the network
layers, and specific constrains of DWDM ring
networks will be discussed in Section 2. We will
also take a look at protection schemes, which are
an important feature of ring networks.

e The Network Node Viewpoint. Optical add/drop
multiplexers (OADMs) are the dominant type of
network elements in DWDM ring networks. The
ring features will be defined mainly by the OADM



functionality. The basic OADM concept and its
functionality is discussed in Section 3.

e The Component Viewpoint. Different component
technologies can be deployed to realize the OADM
functionality. It is the goal of system suppliers, to uti-
lize those components that minimize the cost involved
in purchasing and assembling these components and
maximize the functionality of the OADM and DWDM
ring network. State-of-the-art technologies and new
component concepts are presented in Section 4.

2. DWDM RING NETWORK ARCHITECTURE

2.1. Basic Architecture

The basic ring architecture is independent of transport
technologies such as SONET, SDH, or DWDM. Two-fiber
rings (Fig. 1, left) use a single fiber pair; one fiber for each
traffic direction between any two adjacent ring nodes.
Four-fiber rings (Fig. 1, right) use two fiber pairs between
each of the nodes. The second fiber pair is dedicated to
protection or low priority traffic. It allows for enhanced
protection schemes as discussed in Section 2.4.

The optical channels are added and dropped by the
OADM nodes. Signal processing is performed mainly
in the optical domain using wavelength-division multi-
plexing and optical amplification techniques. All-optical
processing provides transparent and cost-efficient trans-
port of multiwavelength signals. However, it has some
constraints:

e Wavelength Blocking. In order to establish an optical
path, either the wavelength of this path has to be
available in all spans between both terminating
add/drop nodes or the wavelength has to be converted
in intermediate nodes along the path. Otherwise,
wavelength blocking occurs. It results in lower
utilization of the ring resources. It can be minimized,
but not avoided completely by careful and farsighted
network planning and wavelength management. It
has been shown that the positive effects of wavelength
conversion in intermediate nodes are limited [4].
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e “Signal Quality Supervision.” As today’s services
are mainly digital, the bit error ratio (BER) is
the preferred quality-of-service information. All-
optical performance supervision does not provide a
parameter that directly corresponds to the BER of
the signal.

e Optical Transparency Length. This is the maximum
distance that can be crossed by an optical channel.
The transparency length is limited by optical signal
impairments, such as attenuation of optical signal
power (loss), dispersion, and nonlinear effects. It
depends on the data rate transported by the
optical channels, the ring capacity, the quality
of the optical components, and the type of fiber
(e.g., standard single-mode fiber, dispersion shifted
fiber). For 10-Gbps signals, transparency lengths
of 300 km can be achieved with reasonable effort.
This makes DWDM ring networks most attractive
for metropolitan-area networks (MAN; <80 km ring
circumference) and regional area networks (<300 km
ring circumference).

2.2. Transparent Networks and Opaque Networks

If the optical transparency length is exceeded, full
regeneration of the signal, including reamplification,
reshaping, and retiming (3R regeneration) is necessary.
With 3R regeneration however, the transport capability is
restricted to certain bit rates and signal formats. In this
case, the ring is called opaque. Specific digital processing
equipment must be available for each format that shall
be transported. Furthermore, 3R regeneration is very
costly. The typical opaque DWDM ring topology uses all-
optical processing within the ring. 3R regeneration is only
performed at the tributary interfaces where the signals
enter and exit the ring (i.e., at the add/drop locations).
This decouples the optical path design in the ring from
any client signal characteristic. Furthermore, it provides
digital signal quality supervision the add/drop traffic.
Support of different signal formats is still possible by
using the appropriate tributary interface cards without
the need for reconfiguration at intermediate ring nodes.

Working traffic

Working traffic
B
~
LOEN
LN
NS
NN w

Working traffic Working traffic

Figure 1. Basic ring architectures: left, two-fiber ring; right, four-fiber ring.
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2.3. Optical-Layer Networks

The International Telecommunication Union (ITU) has
standardized the architecture of the Optical Transport
Network (OTN) in its recommendation ITU-T G.872 [5].
G.872 defines three optical layer networks: the optical
transmission section (OTS) layer, the optical multiplex
section (OMS) layer, and the optical channel (OCh) layer
network. Figure 2 shows the mapping of these layer
networks on a DWDM ring network.

e The OTS represents the DWDM signal transmitted
between two nodes (OADM) and/or optical line
amplifiers (OLA). Intermediate optical line amplifiers
can be used to amplify the signal in cases of long
distances between two adjacent nodes.

e The OMS represents the DWDM signal between two
adjacent nodes.

e The OCh represents a single optical channel between
the 3R regeneration points. For the case of the typical
opaque ring architecture, the OCh is terminated at
the tributary interfaces of the OADM nodes.

Supervision and management functions are defined
for each network layer. Overhead that supports these
functions is transported on an optical supervisory channel,
which uses a dedicated wavelength for transmission
between the nodes. ITU-T G.872 defines also two digital
layer networks for a seamless integration of optical and
digital processing. These digital layers, the optical channel
transport unit (OTU) and the optical channel data unit
(ODU) are further described in ITU-T recommendation
G.709 [6]. They provide the following three functions:
digital signal supervision, time division multiplexing for
the aggregation of lower bit rate signals, and forward error
correction (FEC) [7]. FEC allows for extending the optical
transparency length for a given signal quality.

Figure 2. Optical-layer networks.

2.4. Protection

Ring networks support protection switching ideally, since
there are always two alternate paths between any two
ring nodes. Ring protection schemes are already defined
for SONET and SDH [1,8]. Similar concepts can be applied
to DWDM ring networks.

1+ 1 optical channel (OCh) protection is the most
simple ring protection scheme. It belongs to the class
of “dedicated protection,” as it uses a dedicated protection
connection for each working connection. At the add ring
node, the traffic is bridged (branched) to both the working
connection and the protection connection. The drop ring
nodes select between the two connections based on the
quality of the received signals. As a result, 1+1 OCh
protected connections always consume one wavelength
per transmission direction in the entire ring, whereas
unprotected connections use this wavelength on the
shortest path between the terminating nodes only. The
utilization of the ring capacity for working traffic can
maximally reach 50%.

Optical multiplex section bidirectional self-healing ring
(OMS-BSHR) belongs to the class of “shared protection,”
as it shares the protection connection between several
working connections. BSHR is also known in SONET
as bidirectional line switched ring (BLSR)[9]. OMS-
BSHR can be used in both two- and four-fiber rings.
In case of a two-fiber BSHR (Fig. 3), One-half of the
wavelength channels are used for the working connections;
the other half are used for protection. In order to
avoid wavelength converters at the protection switches,
working and protection wavelengths of opposite directions
should be the same (flipped wavelength assignment). For
example, in a DWDM ring of N wavelength channels, the
wavelengths 1 to N/2 (lower band) are used for working
connections whereas the wavelengths N/2 + 1 to N (upper
band) are used for protection connections. This working
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Figure 3. Two-fiber OMS-BSHR: left, normal operation; right, protection case.

and protection traffic runs in a clockwise direction. In the
counter clockwise direction, the wavelengths N/2 + 1 to
N are used for working connections and the wavelengths
1 to N/2 are used for protection. In case of a failure, the
two nodes adjacent to the failure location perform ring
protection switching (Fig. 3, right). They bridge and select
the clockwise working connection to and from the counter
clockwise protection connection and vise versa. The whole
working traffic that passed the failure location is now
looped back to the other direction of the ring.

In a four-fiber BSHR, dedicated fibers for working traffic
and protection traffic are used. By this, four-fiber BSHR
rings provide twice the capacity than the two-fiber BSHR
rings. In addition to the ring protection of the two-fiber
BSHR, the four-fiber BSHR can perform span protection.
This provides protection against failures of the working
fiber pair between two adjacent nodes. An “automatic
protection switching” (APS) protocol is necessary for the
coordination of the bridge and switch actions and for the
use of the shared protection connection. Unlike in 1+ 1
OCh protecting the utilization of the ring capacity for
working traffic is always exactly 50%. A disadvantage of
OMS-BSHR are the long pathlengths that are possible
due to the loop back in the protection case. In order not to
exceed the transparency length in a case of protection, the
ring circumference is reduced.

The bidirectional optical channel shared protection ring
(OCh-SPR) avoids the loop back problem of the OMS-
BSHR. Here, ring protection is performed by the add and
drop nodes of the optical channel. The add nodes switch
the add channels to the working or protection connection.
The drop nodes select the working or protection channels
directly (Fig. 4).

OCh-SPR can be used in both the two- and four-
fiber rings. An automatic protection switching protocol
is required for the coordination of the bridge and switch
actions; as well as, for the use of the shared protection
connection. In an OCh-SPR, protection switches for each

optical channel are needed, while the OMS-BSHR allows
the use of a protection switch for all working/protection
connections in common.

A general issue of shared protection schemes in all-
optical networks is the restricted supervision capability
of inactive protection connections. Failures of protection
connections that are not illuminated can be detected
only after activation. Usually, activation occurs due to a
protection situation. In that case, the detection of failures
in the protection connection comes too late. Furthermore,
the dynamic activation/deactivation of protection channels
on a span has an influence on the other channels of the
span. It will result in bit errors for these channels if not
carefully performed.

2.5. Single-Fiber Bidirectional Transmission

DWDM allows bidirectional signal transmission over a
single fiber by using different wavelengths for the two
signal directions. This allows for building two-fiber ring
architectures by only using a single fiber between the
ring nodes. It also allows for four-fiber architectures with
two physical fibers. However, the two-fiber OMS-BSHR
and OCh-SPR protection schemes with their sophisticated
wavelength assignment are not supported.

3. OADM NODE ARCHITECTURE

The network functionalities described in the previous
section are realized in the optical add/drop multiplexers.
The OADM node architecture and functionality is
described below.

3.1. Basic OADM Architecture
An OADM consists of three basic modules as shown in
Fig. 5:

e The DWDM line interfaces, which physically process
the ring traffic
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Figure 5. Basic OADM architecture.

o The add/drop module, which performs both through
connections and the add/drop function for the optical
channels

e The tributary interfaces, which physically process the
add/drop channels

The detailed functionality of these modules depends on
the OADM features.

3.2. Characteristic OADM Features

This section describes the most important features of the
OADM nodes.

3.2.1. Add/Drop Capacity. The add/drop capacity is
defined as the relationship between the capacity of
the tributary interfaces and the capacity of both line
interfaces. In an extreme case, the entire traffic entering
the OADM from both sides of the ring must be dropped.
Therefore, an add/drop multiplexer is considered to have

100% add/drop capacity if the capacity of the tributary
interfaces equals the capacity of both line interfaces.
For instance, an OADM of 100% add/drop capacity in
an 80-channel DWDM ring provides 160 channels at
its tributary interfaces. Designing an OADM for an
appropriate add/drop capacity is an efficient approach in
minimizing cost and complexity.

3.2.2. Flexibility. The selection of add/drop channels in
an OADM can either be remotely configurable for channels
that require frequent reconfiguration (dynamic), or it can
be performed manually for “long term” connections (static).
Furthermore, channels that will never be dropped can be
passed through directly from one line interface to the
other without add/drop capabilities (express channels).
Other important OADM features are

e Transparency or opacity as discussed in Section 2.2.

e Wavelength conversion capability as discussed in
Sections 2.



e Protection switching features as discussed in
Section 2.4.

e Signal supervision capabilities can be based on
optical parameters only, such as optical power and
optical signal-to-noise ratio (OSNR). Additionally, in
opaque rings, signal supervision can be based on bit
error ratio monitoring.

3.3. The DWDM Line Interfaces

The main functionality of the DWDM line interfaces
includes, primarily the compensation for physical degra-
dation of the DWDM signal during transmission and
secondarily the supervision of the DWDM signal. There
are three major categories of degradation: (1)loss of
optical signal power due to attenuation, (2) dispersion
of the impulse shape of high-speed optical signals, and
(3) impulse distortion or neighbor channel crosstalk due
to nonlinear fiber-optical effects. To overcome these degra-
dations, optical amplifiers and dispersion compensation
components may be used. For metropolitan applications,
moderate-gain amplifiers can be used to reduce the non-
linear fiber-optical effects, since the node distance is
relatively short. Design approaches are mentioned in the
references [2,10]. In the line interfaces, signal supervision
is based on optical parameters (e.g., optical power, OSNR).

3.4. The Add/Drop Module

The add/drop module performs the following major
functions:

o It configures the add/drop of up to 100% of the ring
traffic.

e It converts the wavelengths of the add/drop and the
through signals (optional).

e It protects the traffic on the OMS or OCh level
(optional).

3.4.1. Optical Channel Groups. Optical channels can
be classified as dynamic, static, or express traffic. In order

Express channels
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to minimize the hardware complexity, in other words
installation costs, traffic classes are assigned to optical
channel groups accordingly. The optical channel groups
are processed according to their specific characteristics.
Figure 6 illustrates the group separation (classes) of
DWDM traffic by group multiplexer and demultiplexer
components. The groups are processed within the add/drop
module using different techniques. Methods for defining
groups and related component technologies are discussed
in Section 4 based on technological boundary conditions.

For dynamic traffic, wavelength routing technologies,
such as remotely controlled optical switching fabrics
or tunable filters, are used. For static traffic, manual
configuration via distribution frames (patch panels)
is employed. Wavelength routing necessitates higher
installation costs than manual configuration. However,
it enables the reduction of operational costs due to
automation. Operational costs can become prohibitive
for manual configuration if frequent reconfiguration is
necessary. A cost-optimal OADM processes part of the
traffic via distribution frames and the other part via
wavelength routing techniques. Hence, the use of costly
components is focused on cases where they benefit
most [11]. Designing an OADM for a specific add/drop
capacity is very efficient especially in the wavelength
routing part of the add/drop module. Figure 7 shows a
possible architecture of a wavelength routing add/drop
matrix.

The add/drop process of the dynamic traffic can
be performed in two stages: the add/drop stage and
the distribution stage. In order to perform wavelength
conversion, wavelength converter arrays (WCA) can
be used in addition. The add/drop stage is the only
requirement. The distribution stage and the wavelength
converters are optional.

The add/drop-stage filters the drop channels out of
the DWDM signal and adds new channels to the ring.
Single optical channels are typically processed. But it is
also possible to add or to drop optical channel groups to
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Figure 6. Add/drop module — processing according to traffic characteristics.
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a single port. Various technologies for realizing add/drop
stages will be discussed in Section 4.2.

The wavelength converter array can be used for wave-
length assignment of add channels from the tributary
interfaces and for wavelength conversion of through chan-
nels. Technologies are discussed in Sections 4.3 and 4.4.

The distribution stage performs the following functions:

1. Assignment of Channels to Specific Tributary
Interfaces. Not every tributary signal must be
connected to the ring at anytime. There may
be “part-time” leased lines that share the same
wavelength channel such as one at business hours
other one at nighttime or at weekends. For example,
one customer uses the wavelength channel at the
distribution stage connects tributary signals to
specific add channels for insertion into the ring.
For extraction, it connects them to specific drop
channels.

2. Wavelength Conversion for the Through Chan-
nels. Dropped channels can be reinserted on another
wavelength via the link “wavelength conversion” in
Fig. 7. A WCA is required for this application.

3. Hairpinning. In some applications, add/drop multi-
plexers are used to route signals between tributary
interfaces. This function is known as “hairpinning.”
It can be realized by the connection as shown in
Fig. 7.

4. Flexible Wavelength Assignment for the Add Chan-
nels. Besides wavelength conversion, the WCA can
be used to assign a specific wavelength to an incom-
ing tributary signal. The distribution stage allows
for flexible assignment of tributary signals to a WCA

element of a specific wavelength. This function can
be part of the tributary interfaces as well.

Techniques of switching fabrics to perform these functions
are mentioned in Section 4.3.

3.5. The Tributary Interfaces

The tributary interfaces prepare the incoming signals
for transmission over the DWDM ring. Incoming signals
do not necessarily have DWDM quality. Furthermore,
they monitor the quality of the incoming and outgoing
tributary signals. It is a strong customer requirement to
support a large variety of signal formats and data rates as
tributary signals. In the simplest case the tributary signal
is directly forwarded to the add/drop module (transparent
OADM). In this case, the incoming optical signal must
have the correct wavelength to fit into the DWDM line
signal; otherwise, the signal has to enter the ring via
wavelength converters, either as part of the tributary
interface or via the WCA of the add/drop module. The
simplest way of signal supervision is monitoring the
optical power (loss of signal) of the incoming and outgoing
tributary signals. A more advanced approach in the optical
domain is the measurement of the optical signal-to-noise
ratio. If digital signal quality supervision (i.e., bit error
ratio measurement) is needed, 3R regeneration has to be
performed. This normally requires client signal-specific
processing using dedicated tributary ports for different
client formats, such as SONET or Gigabit Ethernet.

4. OADM COMPONENTS

This section focuses on component technologies of the
add/drop module and the tributary interfaces.



4.1. Group Filters and Multiplexer/Demultiplexer
Components

A multiplexer/demultiplexer in the sense of a WDM com-
ponent is a device that provides one optical fiber port for
DWDM signals and multiple fiber ports for optical chan-
nels or channel groups. These multiplexers/demultiplexers
are passive components that work in both directions.
They can be used for either separating DWDM signals
or for combining optical channels to one DWDM signal.
Group filters and WDM multiplexers/demultiplexers are
basically the same type of component. They just have
different optical filter characteristics. A WDM multi-
plexer/demultiplexer combines or separates single optical
channels whereas a group filter combines or separates opti-
cal channel groups. Figure 8 shows three basic realizations
of wavelength multiplexer/demultiplexer filters.

A basic advantage of block channel groups as opposed
to interleaved optical channel groups is the stronger
suppression of neighbor group signals. Nevertheless, we
will see in Section 4.2 that there are applications in
which interleaved channel groups support the overall
system performance better than channel blocks. Static
multiplexer/demultiplexer filters are usually based on
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technologies such as multilayer dielectric thin-film fil-
ter (TFF), fixed fiber bragg grating (FBG), diffraction
grating, arrayed waveguide grating (AWG), cascaded
Mach-Zehnder interferometer, and Fabry—Perot interfer-
ometer. A detailed discussion of these technologies is given
in Section 3.3 of Ref. 2. Interleaver filter technologies are
described in Refs. 12 and 13.

4.2. Add/Drop Filter Technologies

Figure 9 shows two popular realization concepts of
add/drop filters: (left) wavelength multiplexer/demultipl-
exer — optical switch combination and (right) tunable filter
cascade — circulator/coupler combination.

The multiplexer/demultiplexer—optical switch solution
usually demultiplexes the entire DWDM signal and
provides single optical channels via switches at each
add/drop port. The tunable filter cascade (Fig. 9, right)
provides exactly the same functionality. The incoming
DWDM signal is forwarded clockwise to the tunable filter
cascade by a circulator. The tunable filters reflect selected
channels. All other channels pass the filter cascade.
The reflected channels travel back to the circulator to
be forwarded to the drop port, again in a clockwise
motion [14]. For adding optical channels, either a coupler
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or a circulator can be used. A coupler provides better
isolation between the add ports and the drop ports. It is
also the least expensive approach. On the other hand,
circulators allow for a lower transmission loss. Here,
the advantage of interleaved channel groups becomes
evident: the bandwidth requirements for tunable filters
are lower. In tunable filter cascades, the reconfiguration
process can affect uninvolved traffic. For example, if
a filter is tuned from wavelength 1 to wavelength 4, it
passes the wavelengths 2 and 3. Therefore, traffic running
on these channels is affected by the retuning process
and thus may render it unusable. The influence of the
dispersion of the tunable filters is strong compared to the
multiplexer/demultiplexer—optical switch solution. This
is another drawback of tunable filter cascades. If tunable
filters are tuned to a neutral park position between two
densely spaced channels, these channels can be degraded
by the dispersion of the filter. This design issue can be
overcome by using interleaved channel groups. Wider
spacing between the channels lowers the bandwidth
requirements for the filters, and thus resulting in a lower
dispersion. The basic advantage of tunable add/drop filters
is the lower number of internal fiber connections and
splices. However, because of the typical characteristics of
fiber gratings (e.g., cladding modes), this application is
limited to small and medium size channel groups. A more
detailed comparison of both concepts is given in Ref. 15.

4.3. Optical Switching Fabrics

Optical switching fabrics provide cross—connection func-
tionality. They are the technology of choice in distribution
stages of optical add/drop multiplexers (see Fig. 7). From
the viewpoint of OADM optical signal processing, we can
distinguish between protection switching and wavelength
routing applications.

Protection switching requires switching times of a few
milliseconds. Switching times up to hundreds of millisec-
onds are sufficient for wavelength routing applications.
For protection switching and wavelength routing appli-
cations, electromechanical, thermooptic, electrooptic, and
acoustooptic switches can be used, see Ref. 2, Section 3.7
and Ref. 16, Chap. 10. Today, among the electromechani-
cal switches, the MEMS technology (microelectromechan-
ical system) is seen as the most promising technology
in providing high port counts. Switches of more than
100 x 100 ports have been realized.

Tunable filters, as discussed in Section 4.2, are also
an alternative technology to switching fabrics in order
to realize cross—connection functionality. Optical circuits
using tunable filters and circulators have been presented
by Chen and Lee [17].

4.4. Wavelength Converter Technologies

Today, wavelength conversion is performed by O/E/O
(optical/electrical/optical) conversion using photodiodes
and tunable or fixed-wavelength lasers that are either
modulated externally or internally (directly). Tunable
lasers allow for covering a wide range of wavelengths
and to minimize the number of wavelength converters
that are needed. An overview about tunable laser

technology is given in Ref. 18. The optical receiver and
transmitter components can be connected via analog
electrical amplifiers allowing for the transmission of any
signal format up to a certain bit rate. If 3R regeneration
is performed (digital signal processing between receiver
and transmitter), a further limitation to certain signal
formats may apply. In future transparent systems, the
use of all-optical wavelength converters is expected. All-
optical wavelength converters make use of nonlinear
optical effects such as cross-gain modulation (CGM), cross
phase modulation (XPM) or four-wave mixing (FWM).
These effects are treated in detail in Ref. 19, Section 2.7.
Semiconductor optical amplifiers (SOA) are the preferred
active medium as they exhibit strong nonlinearity, wide
gain bandwidth and easy integration. As a pump source,
unmodulated lasers are used. Tunable pump lasers
provide the capability of tunable all-optical wavelength
converters.

5. SUMMARY

DWDM ring networks provide high capacity, high
flexibility (multiservice integration), and high reliability
(protection) at low operational costs to the operators
of metropolitan and regional networks. Because of
the simple ring topology, the network management is
relatively less complex. The ring functions are determined
mainly by the optical add/drop multiplexers. The DWDM
line interface mainly determines the maximum ring
circumference that can be achieved. An add/drop module,
that provides manual routing capabilities, allows for
low installation costs. But if frequent reconfiguration is
necessary, operational costs can become prohibitive. For
this type of traffic, wavelength routing capabilities that
provide remotely controlled dynamic routing should be
implemented. The technologies of choice for wavelength
routing are integrated optical switching fabrics such as
MEMS and tunable filters.

DWDM networks can either be transparent or opaque.
In the transparent realization, no electronic traffic
processing occurs within the ring. The transport is
independent of the data format. In opaque networks, for
quality-of-service supervision and management reasons,
digital (electronic) processing is performed at the borders
of the DWDM ring network. The transport in opaque
networks may be limited to certain data formats.

The business success of network operation is driven
mainly by an overall cost minimization by selling data
transport in high volume. This is a general rule in markets
that are characterized by low differentiation possibilities
and high impact of small differences (volume markets). In
the network operation business, differentiation is possible
by better reliability, availability and flexibility. Therefore,
DWDM ring networks are ideal in paving the way for
the business success of metropolitan and regional network
operators.
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EXTREMELY LOW FREQUENCY (ELF)
ELECTROMAGNETIC WAVE PROPAGATION

StEVEN CUMMER

Duke University
Durham, North Carolina

1. INTRODUCTION

Extremely low frequency (ELF) electromagnetic waves
are currently the lowest frequency waves used routinely
for wireless communication. The IEEE standard radio
frequency spectrum defines the ELF band from 3 Hz
to 3 kHz [1], although the acronym ELF is often used
somewhat loosely with band limits near these official
boundaries. Because of the low frequencies involved,
the bandwidth available for ELF communication is very
small, and the data rate of correspondingly low. Existing
ELF communications systems with signal frequencies
between 40 and 80 Hz transmit only a few bits per
minute [2]. Despite this severe limitation, ELF waves have
many unique and desirable properties because of their
low frequencies. These properties enable communication
under conditions where higher frequencies are simply not
usable. Like all electromagnetic waves excited on the
ground in the HF (3—30 MHz) and lower bands, ELF
waves are strongly reflected by the ground and by the
Earth’s ionosphere, the electrically conducting portion of
the atmosphere above roughly 60 km altitude [3]. The
ground and ionosphere bound a spherical region commonly
referred to as the earth—ionosphere waveguide in which
ELF and VLF (very low frequency, 3—30 kHz) propagate.
The combination of strongly reflecting boundaries and
long ELF wavelengths (3000 km at 100 Hz) enables ELF
waves to propagate extremely long distances with minimal
attenuation. Measured ELF attenuation rates (defined as
the signal attenuation rate in excess of the unavoidable
geometric spreading of the wave energy) are typically
only ~1dB per 1000 km at 70—80 Hz [4—6]. The signal
from a single ELF transmitter can, in fact, be received
almost everywhere on the surface of the planet, even
though only a few watts of power are radiated by
existing ELF systems. Because the wavelength at ELF
is so long, ELF antennas are very inefficient and it
takes a very large antenna (wires tens of kilometers
long) to radiate just a few watts of ELF energy. This
makes ELF transmitters rather large and expensive.
Only two ELF transmitters currently operate in the
world, one in the United States and one in Russia.
Besides their global propagation, the value of ELF waves
results from their ability to penetrate effectively through
electrically conducting materials, such as seawater and
rock, that higher frequency waves cannot penetrate. These
properties make ELF waves indispensable for applications
that require long-distance propagation and penetration
through conducting materials, such as communication
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with submarines [7]. Unlike many other radiobands, there
are strong natural sources of ELF electromagnetic waves.
The strongest of these in most locations on the earth
is lightning, but at high latitudes natural emissions from
processes in the magnetosphere (the highest portions of the
earth’s atmosphere) can also be strong. There are a variety
of scientific and geophysical applications that rely on either
natural or man-made ELF waves, including subsurface
geologic exploration [8], ionospheric remote sensing [9],
and lightning remote sensing [10].

2. THE NATURE OF ELF PROPAGATION

Communication system performance analysis and most
geophysical applications require accurate, quantitative
models of ELF propagation. Because the ELF fields
are confined to a region comparable to or smaller than
a wavelength, phenomena in ELF transmission and
propagation are substantially different from those at
higher frequencies. But before delving too deeply into the
relevant mathematics, a qualitative description will give
substantial insight into the physics of ELF transmission,
propagation, and reception.

2.1. Transmission

A fundamental limit on essentially all antennas that
radiate electromagnetic waves is that, for maximum
efficiency, their physical size must be a significant fraction
of the wavelength of the radiated energy [11]. At ELF, this
is a major practical hurdle because of the tremendously
long wavelengths (3000 km at 100 Hz) of the radiated
waves. Any practical ELF transmission system will be very
small relative to the radiated wavelength. Very large and
very carefully located systems are required to radiate ELF
energy with sufficient power for communication purposes,
and even then the antenna will still be very inefficient.

Multikilometer vertical antennas are not currently
practical. Thus a long horizontal wire with buried ends
forms the aboveground portion of existing ELF antennas.
The aboveground wire is effectively one half of a magnetic
loop antenna, with the other half formed by the currents
closing below ground through the earth, as shown in Fig. 1.
The equivalent depth d.q of the closing current with fre-
quency o over a homogeneous ground of conductivity o,
is [12]

-1/2 — 271/28 (1)

deq = (ngMO)
where § is the skin depth [13] of the fields in the conducting
ground. A grounded horizontal wire antenna of length
[ is thus equivalent to an electrically small magnetic
loop of area 27%/25]. This effective antenna area, which is
linearly related to the radiated field strength, is inversely
proportional to the ground conductivity. This implies that
a poorly conducting ground forces a deeper closing current
and therefore increases the efficiency of the antenna.
This general effect is opposite that for vertically oriented
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Figure 1. Typical implementation of an ELF antenna. By
grounding the ends of a long, current-carrying horizontal wire,
the current is forced to close through the ground at a significant
depth if the ground is poorly conducting. This forms a physically
large loop antenna. The U.S. Navy ELF transmitter antenna is
many tens of kilometers long above ground and has an effective
current closure depth of 2.6 km.

antennas, in which a good conducting ground serves to
improve the radiation efficiency. Horizontal ELF antennas
thus require placement over as poorly conducting ground
as possible for maximum efficiency.

The U.S. Navy ELF transmitter, which transmits at
frequencies between 70 and 80 Hz and is described in
some detail by Friedman [2], is distributed in multiple
wire antennas in Wisconsin and Michigan. This is one of
only a few locations in the United States with relatively
low ground conductivity; the measured conductivity
is ~2.4 x 10* S/m (siemens per meter) [14], giving an
effective loop depth of 2.6 km. Individual horizontal wires
in the antenna system range from 45 to 90 km in length.
Despite their physical length, the antennas are still very
short compared to the radiated wavelength, and their
radiation resistance is very low. The antennas in the ELF
system are driven with nearly 1 MW of total power to force
200-300 A of current through them, but the total radiated
power from the two-site system is between only 2 and
8 W [15]. Such a small radiated power is still sufficient to
cover the globe with a receivable ELF signal at submarine
depths.

A similar 82-Hz Russian ELF transmitter became
operational in the early 1990s [16]. This antenna consists
of multiple 60-km wires on the Kola Peninsula in
northwestern Russia. This system radiates slightly more
power than does the U.S. version because of lower ground
conductivity in its location.

Interestingly, lightning is a stronger radiator of
ELF electromagnetic waves than are controlled artificial
(human-made) sources. Cloud-to-ground lightning return
strokes have typical vertical channel lengths of 5—10 km
and contain current pulses that last for hundreds of
microseconds with peak currents of tens of kiloamperes.
An average lightning stroke radiates a peak power of
10 GW in electromagnetic waves, approximately 1% of
which is spread throughout the ELF band [17]. This
peak power lasts only for the duration of a lightning
stroke, on the order of one millisecond. But the sum
of the electromagnetic fields generated by lightning
discharges over the entire globe creates a significant
ELF noise background [18] that must be overcome in
communications applications.

2.2. Propagation

ELF electromagnetic waves propagate along the earth’s
surface in a manner significantly different from waves
in an unbounded medium. The main difference is that
waves are bounded above and below by very efficient
reflectors of electromagnetic waves. The lower boundary
is either earth or water, both of which are very good
electrical conductors at ELF. The atmosphere is also
electrically conducting, very poorly at low altitudes
but with a conductivity that increases exponentially
up to ~100 km altitude, above which it continues to
increase in a more complicated manner. The region
above ~60 km, where the atmosphere is significantly
conducting, is called the ionosphere. In general, the
effect of electrical conductivity on electromagnetic waves
is frequency-dependent; the lower the frequency, the
greater the effect. The ionospheric conductivity affects
ELF waves significantly above ~50-70 km, depending
on the precise frequency. Higher-frequency waves can
penetrate much higher, but ELF waves are strongly
reflected at approximately this altitude. ELF waves are
thus confined between the ground and the ionosphere,
which are separated by a distance on the order of or
much smaller than an ELF wavelength. This spherical
shell waveguide, a section of which is shown in Fig. 2, is
commonly referred to as the earth—ionosphere waveguide.

Because ELF electromagnetic waves are almost com-
pletely confined to this small (compared to a wavelength)
region, their energy attenuates with distance from the
transmitter more slowly than do higher-frequency waves.
As a result of two-dimensional energy spreading, the elec-
tromagnetic fields decay with distance as =2 (producing
ar~! power decay), with a slight modification for long prop-
agation distances over the spherical earth. Experimental
measurements have shown that the additional attenua-
tion with distance of ELF radiowaves due to losses or
incomplete reflection in the ground or ionosphere is typi-
cally only 1 dB per 1000 km at 70—80 Hz [4—6]. In general,
this attenuation through losses increases with increasing
frequency. Because of their low attenuation, ELF waves
can be received worldwide from a single transmitter. It
is this global reach that makes ELF waves so useful in a
variety of applications discussed below.

lonosphere

\

ELF
energy

|/

Source ) \ \J

Figure 2. Qualitative ELF electromagnetic wave propagation.
The ground and ionosphere (above ~60 km) are good electrical
conductors that reflect ELF energy, forming the earth—ionosphere
waveguide.
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The low attenuation of ELF waves propagating on
the surface of a sphere also produces a number of
interesting propagation effects. As an ELF receiver
approaches the point on the earth directly opposite the
transmitter (the antipode), the signals arriving from all
angles are comparable in amplitude, and therefore all
contribute to the electromagnetic fields. This leads to so-
called antipodal focusing, which has been theoretically
investigated [12,19,20] but was experimentally verified
only in 1998 [16].

At frequencies low enough that the attenuation of
a fully around-the-world signal is not too severe, the
multi-round-trip signals self-interfere, producing cavity
resonances of the earth—ionosphere shell. These reso-
nances are commonly called the Schumann resonances,
after W. O. Schumann who first predicted them theoret-
ically [21]. They can often be observed as peaks in the
broadband background ELF fields in an electromagneti-
cally quiet location and are generated primarily by steady
lightning activity around the globe [22]. The frequencies
of the first three resonances are approximately 8, 14, and
20 Hz [22], and in a low-noise location they can be observed
up to at least 7 orders [16].

Wave propagation in the earth—ionosphere waveguide,
like that in a simple parallel-plate waveguide, can be
very compactly described mathematically by a sum of
discrete waveguide modes that propagate independently
within the boundaries. The mathematical details of the
mode theory of waveguide propagation are discussed in
later sections. An important consequence of this theory is
that frequencies with a wavelength greater than half the
waveguide height can propagate in only a single mode. For
the earth—ionosphere waveguide, propagation is single
mode at frequencies less than approximately 1.5-2.0 kHz,
depending on the specific ionospheric conditions. This
suggests a propagation-based definition of ELF, which
is sometimes used in the scientific literature, as the
frequencies that propagate with only a single mode in the
earth—ionosphere waveguide (i.e., f<2 kHz) and those for
which multiple paths around the earth are not important
except near the antipode (i.e., /250 Hz, above Schumann
resonance frequencies).

2.3. Reception

Receiving or detecting ELF electromagnetic waves is
substantially simpler than transmitting them. Because
of the long wavelength at ELF, any practical receiving
antenna will be electrically small and the fields will be
spatially uniform over the receiving antenna aperture. An
ELF receiving antenna is thus usually made from either
straight wires or loops as long or as large as possible. Both
of these configurations are used as ELF receiving antennas
in communication and scientific applications [12].

Again, because of the long wavelength and low
transmitted field strength, the maximum practical length
possible for an electric wire antenna and the maximum
area and number of turns for a magnetic loop antenna
are normally preferred to receive the maximum possible
signal. How to deploy an antenna as big as possible is often
an engineering challenge, as demonstrated by the issues

involved in towing a long wire behind a moving submarine
to act as an ELF antenna [23].

Designing an antenna preamplifier for an ELF system
is also not trivial, especially if precise signal amplitude
calibration is needed. Because the output reactance of
an electrically short wire antenna is very large, the
preamplifier in such a system must have a very high input
impedance [12]. And even though the output impedance
of a small loop antenna is very small, system noise
issues usually force a design involving a stepup voltage
transformer and a low-input-impedance preamplifier [24].
Another practical difficulty with ELF receivers is that in
many locations, electromagnetic fields from power lines
(60 Hz and harmonics in the United States, 50 Hz and
harmonics in Europe and Japan) are much stronger
than the desired signal. Narrowband ELF receivers must
carefully filter this noise, while ELF broadband receivers,
usually used for scientific purposes, need to be located far
from civilization to minimize the power line noise.

The frequencies of ELF and VLF electromagnetic
waves happen to overlap with the frequencies of audible
acoustic waves. By simply connecting the output of an
ELF sensor directly to a loudspeaker, one can “listen” to
the ELF and VLF electromagnetic environment. Besides
single-frequency signals from ELF transmitters and short,
broadband pulses radiated by lightning, one might hear
more exotic ELF emissions such as whistlers [25], which
are discussed below, and chorus [26].

3. APPLICATIONS OF ELF WAVES

The unique properties of ELF electromagnetic waves
propagating between the earth and the ionosphere,
specifically their low attenuation with distance and their
relatively deep penetration into conducting materials,
make them valuable in a variety of communication and
scientific applications discussed below.

3.1. Submarine Communication

The primary task of existing ELF communications systems
is communication with distant submerged submarines.
The ability to send information to a very distant submarine
(thousands of kilometers away) without requiring it
to surface (and therefore disclose its position) or even
rise to a depth where its wake may be detectable
on the surface is of substantial military importance.
The chief difficulty in this, however, is in transmitting
electromagnetic waves into highly conducting seawater.
The amplitude of electromagnetic waves propagating in
an electrically conducting material decays exponentially
with distance. The distance over which waves attenuate
by a factor of e~! is commonly referred to as the “skin
depth.” This attenuation makes signal penetration beyond
a few skin depths into any material essentially impossible.
For an electromagnetic wave with angular frequency
o propagating in a material with conductivity o and
permittivity e, if o/we > 1, then the skin depth § is very
closely approximated by

-1/2
()
w0 o
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Figure 3. Skin depth (e~! decay depth) of an electromagnetic
wave in seawater versus frequency. Only ELF wave frequencies

less than ~1kHz can penetrate sufficiently into seawater to
enable communication with submerged submarines.

This expression is usually valid in even weakly conductive
materials at ELF because of the low frequency. Figure 3
shows the skin depth in seawater (6 =4 S/m, ¢ = 81¢g)
as a function of frequency. Only ELF signals below
approximately 1 kHz penetrate deeply enough to be
practically useful for sending signals to submarines at
a depth where they are not detectable from the surface.
Because of the very low rate of data transmission on
ELF (only a few bits per minute on existing systems [2]),
ELF signals from transmitters are used primarily as “bell
ringers” to notify the submarine to rise in order to receive
more detailed information on a higher frequency. The
second signal is often transmitted at ~20 kHz, a frequency
low enough to/enable the submarine to remain submerged
to receive the signal, using one of a number of military VLF
transmitters. Submarine communication at VLF and ELF
is only one-way because a transmitting system at these low
frequencies is too large to install on a submarine. If higher-
rate or two-way communication is needed, the submarine
must extend an antenna above water to receive or transmit
a signal. Because this can render the submarine detectable
by radar, one-way ELF and VLF communication is often
the preferred means of communication.

The same low attenuation through conducting materi-
als that makes ELF useful for submarine communications
makes it useful for communication in underground mines,
where it has been used in some applications [27].

3.2. Global Communication and Navigation

Before satellites were available to relay HF and higher-
frequency radio signals long distances over the horizon,
global wireless communications and navigation systems
depended on very long-distance coverage from a small
number of transmitters. ELF and VLF signals provide a
very straightforward way to do this. Besides communicat-
ing with submarines, VLF transmitters provide a one-way
communication link with other military operations. These
global VLF links provide a robust and jam-resistant

alternative to much higher-data-rate, satellite-based com-
munications. In the event of a global catastrophe, ordinary
wireless long-distance communication channels may not
be available; satellites may be disabled, and the iono-
sphere may be so strongly perturbed that HF signals are
too strongly attenuated to be useful for long-distance com-
munication. Even under these extreme conditions, ELF
and VLF signals are still expected to propagate with low
attenuation.

A VLF-based navigation system, called Omega [28],
operated from 1955 until 1997. This system of eight
transmitters distributed around the world and operating
between 10 and 14 kHz provided global positioning
accuracy to approximately 2 km. The receiver location was
derived from phase differences between signals received
simultaneously from multiple Omega transmitters. The
satellite-based Global Positioning System (GPS) is a
substantially more accurate system, leading to the
decommission of the Omega system.

3.3. Geophysical Exploration

The ability of ELF electromagnetic waves to penetrate
conducting materials such as rock enables their use in
geophysical exploration. A standard subsurface geophysi-
cal exploration tool called magnetotellurics [8] relies on the
fact that ELF and VLF fields on the surface of the ground
are influenced by the subsurface properties because of this
deep penetration. The specific source of the observed ELF
and VLF fields does not matter, provided it is sufficiently
far away. Both natural and artificial wave sources are
commonly used. Whatever the source, the ratio of perpen-
dicular horizontal components of the electric and magnetic
field is a specific function of the subsurface electrical prop-
erties [8]. Measurements of this ratio as a function of
frequency and position can be inverted into a subsurface
geological map, often revealing key subsurface features
such as hydrocarbon and ore-bearing deposits [29].

3.4. Scientific Applications

ELF electromagnetic waves are also used in a variety of
scientific applications. Natural ELF and VLF emissions
from lightning can be used very effectively for remotely
sensing the ionosphere [30-32]. The lower ionosphere
(~60-150 km) is one of the most inaccessible regions of
the atmosphere; it is too low for satellites and too high
for airplanes or balloons to probe directly, and higher-
frequency incoherent scatter radar [33] used to study
the higher-altitude ionosphere seldom returns a useful
signal from the lower regions [34]. Because ELF and
VLF waves are strongly reflected by the lower ionosphere
(~60-150 km) as they propagate, they can very effectively
be used to probe the lower ionosphere. And lightning is
a very convenient broadband and high power source for
such remote sensing.

The ELF radiation from lightning also provides a means
for remotely sensing the characteristics of the source
lightning discharge itself. Because this energy travels so
far with minimal attenuation, a single ELF magnetic or
electric field sensor can detect strong lightning discharges
many thousands of kilometers away. By modeling the
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propagation of the ELF signal (techniques for this are
described in the later sections of this article), important
parameters describing the current and charge transfer
in the lightning can be quantitatively measured [10].
Applications of this technique for lightning remote sensing
have led to discoveries about the strength of certain
lightning processes [35] and have helped us understand
the kind of lightning responsible for a variety of the most
recently discovered effects in the mesosphere from strong
lightning [36].

A specific kind of natural ELF-VLF electromagnetic
emission led to the discovery in the 1950s that near-earth
space is not empty but rather filled with ionized gas, or
plasma. A portion of the ELF and VLF electromagnetic
wave energy launched by lightning discharges escapes
the ionosphere and, under certain conditions, propagates
along magnetic field lines from one hemisphere of
earth to the other. These signals are called “whistlers”
because when the signal is played on a loudspeaker,
the sound is a frequency-descending, whistling tone that
lasts around a second. Thorough reviews of the whistler
phenomenon can be found in Refs. 25 and 37. L. Storey,
in groundbreaking research, identified lightning as the
source of whistlers and realized that the slow decrease in
frequency with time in the signal could be explained if the
ELF-VLF waves propagated over a long, high-altitude
path through an ionized medium [38]. The presence of
plasma in most of near-earth space was later confirmed
with direct measurements from satellites. The study of
natural ELF waves remains an area of active research,
including emissions observable on the ground at high
latitudes [26,39] and emissions observed directly in space
on satellites [e.g., 40] and rockets [e.g., 41].

An interesting modern ELF-related research area is
ionospheric heating. A high-power HF electromagnetic
wave launched upward into the ionosphere can nonlinearly
interact with the medium and modify the electrical
characteristics of the ionosphere [42,43]. By modulating
the HF wave at a frequency in the ELF band, and
by doing so at high latitudes where strong ionospheric
electric currents routinely flow [44], these ionospheric
currents can be modulated, forming a high-altitude ELF
antenna [45]. The ELF signals launched by this novel
antenna could be used for any of the applications discussed
above. Currently, a major research project, the High-
frequency Auroral Active Research Program (HAARP),
is devoted to developing such a system in Alaska [46].

4. MATHEMATICAL MODELING OF ELF PROPAGATION

Accurate mathematical modeling of ELF propagation is
needed for many of the applications described in the
previous sections. It is also complicated because of the
influence of the inhomogeneous and anisotropic ionosphere
on the propagation. Some of the best-known researchers
in electromagnetic theory (most notably J. Wait and K.
Budden) worked on and solved the problem of ELF and
VLF propagation in the earth—ionosphere waveguide. This
work is described in many scientific articles [e.g., 47—51]
and technical reports [e.g., 52,53], and is also conveniently
and thoroughly summarized in a few books [19,20,54]. The

approaches taken by these researchers are fundamentally
similar but treat the ionospheric boundary in different
ways. A solution for a simplified ELF propagation problem
that provides significant insight into subionospheric ELF
propagation is summarized below, followed by a treatment
with minimal approximations that is capable of more
accurate propagation predictions.

4.1. Simplified Waveguide Boundaries

To understand the basic principles of ELF propagation,
we first consider a simplified version of the problem.
Consider a vertically oriented time-harmonic short electric
dipole source at a height z = z; between two flat, perfectly
conducting plates separated by a distance &, as shown in
Fig. 4. This simple approximation gives substantial insight
into the ELF propagation problem, which is harder to see
in more exact treatments of the problem. This simplified
problem is, in fact, a reasonably accurate representation
of the true problem because at ELF the ionosphere and
ground are very good electrical conductors. The main
factors neglected in this treatment are the curvature of
the earth and the complicated reflection from and losses
generated in a realistic ionosphere.

Wait [19] solved this problem analytically and showed
that the vertical electric field produced by this short
electric dipole source, as a function of height z and distance
r from the source, is given by

wowldl & 2 77(2)
E.(r2) =" ;snSnHo (BS,1)

x cos(kC,Zy) cos(kC,2) 3)

where o = 27 x source frequency
k=w/c
Idl = source current x dipole length
oo=3=1,n>1
C,, = nA/2h = cosine of the eigenangle 6, of the
nth waveguide mode
S, = (1 — C?)'/2 = sine of the eigenangle 6, of the
nth waveguide mode
HY = Hankel function of zero order and

second kind

If |kS,/rl > 1, the Hankel function can be
replaced by its asymptotic expansion H(()z)(kS,,r) =

Perfect conductor

Short
z vertical Vacuum
antenna h °
r I (z.r)

Perfect conductor

Figure 4. A simplified version of the earth—ionosphere wave-
guide propagation problem. A slab of free space containing
a vertical antenna is bounded above and below by perfectly
conducting planes.
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(2/(wkS,r)/? exp[—i(kS,r — m/4)]. This substitution,
often referred to as the far-field approximation, is
generally valid for distances more than one wavelength
from the source. In this form, it is easy to see that the
electric field decays with distance as r~1/2, as it should
because the propagation is confined by the waveguide to
two dimensions.

This solution shows that the fields inside the perfectly
conducting waveguide are the sum of the fields in an
infinite number of independently propagating waveguide
modes, each of which corresponds to a specific plane-
wave angle 6, of incidence on the waveguide boundaries.
Each mode propagates with a different phase velocity
vy, =c¢/sin(f,), and the fields at a distance are simply
the sum of the fields in each mode. This concept of
waveguide modes is very general for wave propagation in
bounded structures [54] and applies to light propagation in
optical fibers [55], acoustic propagation in the ocean [56],
and many other scenarios. A physical interpretation of
the eigenangle of a waveguide mode is that the modal
eigenangles are the set of incidence angles on the
boundaries for which a plane wave reflected once each
from the upper and lower boundaries is in phase with the
incident (nonreflected) plane wave.

The summation in Eq. (3) is over an infinite number of
modes. However, the equation for C, shows that for any
frequency there is a mode order ny., above which C, is
greater than unity. For modes of order greater than 7.y,
S, is purely imaginary, and the mode fields exponentially
decay, rather than propagate, with increasing distance
from the source. Such modes are called evanescent and,
because of their exponential decay, do not contribute
significantly to the total field except very close to the
source. Equivalently, for a fixed mode of order n, there is
a frequency below which the mode is evanescent. This
frequency is called the cutoff frequency of the mode,
which in this case is given by f., = nc/2h. Because at
any frequency the number of propagating waves is finite,
the summation can be terminated at n,., to a very good
approximation to compute the fields beyond a significant
fraction of a wavelength from the source.

The number of propagating modes nn.x is a function of
frequency. As frequency decreases, so does the number
of modes required to describe the propagation of the
energy. This is demonstrated in Fig. 5 with a calculation
using Eq. (3). We assume a waveguide upper boundary
height of 80 km, representative of the earth—ionosphere
waveguide at night, and the source and receiver are on
the lower boundary of the waveguide (z = 0). The two
curves in the figure show the vertical electric field as a
function of distance from a 1-A/m vertical electric dipole
source at 200 Hz and 10 kHz. The difference between
them is obvious and has a clear physical interpretation.
At f =200 Hz, only one waveguide mode propagates;
all others are evanescent. This one mode is called the
transverse electromagnetic (TEM) mode because it contains
only E, and H, fields that point transverse to the
propagation direction. Thus at 200 Hz, the field decays
with distance smoothly as r~!/2 from this single mode.
This represents classic, single-mode ELF propagation.
But at f =10 kHz, six modes propagate, each with a
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Figure 5. Vertical electric field strength versus distance from
a 1-A/m electric dipole source, assuming perfectly conducting
earth—ionosphere waveguide boundaries separated by 80 km, and
calculated using Eq. (3). At f = 200 Hz, only one mode propagates,
and the total field decays simply as r—1/2. At f = 10 kHz, 6 modes
propagate with different phase velocities. Even though the fields
in each mode decay as 7~1/2, the mutual interference of all 6 modes
creates the very complicated amplitude variation with distance
shown here.

different phase velocity. The relative phase of these modes
changes rapidly with distance, which produces a very
complicated field variation with distance, as shown. The
six modes interfere constructively where the amplitude
is a local maximum, and interfere destructively where
the amplitude is a local minimum. This complicated
field pattern with distance is very typical of multimode
propagation, which occurs at VLF in the earth—ionosphere
waveguide. The overall amplitude difference between the
two curves results from the fixed antenna length used in
this calculation, which is electrically shorter (and therefore
less efficient) at lower frequencies. Interesting practical
issues arise in multimode propagation. The presence of
deep nulls means that at certain locations and under
certain waveguide conditions, the received signal level can
be very low even for high transmitted power. Predicting
signal coverage from military VLF transmitters and
finding the locations of these nulls was one of the original
motivations behind modeling the ELF—VLF propagation
problem as accurately as possible.

Equation (3) is valid for a source at any frequency.
However, for frequencies high enough that the wavelength
is much smaller than A, the number of propagating modes
Nmax 18 S0 great that the mode-based formulation becomes
difficult to use in calculations. Ray theory [57], in which
the fields at a distance are described by a sum of discrete
rays that each undergo a different number of reflections
from the ground and ionosphere, becomes a much more
practical and compact representation of the fields at
a distance. For propagation in the earth—ionosphere
waveguide, this mode theory/ray theory boundary occurs
around 50 kHz. At VLF and ELF frequencies, the mode
theory description of the fields can very efficiently describe
the propagation of the wave energy because only a few
modes are propagating (i.e., are not evanescent).
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There are other electromagnetic field components
produced by this vertical dipole source. In the case of
perfectly conducting boundaries, H, and E, are nonzero,
and expressions for these components can be found directly
from the solution for E, [19]. In general, all the field
components in a single mode vary sinusoidally with
altitude; thus the altitude variation of the fields is also
quite complicated in the case of multimode propagation.
The fields produced by a horizontal electric dipole, such as
the ELF antenna described above for submarine signaling,
are a similar modal series containing different field
components [19].

4.2. Realistic Waveguide Boundaries

While the perfectly conducting boundary approximation
demonstrates the fundamental characteristics of ELF
propagation, it is rarely accurate enough for quantita-
tively correct simulations of earth—ionosphere waveguide
propagation. The real ionosphere is not a sharp interface
like that assumed above, but is a smoothly varying waveg-
uide boundary. Nor is it a simple electrical conductor as
assumed; it is a magnetized cold plasma with complicated
electromagnetic properties. The key ionospheric parame-
ters for electromagnetic wave propagation and reflection
are the concentration of free electrons and ions (electron
and ion density), the rate of collisions for electrons and
ions with other atmospheric molecules (collision frequen-
cies), and the strength and direction of Earth’s magnetic
field. Figure 6 shows representative altitude profiles of
electron and ion density for midday and midnight and
profiles of electron and ion collision frequencies. The index
of refraction of a cold plasma like the ionosphere is a com-
plicated function of all of these parameters [58], in which
is therefore difficult to handle in analytic calculations.
Also, in general, the ground is not a perfect conductor and
may even be composed of layers with different electromag-
netic properties, such as an ice sheet on top of ordinary
ground. These realistic boundaries cannot be treated as
homogeneous and sharp.

Both Budden [49] and Wait [19] derived solutions for
the earth—ionosphere waveguide problem with arbitrary
boundaries. Their solutions are fundamentally similar,
with slight differences in the derivation and how certain
complexities, such as the curved earth, are treated. We
follow Wait’s treatment below.

4.2.1. Propagation Modeling with General Bound-
aries. We again consider propagation inside a free-space
region between two boundaries separated by a distance h.
Now, however, the boundaries at z = 0 and z = & are com-
pletely general and are described only by their plane-wave
reflection coefficients, as shown in Fig. 7. These reflec-
tion coefficients are functions of incidence angle, incident
polarization, and frequency. This important generalization
makes the following formulation applicable to essentially
any two-dimensional planar waveguide, regardless of size
or bounding material.

Ordinarily, the electromagnetic fields can be separated
into transverse electric (TE) and transverse magnetic (TM)
groups that propagate independently in a two-dimensional
waveguide. However, since the ionosphere is a magnetized
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Figure 6. Representative midday and midnight ionospheric
electron density, ion density, and collision frequency profiles.
Negative ions are also present where needed to maintain charge
neutrality.
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Figure 7. A generalized version of the earth—ionosphere waveg-
uide propagation problem. A slab of free space containing a
vertical antenna is bounded above and below by completely arbi-
trary reflecting boundaries.

plasma and thus is anisotropic, these field groups are
coupled at the upper boundary and an incident TE or TM
wave produces both TE and TM reflections. Purely TE or
TM fields do not exist in the earth—ionosphere waveguide.
The coupling between the fields means that the reflection
coefficient from the upper boundary is not a scalar quantity
but is rather a 2 x 2 matrix, where each matrix element is
one of the four different reflection coefficients for a specific
incident and reflected polarization. The lower boundary
of the earth—ionosphere waveguide is the ground, which
is generally isotropic so that the cross-polarized reflection
coefficients in the ground reflection matrix are zero.
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With this in mind, we define R;, the reflection matrix
of the ionosphere at altitude z = A, and Rg, the reflection

matrix of the ground at z = 0, as
Rf 0
0 w] @

These reflection coefficients are implicitly functions of
the angle of incidence and the frequency. The left
subscript on the matrix elements denotes the incident
wave polarization (parallel or perpendicular to the plane
of incidence containing the wavevector and the boundary
normal), and the right subscript denotes the reflected
polarization.

By using the plane-wave spectrum representation
of the fields from a short vertical electric dipole, by
postulating a particular solution form in the presence
of the waveguide, and by enforcing continuity of the
tangential field components between the free-space and
boundary regions, Wait [19] shows that the fields in the
waveguide, in terms of the electric and magnetic Hertz
vectors U and V are given by the complex contour integral

R;(0) = |: HR\il R

: Rg (0
\R: R‘ ] c(0) =

[ U. ] _ Rl / F(O) [ ] HY (kSrdC (5)

V. Snwso

with

(expikCz + Rg(C) exp —ikCz)

(expikCh + R;(C) exp —ikCh)
expikCh(1 — Rs(C) ’
R;(C) exp —2ikCh)

(6)

where C and S are the cosine and sine of the complex
angle of incidence 6 of the wave on the upper and
lower boundaries, respectively, as was the case for the
simplified boundaries discussed above. The symbols in
Egs. (5) and (6) are consistent with those in Eq. (3). The
integrand contains poles where

det(1 — Rg(C)R;(C) exp —2ikCh) = 0 (7

and thus the integral can be evaluated as a residue
series [59]. Equation (7), commonly referred to as the
mode condition, requires that one eigenvalue of the net
reflection coefficient RgR;exp —2ikCh be unity. This is
equivalent to stating that the plane wave at the given
incidence angle reflected once each from the upper and
lower boundaries must be in phase with and equal in
amplitude to the incident plane wave. In this way, the
fields in the waveguide can be thought of as the sum of
contributions from the angular spectrum of plane waves
at angles for which propagation in the waveguide is
self-reinforcing. Each angle of incidence 6, that satisfies
the mode condition is referred to as an eigenangle and
defines a waveguide mode at the frequency » under
consideration. Budden [49] solved the same problem in
a slightly different way by summing the fields produced
by an infinite number of sources, each corresponding to a
different multiply reflected plane wave in the waveguide.
Wait’s and Budden’s solutions are essentially identical.

From Egs. (5)—(7), an explicit expression for the
Hertz vectors in the free-space region between the two
boundaries is given by

[ U, ] _ikldl exp 2ikC,h
vV, |
w80 S g aaC
0=6,
(exp 2ikC,h —, RS | R')f} (z)] .
X Hy(kS,r) (8)
|: l Rn HRLf () 0
where A(C) = det(exp 2ikCh — RgRy). The actual electric

and magnetic fields are easily derived from these Hertz
vector components [19].

Each term in (8) has a physical interpretation. The
leading constant is a source term that depends on the
current—moment Idl of the vertical dipole source. The
first term in the summation is commonly referred to as
the excitation function for a particular mode at a given
frequency, and it quantifies the efficiency with which that
mode is excited by a vertical dipole on the ground. The 2 x 1
matrix in the summation describes the field variation with
altitude, and the functions £ and 7 are defined explicitly
by Wait [19]. The H2(kS,r) term describes the propagation
of a cylindrically expanding wave, which exists because
the expansion in the vertical direction is limited by the
waveguide boundaries so that the mode fields spread

only horizontally. For distances where kS,r>1, we
1/2

kS exp[—i(kS,r —

w/4)], which more explicitly shows the r~%/2 cylindrical
spreading. In this approximation, it is also clear that
each mode propagates as exp[—i(kS,r)]. The sine of the
modal eigenangle thus contains all the information about
the phase velocity and attenuation rate of the mode.
Because the boundaries are lossy in the earth—ionosphere
waveguide (due to both absorption in the boundaries
and energy leakage out of the waveguide from imperfect
reflection), the eigenangles and thus S, are necessarily
complex.

As was the case for the simplified, perfectly conducting
waveguide, the summation in Eq. (8) is over an infinite
number of modes. In practice, however, it can be limited
only to the modes that contribute significantly to the
fields at a distance r from the source. All modes are at
least somewhat lossy with realistic waveguide boundaries,
but there generally is a sharp transition between low
loss and very high loss at the cutoff frequency of each
mode. Often for long distances at ELF and VLF, only a
few low-attenuation modes or even just one contribute
significantly to the fields, leading to a very compact and
efficient calculation. For very short distances, however,
even highly attenuated modes can contribute to the fields
and mode theory becomes less efficient and more difficult
to implement.

Two factors have been neglected in this analysis
of ELF propagation with realistic boundaries. One is
the curvature of the earth. Treating the curvature
exactly substantially increases the complexity of the
modeling [19], but relatively simple corrections to Eqs. (7)
and (8) can account for this curvature fairly accurately.

can approximate HZ(kS,r) ~ (
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By introducing an artificial perturbation to the index of
refraction of the free-space region between the ground and
ionosphere to the flat-earth problem [19,49], the ground
curvature can be handled correctly. At lower VLF (<5 kHz)
and ELF, the flat-earth mode condition in Eq.(7) is
accurate, and this correction is not needed [19]. The curved
boundaries also affect the geometric decay of the fields
with distance. Simply replacing the r~1/2 term in Eq. (8)
with the factor [asin(r/a)l~'/2, where a is the radius of
the earth, properly accounts for energy spreading over a
spherical boundary [49,19].

Antipodal effects are also neglected in the analysis
presented above. When the receiver approaches the
antipode of the transmitter, signals that propagate
around the earth in directions other than the direct
great circle path are comparable in amplitude to the
direct signal and thus interfere. As discussed above, this
effect is most significant at ELF and has been studied
theoretically [12,19,20]. Experimental results from 1998
compare favorably with predictions[16].

4.2.2. Practical Implementation. The general equations
describing mode-based ELF and VLF propagation are
complicated because of the complexity of the physical
boundaries of the earth—ionosphere waveguide. The most
difficult part of implementing calculations in Eq. (8) with
realistic boundaries is solving Eq. (7) to find the modal
eigenangles for a general boundary. When the reflection
matrixes cannot be described analytically, such as for an
arbitrary ionospheric profile, an iterative numerical pro-
cedure is needed to find the set of eigenangles that satisfy
the mode condition. Such a numerical model and code was
developed over a number of years by the Naval Electronics
Laboratory Center (NELC), which later became the Naval
Ocean Systems Center (NOSC) and is now the Space and
Naval Warfare Systems Center (SSC). The details of this
model are described in a series of papers [51,60] and tech-
nical reports [53,61,62]. The end result was a model called
long wave propagation capability (LWPC) that calculates
the eigenangles for an arbitrary ionospheric profile and
arbitrary but uniform ground, and then calculates the
total field at a given distance from the source. This model
includes the modifications to the mode condition [Eq. (7)]
and the field equation [Eq. (8)] to account for propagation
over a curved earth, and it also includes the capability
of accounting for sharp inhomogeneities in the ionosphere
along the direction of propagation. The technique used
for this calculates mode conversion coefficients at the two
sides of the sharp inhomogeneity [63,64].

Using the nighttime ionospheric profiles in Fig. 6 and
ground parameters representative of propagation over
land (e, = 15, 0 = 107%), we have used the LWPC model
to calculate the vertical electric field versus distance
from a 1 A m vertical electric dipole source for source
frequencies of 200 Hz and 10 kHz. The results, shown
in Fig. 8, are directly comparable to the simplified
model results in Fig. 5. While qualitatively similar, there
are significant differences. Again, the overall amplitude
difference between the 200-Hz and 10-kHz signals relates
to our use of a fixed antenna length in the simulation. At
ELF (200 Hz), there is again only one propagating mode
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Figure 8. Model ELF and VLF calculations using LWPC with
the ionospheric profiles shown in Fig. 6. At f = 200 Hz, only one
mode propagates, and the total field decays slightly faster than
r~1/2 because of the lossy waveguide boundaries. At f = 10 kHz,
more modes propagate and produce a more complicated amplitude
variation with distance. Because the boundaries are lossy,
however, the total signal is dominated by only a few modes,
resulting in a simpler amplitude variation than the lossless
waveguide results in Fig. 5.

that gives a smooth amplitude variation with distance.
For the realistic ionosphere, however, the field attenuates
faster than r—1/2 with distance because energy is lost in
the imperfectly conducting boundaries as well as through
geometric spreading. At VLF (10 kHz), the amplitude
varies considerably with distance, which is again a
consequence of multimode propagation at the higher
frequency. These variations are much less severe than
in the calculation with perfectly conducting boundaries.
This is also a consequence of the lossy boundaries. Certain
modes are lossier than others, and these decay more
rapidly with distance, so that fewer propagating modes
contribute significantly to the fields at a given distance. If
the calculation were extended for longer distances, there
would be a point beyond which one mode dominates
the fields, and the amplitude variation would become
smooth. This does not happen for perfectly conducting
boundaries because all modes decay with distance at the
same rate. Measurements of VLF signal strength with
distance made from aircraft have shown that this model
can very accurately predict the variation of signal with
distance, provided the correct ionosphere is used in the
simulation [65].

4.3. Analytic Approximations

Analytic approximations have been developed for ELF
propagation that are more realistic than the overly
simplified perfectly conducting parallel-plate waveguide
but that are much less complicated than the exact
approach. One of the most widely used and most accurate
approximations for ELF propagation was developed by
Greifinger and Greifinger [66]. They recognized that
because ELF wavelengths are so long, only a few key
characteristics of the ionospheric altitude profile strongly
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influence the characteristics of ELF propagation. These
approximate solutions apply only to single-mode, ELF
propagation and thus to frequencies less than 1 kHz, and
are most accurate at frequencies less than a few hundred
hertz.

By making a few key approximations but still
accounting for the anisotropy of the ionosphere, Greifinger
and Greifinger [66] show that the sine of the eigenangle of
the single ELF propagating mode Sy is approximated by

hi(hy +inty) )1/2 )

S ~
0 Qm—@mﬂxm+amm>

The parameter A, is the altitude at which the parallel
ionospheric conductivity oy (ko) = wey, and ¢ is the parallel
conductivity scale height at the altitude ho. The parameter
hi is a higher altitude at which 4uowon(hi)¢? =1,
where ¢; is the Hall conductivity scale height at the
altitude h;. The parallel and Hall conductivities are
functions of the ionospheric electron and ion densities,
collision frequencies, and magnetic field [67] and are
straightforward to calculate. With this expression for Sy,
the vertical electric field at ground level radiated by a
vertical electric dipole is then given by [68]

wowldl

B0 = gy —ireo/2

S2H? (kSor) (10)

Equations (9) and (10) give a simple, noniterative method
for calculating the ELF propagation characteristics under
a realistic ionosphere. This method was compared with
LWPC calculations at 50 and 100 Hz and was found to
be very accurate [66]. To demonstrate, we consider 200 Hz
ELF propagation under the ionospheric profiles shown
in Fig. 6. After calculating the associated parallel and
Hall conductivity profiles, we find for this ionosphere that
ho=55km, {,=25km, h; =74 km, and ¢ = 7.2 km.
Plugging these numbers into Egs. (9) and (10), the vertical
electric field strength versus distance from a 1-A/m source
at 200 Hz is as shown in Fig. 9. The approximate method
in this section is very close to the full-wave, LWPC
calculation, as shown; only the modal attenuation rate
is slightly underestimated. The approximate method is
also much closer to the full-wave calculations than is
the perfectly conducting waveguide approximation, which,
because it is lossless, drastically underestimates the modal
attenuation. For realistic nighttime ionospheres, there is
often complicated attenuation behavior as a function of
ELF frequency because of sharp ionospheric gradients
between 100 and 150 km [9] that is not be captured
by this approximate method. Nevertheless, this method
can accurately predict ELF field strength for realistic
ionospheres and is much simpler to implement than a
more exact, full-wave calculation.

4.4. Finite-Difference Methods

A completely different approach to modeling ELF propaga-
tion that has been used applies full-wave finite-difference
simulations [69] to model the electromagnetic fields every-
where in the computational domain [32,70]. This brute-
force but versatile approach has become usable only rela-
tively recently because of the computing power available
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Figure 9. Comparison of 200 Hz ELF field strength with distance
for a perfectly conducting waveguide, for full-wave LWPC
calculations using a realistic ionosphere, and for the approximate
analytical method of Greifinger and Greifinger.

on modest platforms. This method is based on decompos-
ing the volume of interest into a finite grid of discrete
points at which all electromagnetic field components are
computed. As a general rule, the spacing between grid
points must be significantly smaller than one wavelength
in order to accurately model the fields. This makes finite-
difference methods well suited to low-frequency ELF and
VLF propagation propagation problems in which the wave-
length is quite long and the usual computational domain
is a relatively small number of wavelengths in size. A
major advantage of this method is that arbitrary lateral
inhomogeneities, such as smooth or sharp changes in the
ionospheric profile along the propagation direction, can
be introduced without any increase in model complexity.
Also, because the model complexity depends only on the
size of the computational domain, short propagation paths
are significantly easier to model than long paths. The oppo-
site is true for mode-theory-based calculations, in which
long paths are simpler because fewer modes contribute to
the total fields. Mode theory and finite-difference methods
are thus rather complementary. Finite-difference meth-
ods can easily handle arbitrary inhomogeneities and work
especially well over short distances, while mode theory
calculations can be very efficient, especially over long dis-
tances. Most importantly, the mode theory formulation of
the problem also provides essential physical insight into
the ELF propagation problem.
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1. INTRODUCTION

Since its introduction in the late 1970s as a general
iterative procedure for producing maximum-likelihood
estimates in cases a direct approach is computa-
tionally or analytically intractable, the expectation-
maximization (EM) algorithm has been used with
increasing frequency in a wide variety of application areas.
Perhaps not surprisingly, one of the areas that has seen
an almost explosive use of the algorithm since the early
1990s is telecommunications. In this article we describe
some of the varied uses of the EM algorithm that appeared
in the literature in the area of telecommunications since
its introduction and include some new results on the algo-
rithm that have not appeared elsewhere in the literature.

The expectation-maximization (EM) algorithm was
introduced in its general form by Dempster et al. in
1977 [1]. Previous to that time a number of authors
had in fact proposed versions of the EM algorithm for
particular applications (see, e.g., Ref. 4), but it was [1]
that established the algorithm (in fact, as argued by some,
a “procedure”, rather than an algorithm) as a general
tool for producing maximum-likelihood (ML) estimates in
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situations where the observed data can be viewed as
“incomplete” in some sense. In addition to introducing
the EM algorithm as a general tool for ML estimation,
Dempster et al. [1] also dealt with the important issue of
convergence, which was further studied and refined by the
work of Wu [5].

Following the publication of [1], the research com-
munity experienced an almost explosive use of the EM
algorithm in a wide variety of applications beyond the
statistics area in which it was introduced. Early applica-
tion areas for the EM algorithm outside its native area
of statistics include genetics, image processing, and, in
particular, positron emission tomography (PET) [6,7], (an
excellent treatment of the application of the EM algorithm
to the PET problem can be found in Snyder and Miller [8]).
In the late 1980s there followed an increasing number of
applications of the EM algorithm in the signal processing
area, including in speech recognition, neural networks,
and noise cancellation. Admittedly somewhat arbitrarily,
we will not cite references here in the signal processing
area, with the exception of one that had significant impli-
cations in the area of communications: the paper by Feder
and Weistein [9]. This paper will be described in some-
what more detail later, and it is important in the area
of telecommunications in that it dealt with the problem
of processing a received signal that is the superposition
of a number of (not individually observable) received sig-
nals. Clearly, this framework applies to a large number of
telecommunications problems, including multiuser detec-
tion and detection in multipath environments. The reader
can find other references (not a complete list) on the use
of the EM algorithm in the signal processing (and other
areas) in the tutorial paper by Moon [10]. For a general
introduction to the EM algorithm and its applications in
the statistics area, the reader is urged to read the original
paper of Dempster et al. [1], as well as a book published
in 1997 [11] on the algorithm. The appearance of a book
on the EM algorithm is perhaps the best indication of its
widespread use and appeal.

As mentioned above, in this manuscript we are
interested in a somewhat narrow application area
for the EM algorithm, that of telecommunications.
Clearly, the boundaries between signal processing and
telecommunications are not always well defined and in
presenting the material below some seemingly arbitrary
decisions were made: Only techniques that deal with some
aspect of data transmission are included.

In Section 2 and for completeness we first give a brief
introduction of the EM algorithm. In Section 3 we present
a summary of some of the main published results on the
application of the EM algorithm to telecommunications.
Section 4 contains some recent results on the EM
algorithm, and Section 5 concludes.

2. THE ESSENTIAL EM ALGORITHM

Let b € B be a set of parameters to be estimated from
some observed data y € ). Then the ML estimate b of b is
a solution to

~

b= argl{}gang(y | b) (1)

where g(y | b) is the conditional density of the data given
the parameter vector to be estimated. In many cases a
simple explicit expression for this conditional density does
not exist, or is hard to obtain. In other cases such an
expression may be available, but it is one that does not
lend itself to efficient maximization over the set of param-
eters. In such situations, the expectation—maximization
algorithm may provide a solution, albeit iterative (and
possibly numerical), to the ML estimation problem.

The EM-based solution proceeds as follows. Suppose
that instead of the data y actually available one had data
x € X from which y could be obtained through a many-to-
one mapping X — y(x), and such that their knowledge
makes the estimation problem easy (for example, the
conditional density f(x | b) is easily obtained.) In the EM
terminology, the two sets of data y and x are referred to
as the incomplete and complete data, respectively.

The EM algorithm makes use of the loglikelihood
function for the complete data in a two-step iterative
procedure that under some conditions converges to the
ML estimate given in (1) [1,5]. At each step of the EM
iteration, the likelihood function can be shown to be
nondecreasing [1,5]; if it is also bounded (which is mostly
the case in practice), then the algorithm converges. The
two-step procedure at the ith iteration is

1. E step: Compute Q(b | b)) = E[logf(x | b) | y, bf].
2. M step: Solve b*! = arg maxp.z Q(b | b?).

Here b’ is the parameter vector estimate at the ith
iteration. The two steps of the iteration are referred to
as the expectation (E step) and maximization (M step)
steps, respectively. Note that in the absence of the data x,
which makes logf(x | b) a random variable, the algorithm
maximizes its conditional expectation instead, given the
incomplete data and the most recent estimate of the
parameter vector to be estimated.

As mentioned earlier, the EM algorithm has been
shown [1,5] to result in a monotonically nondecreasing
loglikelihood. Thus, if the loglikelihood is bounded (which
is the case in most practical systems), then the algorithm
converges. Under some conditions, the stationary point
coincides with the ML estimate.

3. AN OVERVIEW OF APPLICATIONS TO
TELECOMMUNICATIONS

In this section we provide a brief overview on the use of
the EM algorithm in the telecommunications area.

3.1. Parameter Estimation from Superimposed Signals

One of the earliest uses of the EM algorithm with
strong direct implications in communications appeared
in 1988 [9]. Feder and Weinstein [9] look at the problem of
parameter estimation from a received signal, y(¢) (it can be
a vector in general), which is a superposition of a number
of signals plus Gaussian noise:

K
y&) =Y si(t;00) +n(t) @)

k=1



For simplicity in illustrating the basic idea, we will assume
that y(#), n@), and each 6,,k=1,2,...,K are scalar
(Feder and Weinstein [9] handle the more general case
of vectors); the objective is to estimate the parameters
O, k=1,2,...,K from the data y(¢#) observed over a
T-second interval. It is assumed that the s,(#;60,) are
known signals given the corresponding parameters 6;, and
n(t) is white Gaussian noise with 02 = E[|n(¢)|?]. Clearly, if
instead of the superimposed data y(¢) one had available the
individual components of y(¢), the problem of estimating
the 6, would become much simpler since there would be no
coupling between the parameters to be estimated. Thus,
the complete data x(¢) are chosen to be a decomposition of
y(@): X(t) = [x1(8), x2(2), ..., xx @) (where the prime sign ’
means transpose) where

X1, (8) = sp(L;6r) + ni(2), k= 1,2,...,K (3)

K
Z () = n(@) 4)
k=1

and, thus
K
YO =) xr(t)

k=1

The np(t) are assumed statistically independent (for
analytic convenience) and have corresponding variances
Bro?, where it is assume that g, > 0 and

K
Zﬂk=1

k=1

Then the E step of the EM algorithm yields [9]

N LS 1 2
016 =— — X, (8) — sp(t; 6, dt 5
QO 16) ;ﬂkaxko s(t;6)| (5)

where
K
Rr(8) = 51 (t;00) + B [y(t) - sit; 9»} (6)
i=1
and d;,i = 1,2, ..., K are the most recent estimates. At the

M step, maximization of (5) with respect to the parameter
vector 0 corresponds to minimizing each term in the
sum in (5) with respect to the corresponding individual
parameter. Thus, the desired decoupling.

Feder and Weinstein [9] went on to apply the general
results presented above to the problems of estimating
the multipath delays and to the problem of multiple
source location. No modulation was present in the received
signals, but, as mentioned above, the technique is quite
general and has over the years been used in a number of
applications in telecommunications. Direct applications of
the results in Ref. 9 to the problem of multiuser detection
can be found in Refs. 12-16.

3.2. The Multiuser Channel

In Ref. 17, also published in 1988, Poor uses the EM
algorithm to estimate the amplitudes of the user signals in
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amultiuser environment, in the presence of modulation. In
this application, the modulation symbols (binary-valued)
are treated as “nuisance” parameters. The complete
data are chosen as the received (incomplete) data along
with the binary modulation symbols over an observation
window. The E step of the EM iteration involves the
computation of conditional expectations of the binary-
valued symbols, which results in “soft” data estimates
in the form of hyperbolic tangents. At convergence,
the algorithm yields the amplitude estimates and on
slicing the soft-data estimates, also estimates of the
binary modulation symbols (although no optimality can
be claimed). Follow-up work that relates to Ref. 17 can
be found in Refs. 18—-21, in which the emphasis is not
on amplitude estimation (amplitudes are assumed known)
but on K-user multiuser detection. In Refs. 18, 20, and 21
the complete data are taken to be the received (baud rate)
matched-filter samples along with the binary modulation
symbols of (K —1) users, treated as interference in
detecting a particular user. In addition to the application
of the standard EM algorithm, the authors in Refs. 18,
20, and 21 also study the use of the space-alternating
generalized EM (SAGE) algorithm [22,23], a variant of
the EM algorithm that has better convergence properties
and may simplify the maximization step. Other work in
the area of spread-spectrum research that uses the SAGE
algorithm in jointly detecting a single user in the presence
of amplitude, phase, and time-delay uncertainties has also
been presented [24,25].

3.3. Channel Estimation

In Refs. 26 and 27, the authors deal with detection in an
impulsive noise channel, modeled as a class A mixture.
In these papers the role of the EM algorithm is not
directly in detection itself, but rather in estimating the
triplet of parameters of the (Gaussian) mixture model,
namely, the variances of the nominal and contaminant
distributions and the probability of being under one or the
other distribution. The estimate of the mixture model is
then used (as if it were perfect) to select the nonlinearity
to be used for detection. This particular application of the
EM algorithm to estimate the Gaussian mixture model
is one of its original and most typical uses. Follow-up
(but more in-depth) work on the use of the EM algorithm
to estimating class A noise parameters can be found in
Ref. 28. Further follow-up work on the problem of detection
in impulsive noise can be found in Refs. 29 and 30. As in
Refs. 26 and 27, the authors in Refs. 29 and 30 use the
EM algorithm to estimate parameters in the impulsive
noise model, which are then used for detection in a spread-
spectrum, coded environment. In Ref. 31 the EM algorithm
is used to estimate the noise parameters in a spatial
diversity reception system when the noise is modeled as
a mixture of Gaussian distributions. Also in a spatial
diversity environment, Baroso et al. [32] apply the EM
algorithm to estimate blindly the multiuser array channel
transfer function. Data detection in the paper is considered
separately.

The EM algorithm has also been used for channel
estimation under discrete signaling. In a symposium
paper [33] and in a follow-up journal paper [34], Vallet
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and Kaleh study the use of the EM algorithm for
channel estimation modeled as having a finite impulse
response, for both linear and nonlinear channels. In
this work, the modulation symbols are considered as
the “nuisance” parameters and the authors pose the
problem as one of estimating the channel parameters.
At convergence, symbol detection can be performed as
well. Other work on the use of the EM algorithm to
channel estimation/equalization in the presence of data
modulation can be found in the literature [12,35-37].
Zamiri-Jafarian and Pasupathy present an algorithm for
channel estimation, motivated by the EM algorithm, that
is recursive in time.

3.4. The Unsynchronized Channel

In 1989 a paper dealing (for the first time) with sequence
estimation using the EM algorithm appeared [38] with a
follow-up journal paper appearing in 1991 [39]. In Refs. 38
and 39 the received data are “incomplete” in estimating
the transmitted sequence because time synchronization is
absent. The complete data in the paper were defined as
the baud rate (nonsynchronized) matched-filter samples
along with the correct timing phase. The E step of the
algorithm was evaluated numerically, and the M step
trivially corresponded to symbol-by-symbol detection in
the absence of coding. The algorithm converged within 2—4
iterations, depending on the signal-to-noise ratio (SNR).
The fast convergence of the algorithm can be attributed to
the fact that the parameters to be estimated came from a
discrete set. Follow-up work using the EM algorithm for
the time unsynchronized channel appeared in 1994 and
1995 [40—42]. In one of Kaleh’s papers [40], which in fact
uses the Baum—Welch algorithm [4], a predecessor to EM,
instead of posing the problem as sequence estimation in
the presence of timing offset, the author poses the problem
as one of estimating the timing offset (and additive
noise variance) in the presence of random modulation.
At convergence, symbol estimates can also be obtained. In
Ref. 42, in addition to the absence of time synchronization,
the authors assume an unknown amplitude. In the paper
the authors use the SAGE algorithm [22] to perform
sequence estimation.

3.5. The Random Phase Channel

Similar to Refs. 38 and 39, in a 1990 paper [43] the authors
consider sequence estimation in the presence of random
phase offset, for both uncoded and trellis-coded systems.
We provide a brief description of the results here.

Let s =(s1,82,...,sy) be the vector containing the
complex modulation symbols, D be a diagonal matrix
with the elements of s as diagonal elements, and 6 be
the phase offset over the observation window. Then the
received (incomplete) data vector r can be expressed as

r=De¢” + N (N

where N is a zero mean, i.i.d., complex, Gaussian noise
vector. The parameter vector to be estimated is the
modulation sequence s. Let the complete data x consist
of the incomplete data r along with knowledge of the

random phase vector 6, namely, x = (r, ). Assuming PSK
modulation (the case of QAM can also be handled easily),
the E step of the algorithm at the ith iteration yields

Q(s | s) = %ir's- (r's))"} 8)

For the maximization step of the EM algorithm, we
distinguish between coded and uncoded transmission.
Observe from (8) that in the absence of coding, maximizing
Q(s | s') with respect to sequences s is equivalent to
maximizing each individual term in the sum, specifically,
making symbol-by-symbol decisions. When trellis coding
is used, the maximization over all trellis sequences can
be done efficiently using the Viterbi algorithm. Follow-
up work on sequence estimation under phase offset can
be found in the literature [44—47]. The use of the EM
algorithm for phase synchronization in OFDM systems
has also been studied [48].

3.6. The Fading Channel

Sequence estimation for fading channels using the EM
algorithm was first studied in 1993 [49], with follow-up
work a bit later [45,47,50]. Here the authors look at the
problem as one of sequence estimation, where the random
fading are the unwanted parameters. A brief summary of
the EM formulation as presented in the references cited
above is given below.

Let D, s, and N be as defined above and a be the
complex fading process modeled as a zero-mean, Gaussian
vector with independent real and imaginary parts having
covariance matrix Q. Then the received data r are

r=Da+N 9

Let the complete data x be the incomplete data r along
with the random fading vector a: x = (r, a). Then, for PSK
signaling, the expectation step of the EM algorithm yields

Q(s | s) = Rr'Da,] (10)

where

a i I - %
al_E[a|r,s]_Q[Q+SNR] D'r (11)

When the fading is static over a number of symbols,
the expectation step of the algorithm becomes Q(s | ') =
R[r'sa;]l, where 4; = rs'’. Again, the maximization step
can be done easily and corresponds to symbol-by-symbol
detection in the uncoded case, or Viterbi decoding in the
trellis-coded case.

Other work on the use of the EM algorithm for sequence
estimation in multipath/fading channels can be found in
the literature [51-57]. In Refs. 54 and 55 the authors
introduce an approximate sequence estimation algorithm
motivated by the EM algorithm.

3.7. The Interference Channel

In addition to the multiuser interference channel,
a number of papers applying the EM algorithm to
sequence estimation in interference and/or to interference



suppression have appeared in the literature more recently.
These include Refs. 58—62. An application to sequence
estimation [60] is briefly presented below.
Let
rt) =8St;a) +J () +n@) (12)

be the received data, where S(t;a), 0 <t < T, is the
transmitted signal (assuming some arbitrary modulation)
corresponding to a sequence of M information symbols a.
J(t) models the interference, and n(#) is zero-mean,
white, Gaussian noise having spectral density Nj/2.
For generality, we will not specify the form of the
signal part, S(¢;a), but special cases of interest include
direct-sequence spread-spectrum (DSSS) and multicarrier
spread-spectrum (MCSS) applications.

Let the complete data be the received data r(¢) along
with the interference ¢/ (¢) (which is arbitrary at this point).
Application of the EM algorithm yields the following
expectation step (a* is the sequence estimate at the kth
iteration and (-, -) denotes inner product):

Qa|a*) = (r@t) — J* ), S(t; a)) (13)
Jt) =EJ@) | {r(t):0<t <T}),a"]  (14)

These expressions are quite general and can be applied
to arbitrary interference models, provided the conditional
mean estimates (CMEs) in (14) can be computed. For a
vector-space interference model

N
J@t) =) gh® (15)

=1

where {¢1(t), ¢p2(t), ..., ¢n (&)} is an orthonormal basis set
andgj,j=1,2,...,N are zero-mean, uncorrelated random
variables having corresponding variances A;, we have

N
JHe) = &) (16)
i=1
where
A N =
&= (1 + 2;) (r(t) — St;ah), ¢ (@)

4. SOME RESULTS ON APPLICATION OF THE EM
ALGORITHM

We present briefly next some more recent results on the
use of the EM algorithm in telecommunications.

4.1. Decoding of Spacetime-Coded Systems

The results presented here are a brief summary of those
reported in Ref. 63. We consider a mobile radio system
where the transmitter is equipped with N transmit
antennas and the mobile receiver is equipped with M
receive antennas. Data blocks of length L are encoded by
a spacetime encoder. After serial-to-parallel conversion,
the coded symbol stream is divided into N substreams,
each of which is transmitted via one transmit antenna
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simultaneously. The transmitted code block can be written
in matrix form as

d;;) d;; dgg
b d? dP ... dy an
di” di“ d](.\?)

where the superscript in d® represents time index and
the subscript is the space index. In other words, d? is the
complex symbol transmitted by the nth antenna during
the /th symbol time. We denote the row vectors of D by
DO,

Assuming quasistatic fading (the nonstatic case has
been handled as well), let
=0y vy wi)ji=12,...,.M
be the fading vector whose components y;; are the fading
coefficients in the channel connecting the ith transmit
antenna to the jth receive antenna, fori = 1,2, ..., N. The
y;; are assumed independent. Then the received data at

the jth receive antenna are

Y, =DI+ A, j=12....M

Defining the complete data as {Y], l"j};‘il, the E step of
the EM algorithm at the kth iteration yields

L M
—0- A 1 A
QD | DH=>">" [:R(%FZ>D<I>1~J!@) _ §D<l>(9j)k(D<z))*}

=1 j=1
(18)
93 gy |
i = (@D + ) OHY, 19)
N I\ L
@ =1- ((Dk)*Dk + —SNR> (D)'D* + T} (T}
(20)
and the M step
L M . 1.
D**! = arg mgxz Z [E)?()/J.(Z)D(Dl'jk) — §D(l>gjk (D(l))*]
=1 j=1
(21

For the spacetime codes designed in Ref. 64, the Viterbi
algorithm can be used to efficiently perform the required
maximization. Simulation results are shown in Fig. 1 for
the 8-state code over QPSK introduced in Ref. 64.

Other work using the EM algorithm in the spacetime
area can be found in Ref. 65. This paper uses again Feder
and Weistein’s results [9] in a multitransmit antenna,
multipath environment in conjunction with orthogonal
frequency-division multiplexing (OFDM).

4.2. SNR Estimation

Estimation of the SNR and the received signal energy is an
important function in digital communications. We present
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Symbol error probability

Figure 1. Symbol error probability of the

-©--EM decoder, J =16, K
‘& EM decoder, J =32, K=2|

‘| = Genie bound

“genie” and EM-based decoders as a function of
block length: N =2, M = 1, 8-state space-time
code, quasistatic fading.

here an application of the EM algorithm to this problem.
This is a summary of results from Ref. 66.
Let the received data be

rk:@dk+ﬁnk,k:1,2,...,N

where E is the received signal energy; v is the additive
noise variance; the n, are zero-mean, unit-variance, i.i.d.
Gaussian; and the d; are binary modulation symbols (the
more general case is handled as well) with d; € {1, —1}.
We are interested in estimating the vector § = (E, v) from
the received (incomplete) data vector r using the EM
algorithm. Let the complete data be x = (r, d). Then the
E step of the EM algorithm yields

. 1<, NE 2f
Q010 = -NInw) = 33 ri - Zrkdk
(22)
where E
di=E [di | ,6'] = tanh ( UlEl rk> (23)

Taking derivatives w.r.t. (with respect to) E and v, the M
step of the EM algorithm yields the following recursions:

N Bi\?2
Ez+1 — (= 24
( N) (24)
. A o
nitl % _Ez+1 2
v N (25)
A ir1 fitl
where
N
A=>"r} (27)

10 12 14 16 18 20 22
SNR (dB)
E
Z r, tanh (—\/_rk) (28)
k=1

Figure 2 shows results on the bias and mean-square error
in estimating the SNR and the received signal energy for
the EM algorithm and a popular high-SNR approximation
to the ML estimator (the true ML estimator is much too
complex to implement).

4.3. On the (Non) Convergence of the EM Algorithm for
Discrete Parameters

For continuous parameter estimation, under continuity
and weak regularity conditions, stationary points of
the EM algorithm have to be stationary points of the
loglikelihood function [e.g., 11]. On the other hand, any
fixed point can be a convergence point of the discrete EM
algorithm even though the likelihood of such a point can be
lower than the likelihood of a neighboring discrete point.
In this subsection we summarize some results on the
(non)convergence of the discrete EM algorithm presented
in Ref. 67.

Let a be a M-dimensional discrete parameter with
values in A. It is assumed that, along with the discrete
EM algorithm, a companion continuous EM algorithm
B+l

a™ = argmaxQ(a | a") (29)
acCM

where CM is the M-dimensional complex space, is well
defined. The companion continuous EM mapping is the
map M, : a* — a**!, for a**! € C®. The Jacobian of the
continuous EM mapping M.(a) is denoted with J.(a),
and the Hessian of its corresponding objective function
Q(a | a*) is denoted with H?(a).

Computationally “inexpensive” maximization of the
objective function Q(a | a*) over A can be obtained for
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some special structures. The particular case of interest is
the quadratic form

Q(a|a") = —lja—al")? (30)

for which the discrete maximization in the M step
can be obtained on a parameter-by-parameter basis.
Equation (30) implies that a**! is the discrete point closest
to the continuous maximizer of Q(a | a*) over C¥, a**+1.
Note that a*! is (implicitly) a function of the previous
iterate a*. As a special case of (30), a**! = sign[a**1] for
QPSK signaling, namely, for a,; 2 lal; e{£1+ J}. Clearly,
not only is the objective function (30) quadratic but,
additionally, its Hessian is H?(a) = —I. It is important
to note that (30) holds for all the sequence estimation
problems described in this overview [see Refs. 8, 10, and
13 for a linear modulation S(¢; a)] except for (18), where
the objective function is quadratic in the unknown symbol
sequence {dj(l)} but the Hessian is not —I in the general
case. The arguments given below can easily be generalized
for a nonidentity Hessian matrix.

Let diin denote half the minimum Euclidean distance
between any two discrete points from A:

dmin = 3 min [a; — ay|l. (31)
aj,aged

dmin =1 for uncoded binary antipodal signaling. Let
a, be a fixed point of the companion continuous EM
algorithm (29). One of the authors [67] has been shown,
based on the first two terms of the Taylor expansion of
M. (a) in a neighborhood U(a.) of a., thatalla € ANU(a,)
such that d

la. —al < —%— (32)

min

and high SNR ML approximation
(dashed lines) for sequence length
N =50.

where Amin 2 Amin[dc(a.)] is the minimum eigenvalue of
the Jacobian matrix J.(a.), are stationary points of the
discrete EM algorithm. Inequality (32) follows from the
fact that the eigenvalues of J.(a.) are nonnegative and
smaller than one (see lemma in Ref. 2). It defines a ball of
radius 7 = dpin /(1 — ):min) centered at a fixed point of the
companion continuous EM algorithm a,.

Parameter Amin is, in the general case, a function of
the received signal. As shown by Meng and Rubin [3] (see
also Ref. 11), J.(a.) and, consequently, its eigenvalues can
be estimated in a reliable manner using a continuous
EM algorithm. Furthermore, when the complete data
of the EM algorithm are chosen in such a way that
H?@a,) = —I as in (30), then matrices J.(a.) and the
Hessian of the loglikelihood function, H(a.), have the
same eigenvectors. Their eigenvalues have the following
relationship: 1 — A;[J.(a,)] = 1;[-H!(&,)], for all ;. Thus

dm‘n
rnc _ 1

B )\max [_Hl (éc)]

The term (1 — Ayin) is the largest eigenvalue of the matrix
I-J.(a.), often referred to as the iteration matrix in
the optimization literature [e.g., 11], since it determines
the convergence iteration steps in the neighborhood
U(a,). Its smallest eigenvalue is a typical measure of
convergence speed of the continuous EM algorithm since it
measures the convergence step along the slowest direction.
Its largest eigenvalue determines the convergence step
along the fastest direction. Thus, we can say that the
nonconvergence radius is determined by (it is in fact
inversely proportional to) the largest convergence step
of the companion continuous EM algorithm.
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An important implication of (32) is that Amin = O is
sufficient for the nonconvergence ball to hold at most
one discrete stationary point. Sequence estimation, in
the presence of interference when Amin = 0 or when this
identity can be forced using rank-reduction principles, has
been analyzed in Ref. 67 and in part in Ref. 70, and is
presented briefly next.

In the following, the received signal model given in (12)
with a linear modulation

M-1
S(t;a) = Z ah@t —mT) (33)

m=0

where pulses {h(t — mT), m € [0, M — 1]} are orthonormal,
is assumed.

For this problem, a reduced nonconvergence ball
radius has been derived [67] without having to resort
to the Taylor expansion of M.(a). The reduced
nonconvergence radius is a function of only dn, and
the statistics of noise and interference. In the special
case when N =M and span{h(t —nT),n € [0,N — 1]} =
span{¢, (t),n € [0, N — 1]}, where ¢, (¢) are defined in (15),
the reduced radius and " are equal. Both are

ne kmin
= |:1 + No i|dmln (34)
where Apin = min;{A;}; A is the variance of the coefficient
gj in (15). For example, let’s assume M = N = 2, interfer-
ence energy J = A1 + Ay = 241 = 2imin, binary antipodal
signaling with du;, =1, and noise and signal realiza-
tions such that a. ~ 0 (see Ref. 67 for details). Then, if
J/Ny > 24/2 — 2 all possible discrete points in A will be
found inside the convergence ball whose radius is given
by (34). Consequently, the discrete EM algorithm will gen-
erate a sequence of identical estimates a* = a° for any %
and any initial point a° € A.

Next, we provide symbol error rate results for a binary
communications example where N > M and spanf{h(t —
mT), m € [0,M — 1]} C span{¢,(t), n € [0, N — 1]} holds.
Figure 3 demonstrates that, in the case of an interference
process whose full spectrum covers the spectrum of
the useful signal, one could significantly increase the
convergence probability of the EM algorithm using a
rank-reduction approach. Two second-order Gaussian
processes uniformly positioned in frequency within the
signal spectra are used to model interference using N > M
eigenfunctions. The EM algorithm obtained by modeling
the interference with P < M < N largest eigenfunctions
¢, (t), and thus forcing Amin = 0 in (32), is compared to
the performance of the EM algorithm that uses the full-
rank model. It can be observed that the reduced-rank EM
algorithm has little degradation, whereas the full-rank
EM algorithm does not converge and has a catastrophic
performance for large SNR.

4.4. Detection in Fading Channels with Highly Correlated
Multipath Components

Here we study another example where the convergence
of the discrete EM algorithm can be stymied by a large
nonconvergence ball.

We assume a continuous-time L-path Rayleigh fading
channel model:

M=
Mw

ri(t) = 0,18 — T p1saR) +n1(0)

=~
1
—_
~
1
—

M=

K
NGB =Y N SE— N, ar) + @) (35)
=11

Here N, is the number of receive antennas and K is
the number of users; a; is the vector of N symbols of
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user k; o;; are zero-mean, complex circular Gaussian
random variables of respective variances y;; and 7;z;
are (assumed known) path delays. We group the fading
coefficients, o;;;, for each i into a vector o; such that
o = loGlir.—1) is the I+ L - (k — 1)th element of the
vector o;. The covariance matrix of o; is I;. P of the
transmitted symbols are assumed to be known pilot
symbols that allow for ambiguity resolution (67). The
signal is assumed to have the following form:

N
S(t;ap) =Y ansh(t —nT)

n=1

where h(t) is the known signaling pulse (assumed
common for simplicity) modulated by the transmitted
symbol sequence a of length N. Pulses h(t —iT) are
typically orthogonal to avoid ISI for frequency nonselec-
tive channels. The vector of time-delayed modulated sig-
nals is Si(t; a) = [S(t — rLLi;al), S(t — Tg,l,i;al), ey S(t —
1Lk ax)]7, where a is a NK-dimensional vector of user
symbols such that its subvector of length Klal%Y, ., is
the vector of N symbols of user k.

For simplicity the receiver antennas are assumed to be
sufficiently separated so that any «; and o« for i #j are
independent. G;(a) = (s;(t; a), sfl (t;a)) is the Gramian of
s;(¢; a) in the Ly space.

An EM solution is nontrivially based on the EM
solution for superimposed signals introduced by Feder
and Weinstein described in Section 3.1 (see, also Refs. 53
and 69). The complete data vector includes not only the
path plus noise components but also the fading vectors
«;, as

x, @) 2 (%1, ..., %5, ], 01, ..., an,) (36)
2 (x111@), ... , XLE.N, (D),
tE[T,;,...,T’f]},(!l,...,a]\fa) (37)

where x;,:(t) = 02,5t — 1hi;a8) + nuri () - npit) is a
complex zero-mean AWGN process with variance B; Ny
such that E{nl,k,i(t)njffm_i(t)} =0 for all [ #j and k#m
and n;(t) = Zle Zle n;i(t). Clearly, B, has to satisfy
the constraint Zf‘zl Zle Bir = 1. In the following, B;, =
1/(KL).

The terms x;;;(t) are mutually independent given the
data sequence a and the fading vectors «;, and the EM
objective function, in the case of orthogonal signaling, can
be represented in the following manner:

K N N. L
Qalam =) > |:9'f {an.k >y ﬂl,kﬁz,n.k.i(am)}
k=1 n=1

i=1 I=1

1 Na L
—glans 23D Birhuni (am)j| (38)

i=1 [=1

Here 2, , 1. (@™) = (x12.:(t;@™), h(t — 11 p; — nT)) is the sam-
pled pulse-matched filter response to signal path compo-
nent estimates x;.;(¢; a™).
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The E step requires estimation of the phase and
amplitude compensated signal path components

Xiwi@a™) = Elo]) 00, @) | {ri@);t € [Ty, ..., T¢l}, a™}

= Pukri@™SE — 10 2™) + Bre | &y, (@)

K L
= D)  Brgi@HSE — gg52™)

g=1 j=1

Signal path components are estimated by successive
refinement. The refinement attempts to find those
component estimates that explain the received signal with
a smallest measurement error. & ;;(@™) and pjr;(@™)
are, respectively, the conditional mean estimates of the
complex coefficients

api(@™) =Elag,; | {ri@);t € [T, ..., T¢l}, a™}
= [(NoI; ! + Gy(@™) si(t;@™), i @)

and their cross-correlations

Pk (@™) = Elof, 04 | {ri@®);t € [T}, ..

e Gi<a'")>1
_[<ri * Ny

+ &;(@a™al (a’")] (39)
I+(k—=1)L,j+(@-1L

., Tpl}, a™}

The M step of the companion continuous EM algorithm
can be expressed in closed form as

N. L
3O Burdinri@™

~ i=1 =1 —
e = 51 L (1, k) € T
SO Burbumi@™)
im1 1=1
artl. =ak, (n, k) € Jps (40)

where J,; are index pairs corresponding to pilot sym-
bols and

Tps ={, 1), ..., (K, N)N\Tps

It combines in an optimal manner the phase/amplitude-
compensated signal path components estimated in the
E step. In this way, it achieves multipath diversity
combining.

The M step of the (discrete) EM algorithm requires
quantization, for example, taking the sign of the
components of a”*!, in case of binary signaling.

The number of fixed points (and, consequently,
convergence to the ML estimate) of the discrete EM
algorithm is a function of the path Gramian matrices G;(a)
whose structure defines the size of the nonconvergence
ball. For highly correlated paths the nonconvergence ball
will be so large that we need to use other detection
methods.
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for highly correlated path compo-
nents.

An alternative approach to detection termed general-
ized decorrelator (see, e.g., Refs. 18, 53, 68, and 69) allows
the continuous EM algorithm to converge and quantizes
the continuous maximizer. For uncoded BPSK signaling
we have

a, = sign[a®]

In the following example, the delays are 7;/T € {0, é, %}.
The number of antennas is 1, processing gain is equal
to 3, the sequence length is 6 and the pilot symbol
block length is 3. The paths are fading independently
and their variance is 1/L. The last two signal path
components are highly correlated because of their integer
symbol delay. Cross-correlation to the first component is
also high as a result of the small processing gain. This
particular case is detrimental to receivers that are based
on the decorrelation between signal path components.
The generalized decorrelator (continuous EM algorithm),
as can be seen in Fig. 4, achieves a performance within
1.5-2 dB of the optimal. It manages diversity combining
even for this particularly difficult situation. On the other
hand, the discrete EM algorithm has a loss of 1-3 dB
relative to the continuous EM detector.

5. CONCLUSION

We have provided a short overview of the use of the
EM algorithm in telecommunications. Clearly, the EM
algorithm has established itself as a generic tool in
the design of telecommunication systems. If current
work using it in various problems is any indication,
the algorithm will get even more attention in the
future.

SNR
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1. INTRODUCTION

Radio communication channels include shortwave iono-
spheric radiocommunication in the 3—30-MHz frequency
band (HF), tropospheric scatter (beyond-the-horizon) radio
communications in the 300-3000 MHz frequency band
(UHF) and 3000-30,000-MHz frequency band (SHF), and
ionospheric forward scatter in the 30—300-MHz frequency
band (VHF) [1,2]. These channels usually exhibit mul¢i-
path propagation that results from reflection, diffraction
and scattering of the transmitted signal. Multipath prop-
agation and Doppler effects due to the motion of the
transmitter and/or receiver give rise to multipath fading
channel characterization. The fading signal is character-
ized in terms of large-scale and small-scale fading.

The large-scale fading model describes the average
received signal power as a function of the distance between
the transmitter and the receiver. Statistical variation
around this mean (on the order of 6—-10 dB) resulting from
shadowing of the signal due to large obstructions is also
included in the model of large-scale fading. Large-scale
fading describes the variation of the received power over
large areas and is useful in estimating radio coverage of the
transmitter. The large scale fading model is determined by
averaging the received power over many wavelengths (e.g.,
1-10 m for cellular and PCS frequencies of 1-2 GHz) [3].

The small-scale fading model describes the instanta-
neous variation of the received power over a few wave-
lengths. This variation can result in dramatic loss of power
on the order of 40 dB. It is due to superposition of several
reflected or scattered components coming from different
directions. Figure 1 depicts small-scale fading and slower
large-scale fading for a mobile radiocommunication sys-
tem. The figure illustrates that small-scale varia<ns1:XMLFault xmlns:ns1="http://cxf.apache.org/bindings/xformat"><ns1:faultstring xmlns:ns1="http://cxf.apache.org/bindings/xformat">java.lang.OutOfMemoryError: Java heap space</ns1:faultstring></ns1:XMLFault>